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Preface

Sometime in the future, we may look back and reflect that we are living
in times during which a unique confluence of technologies is creating a new
paradigm for networked devices, commonly referred to as the internet of things
(IoT). The idea behind IoT dates back to the 1990s, when Kevin Ashton
was a brand manager at Proctor & Gamble (P&G). In 1997, Ashton and his
team were tasked with promoting Oil of Olay lipsticks. When Ashton noticed
that some retail stores were not stocked with the product, he realized that
human data entry for restocking the lipstick is unreliable. He thus came up
with the idea of taking the Radio Frequency Identification (RFID) chip out
of a contactless smart card and attaching one to each lipstick to track store
inventory. Ashton then extended this idea, and pitched a solution to solve
P&G’s supply chain problem to the executives. Although the price of RFID
tags was still prohibitive at that time, Ashton was convinced that one day
the price will drop enough for this idea to be economically feasible. P&G
executives funded the research project, and Ashton eventually became the
executive director of Massachusetts Institute of Technology (MIT)’s Auto-ID
Center, where he was able to further his vision.

Today, roughly 20 years after Ashton’s idea, we are able to see his IoT
concept coming to fruition. The convergence and advancement of several tech-
nologies have made this possible, including

e Sensor and actuator technology
e Wireless technology
e Computational power and network protocol

e Miniaturization of devices, with integrated circuit technology riding
Moore’s law to the limit

The chapters in this book cover some of the wireless research that will enable
the implementation of IoT. The book also looks ahead at advanced wireless
techniques that will continue the evolution in ubiquitous wireless communica-
tion.

Chapter 1: This chapter provides an overview of IoT, focusing on the
technologies deployed for the physical and link layers. Emerging standards for
IoT are also outlined.

Chapter 2: Low-power wearables have entered into the mainstream con-
sumer market, with fitness devices that monitor exercise and heart rate being

xxi
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the most prevalent. This chapter explores the usage of wearables in the medical
market, and the challenges that come with designing sensors and electronics
for such devices.

Chapter 3: The challenge of wearable medical monitoring is further
explored in the context of algorithms and firmware. Algorithms that can reli-
ably interpret the physiological and biomechanical signals, derive metrics from
them, and predict clinically significant events are one of the keys to success
in this market.

Chapter 4: Connecting numerous devices into a wireless sensor network
is the focus of this chapter. Distributed versus centralized architectures are
discussed, including techniques that can improve the efficiency and robustness
of the network.

Chapter 5: A key technique for IoT devices to run years on a single battery
is to put the receiver to sleep for as long and as often as possible. This chapter
addresses this important issue with the wake-up receiver method to achieve
energy-efficient communication.

Chapter 6: As Complementary Metal Oxide Semiconductor (CMOS) pro-
cess scaling continues and the supply voltage continues to shrink, voltage
resolution and dynamic range in analog circuits also deteriorate. Over the
past decade, engineers have adjusted their design strategy by taking advan-
tage of the time resolution of CMOS, resulting in the time-to-digital converter
(TDC). Various innovations have been developed for TDCs, and this chapter
presents an all-digital TDC architecture with delta-sigma noise shaping.

Chapter 7: The power amplifier is one of the power hungry blocks within a
Radio Frequency (RF) transmitter. The aim of achieving high efficiency and
high linearity is a continual design challenge. In this chapter, a systematic
design technique is presented, along with the analysis of a current mode digital
RF power amplifier incorporating predistortion.

Chapter 8: Frequency synthesis using a phase locked loop (PLL) is another
power hungry function within an RF transceiver. Within the PLL, the voltage-
controlled oscillator and frequency divider consumes much of the power. As a
result, injection locking has been studied to reduce power consumption, and
this chapter provides an analysis of various injection-locked techniques.

Chapter 9: The Cartesian In-Phase and Quadrature (I/Q) modulator
driven by a PLL has been a conventional architecture used in RF trans-
mitters, but the need for RF mixers and filters has presented challenges in
deep-submicron CMOS. Over the past decade, efficient digital transmitter
architectures that avoid the use of mixers and filters have gained traction.
In this chapter, the use of powerful digital calibration techniques in a direct
modulation PLL has enabled further performance gains.

Chapter 10: As the spectra at 2.4 and 5 GHz have become very crowded,
engineers are looking at higher frequencies for future deployment. WiGig is one
example of moving WiFi to the 60 GHz band for enabling multi-Gbps wireless
communication. Techniques for frequency synthesis at 60 GHz are discussed
in this chapter. An injection-locked 60 GHz oscillator is used in conjunction
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with a subsampling PLL to achieve low-power and low-phase noise. An imple-
mentation of these techniques in 65-nm CMOS is presented along with the
measured results.

Chapter 11: Fifth generation wireless is presently under definition and
development, and one consideration is the integration of IoT into the network.
Heterogeneous architectures have been proposed, where Wireless Local Area
Network (WLAN) is used in dense small cells. The latest status of IEEE
802.11ad/WiGig in the 60 GHz band is presented in this chapter, including a
low-power CMOS transceiver with beamforming capability.

Chapter 12: Battery life has always been a key issue in portable devices,
and it has become crucial for ToT as it is impractical to replace the battery
in billions of devices regularly. While the earlier chapters focused on circuit
techniques and protocol innovations to extend the battery life, this chapter
looks at ways that we can recharge the battery without user intervention.
While energy scavenging has been considered for IoT nodes, wireless charging
has also made its way into the consumer market. This chapter presents an
efficient power management structure for inductive power delivery and its
applications in markets such as implantable medical devices.
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1.1 Introduction

The internet of things (IoT) has sometimes been referred to as the digitization
of the physical world. It is a confluence of different technologies at low-enough
costs that makes this possible. While different definitions of IoT exist, we will
use the following description for this book:

A device embedded with a sensor and/or actuator, connected to the
internet, that shares its information with other devices and hosts,
with the potential to act on this information based upon some rules
and intelligence.
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End user
AN Gateway & | Data
Senors uC 1 . A 3
Wireless link data filtering Internkt | analysis &
link | reporting
—_— —_—
Media access Media access |
control control |
Cloud/data storage |
FIGURE 1.1

Simplified IoT system block diagram.

In the simplified block diagram given later, sensors in an end node collect data
at specified intervals. The data are framed into packets by the microcontroller,
which also contains parts of the protocol stack to perform media access control
(MAC). The packets are modulated and transmitted over the wireless link,
which is received by a gateway connected to the internet. The gateway may
have a rules engine to reduce the amount of data before it is stored. The sensor
data may then be transferred to an end user for further analysis and report
generation (Figure 1.1).

Note that while the gateway may be mains powered, the sensor nodes will
be powered by battery and/or energy scavenging. Since it is not feasible to
change the battery regularly on a large number of sensor nodes, there is great
motivation to reduce the power consumption of end nodes as much as possible.

1.2 Radio and MAC Technologies for IoT

In conceptualizing computer networks, many of us have seen the 7-layer
open systems interconnection (OSI) model. The 7 layers, from the lowest
to the highest, are the physical, link, network, transport, session, presenta-
tion, and application layers. Over the past two decades, with the exponential
growth of the internet running transmission control protocol/internet protocol
(TCP/IP), the OSI model has been eclipsed by a 5-layer model, sometimes
referred to as the TCP model or the IP stack [1]. Shown later is the TCP
model with the corresponding standards and protocols for WiFi (Figure 1.2).

The physical layer defines the hardware aspects of the communication link,
such as the modulation method, voltage levels, and physical medium (e.g.,
copper wire, over-the-air). The link layer provides several services, typically
implemented with a combination of hardware and software. If the physical
medium is shared by multiple users, such as wireless communication on a
certain frequency band, then orderly access to the medium must be controlled
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()

Application

TCP
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802.11 MAC
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Physical

FIGURE 1.2
The 5-layer model in relation to WiFi.

so that users don’t interfere with each. The mechanism for this is aptly named
MAC, and it is a key function of the link layer. Other services provided by the
link layer include framing of higher layer data and delivering the data reliably.

The focus of this book is on the physical and link layer technologies that
are in development for IoT. As such, this chapter provides an overview of
these technologies, but the higher layers will also be mentioned where it is
appropriate.

1.2.1 Physical layer with existing radio frequency
(RF) standards

One of the main energy consumers in mobile systems is the wireless
transceiver. Hence, research into low-power circuit techniques is ongoing, but
there are limits on using this approach alone. Additional innovations in MAC
and network architecture have also been necessary to drastically reduce the
transceiver power consumption. At the present time, there is no de facto RF
standard for IoT; existing standards are repositioning themselves, and new
standards are being introduced to support this new market. In the following,
we will briefly survey some of these RF technologies and standards.

Bluetooth (IEEE 802.15.1) was conceived to be a wire replacement for com-
puter peripherals, for example, the connection between a PC and a mouse.
As such, it falls within the classification of a wireless personal area network
(WPAN), for short-range point-to-point connections. Today, a large number
of mobile devices like smartphones include Bluetooth capability, and the stan-
dard is constantly evolving to create Bluetooth low energy with mesh network-
ing to support new market needs.

IEEE 802.15.4 was created as a lower power, lower data rate alternative to
Bluetooth. In 802.15.4-2006, a 2.4 GHz physical layer using spread spectrum
is specified at 250 kbps. Over the years, it has been used as the platform
for Zigbee, Thread, and other proprietary solutions. It is also part of IPv6
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over Low-Power Wireless Personal Area Network (6LoWPAN), which supports
IPv6 addressing for network nodes. Although there is no native support for
mesh networking in 802.15.4, it has been implemented in the higher layers
for various applications. Similar to Bluetooth, however, it is a short-range
standard.

WiFi (IEEE 802.11) has become one of the most ubiquitous wireless stan-
dards on the planet. The standard is designed to support an ethernet-based
wireless local area network (WLAN), and so the range and power consumption
are necessarily higher than those of Bluetooth and 802.15.4. Although WiFi
radio transceivers are not a popular choice for low-power wireless systems, a
new task group called 802.11ba has been formed to address this. In particu-
lar, this task group is creating a new standard for low-power wake-up radio
(LP-WUR) in WiFi, intended to make WiFi an attractive technology for IoT.

One of the key ideas for LP-WUR is to use an ultra-low power auxil-
iary receiver to detect a wake-up packet, while keeping the main WiFi radio
transceiver in sleep mode most of the time. In fact, the auxiliary receiver
itself may be duty-cycled between sleep and wake to further reduce power
consumption (Figure 1.3).

To make an ultra-low power receiver, some obvious tradeoffs such as per-
formance, data rate, and modulation scheme need to be considered. For
the IEEE 802.11ba initiative, on—off keying is used to allow for a simple
demodulation. Furthermore, low-power radio circuits can be used, including
techniques such as

o superregenerative receiver (Figure 1.4)
e envelope detection
e injection locking

e subsampling architectures

Main radio .
Wake up signal
Low power
wake-up
radio

FIGURE 1.3
Wake-up radio concept.
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FIGURE 1.4
Superregenerative receiver: (a) block diagram and (b) internal waveforms.

Superregeneration is an idea developed by Edwin Armstrong in the early
1920s, and in its modern implementation, it removes the phase locked loop
from a typical radio receiver. In conjunction with on—off keying, the oscillator
start-up time depends on whether a signal is received by the low noise amplifier
(LNA) or not. By detecting this time difference, the receiver decides whether
a logic 0 or 1 was transmitted.

1.2.2 Physical layer with emerging radio frequency
(RF) standards

The existing RF standards competing for market share in IoT have tended
to be WPAN and WLAN standards, since the strict need for low power con-
sumption favors these short-range applications. The architecture implied here
is a large number of sensor nodes connected to gateway(s) either directly or
via a mesh network. The short range of these standards also creates potential
problems if one node is not in range of any other nodes and/or gateways.

Many of us are accustomed to a wide area cellular coverage; we never think
about being near a gateway or base station before communicating on our
mobile phones. A wireless wide area network (WWAN) is thus very attractive
in terms of network access, but devices connected to a WWAN also have high
power consumption. Just as the IEEE 802.x standards are evolving to meet
IoT needs, so are the cellular standards. We will survey the following WWAN
for IoT:

e Narrowband IoT (NB-IoT)
e Sigfox
e LoRaWAN

The 3rd Generation Partnership Project has been defining cellular standards
since the third generation, and this now includes the 4th generation long term
evolution (LTE) standard that is in use. LTE has undergone a number of
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revisions, and one of the latest releases (Rel 13) defines NB-IoT, which is a
low-power, low-data rate service at 250 kbps.

Sigfox is a proprietary standard operated by a company of the same name.
Sigfox uses a scheme called ultra narrow band modulation, which requires only
100 Hz of bandwidth per message, with a correspondingly low rate of 100—
600 bps. At the present time, the coverage and deployment are much more
extensive in Western Europe than in the United States.

LoRaWAN and LoRa are open standards for low-power WWAN;
LoRaWAN specifies the MAC, and LoRa specifies the physical layer. LoRa
uses spread spectrum modulation, and hence has built-in resistance to inter-
ference and multipath fading. LoRa also has a low-data rate in the tens of
kbps, allowing the present integrated circuit implementations (SEMTECH
SX127n series) to receive sensitivity in the —140 to —150 dBm range.

1.2.3 Link layer considerations for WUR

If radio duty cycling is fundamental to low-power wireless, then the MAC layer
must be designed to support this need. For example, the 802.11ba LP-WUR
uses a new wake-up packet to inform the wake-up receiver that the main radio
needs to be taken out of sleep and prepare for data exchange (Figure 1.5).

Since the WUR itself is duty-cycled, this scheme inevitably introduces
latency into system. Optimization between power consumption and latency
is a topic of research, extending into the format of the wake-up packet. For
example, Yoon [2] implemented a WUR with two modes of operation. The
WUR starts in monitoring mode used to detect the packet start bits at a very
low data rate; this mode is duty-cycled to further reduce the WUR power
consumption. After detecting the start bits, the WUR enters identification
mode (ID) to receive device addresses at a higher data rate.

pen— S A R

|
|
Transmitter Wake-up |
packet ! .
\\ Wake up signal
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\\
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AN wake-up
AN radio
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FIGURE 1.5

Wake-up radio MAC layer requirement.
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1.2.4 Link layer example—6LoWPAN

A common IoT usage scenario is a network of sensors designed to run for
years on battery and/or energy scavenging. We have already illustrated how
low-power radio transceivers and duty cycling play a huge role in making this
possible. If we look at this usage scenario more closely, typical sensors need
to transfer small volumes of data, in contrast to the requirements of PCs,
smartphones, etc. Since short messages conserve power and bandwidth, the
design of the link layer must compromise between the overhead versus the
payload of a frame.

Over the past two decades, the network infrastructure using the TCP/IP
suite of protocols has grown exponentially. As a result, efforts to use IP
addressing for IoT has resulted in the Thread specification [3,4], which uses
IEEE 802.15.4 as the physical and MAC layers, and 6LoWPAN as a bridge
between the 802.15.4 MAC and the IP (Figure 1.6).

6LoWPAN is an open IoT networking protocol that is specified by the
Internet Engineering Task Force (IETF). It creates an adaptation mechanism
between IPv6 in layer 3 and the 802.15.4 MAC in layer 2. Since a full unmod-
ified TCP/IP stack may be incompatible with the limited hardware in IoT
devices, 6LoWPAN creates a streamlined routing protocol that reduces net-
work overhead and latency.

In using TCP/IP with 802.15.4, the following issues are addressed by
6LoWPAN:

e Adaptation needed for maximum transmission unit (MTU) size
e Reduction of overhead
e User datagram protocol (UDP) instead of TCP to reduce latency

Adaptation is needed to accommodate the different MTU sizes between IPv6
and IEEE 802.15.4. MTU is the size of the largest network layer protocol data

(@ (b)

Application [ COAP, MQTT, etc }
6LoWPAN
Link | = |-—moommmmmmeo
802.15.4 MAC
Physical [ 802.15.4 PHY ]
FIGURE 1.6

Thread specification in the 5-layer model.
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unit that can be communicated in a single network transaction [5]. IPv6 has
a packet size of 1280 bytes, while IEEE 802.15.4 allows for an MTU of only
127 bytes. 6LoWPAN introduces a fragmentation scheme to allow IPv6 to
operate over an 802.15.4 network, using a 11-bit fragmentation header that
allows for 2048 bytes packet size [6]. However, fragmentation can still lead to
bad performance over a lossy network, so it is best to avoid big packet sizes.

Of the 127 bytes allowed by the 802.15.4 MTU, the upper layers like the
IPv6 and UDP headers can consume significant amount of the MTU, leaving
only 33 bytes for the actual payload [7]. To reduce this overhead, header
compression is used to create more room for the payload [8].

TEEE 802.15.4 does not include mesh routing in the MAC specification; it
uses simple addressing that supports star and peer-to-peer topologies. Mesh
networks are thus outside of the 802.15.4 standard, and mesh support is imple-
mented between the MAC and network layers. 6LoWPAN has a field for mesh
headers and allows fast forwarding of packets in a mesh without traveling
through the IP stack; this is referred to as mesh-under (layer 2) forwarding
and route-over (layer 3) forwarding.

1.2.5 Application layer protocols

Given all the potential data collected by sensors and other “things,” certain
questions arise. How we should store all this data, if we should store it at all?
Are there any time constraints on analyzing this data and acting on it? The
answers to these questions depend on the application, and it may be useful to
put IoT devices into some of these frameworks:

e D2D—Device-to-device communication: intelligent machines collect data
and coordinate some action together. Also referred to machine-to-machine
communication.

e D2S-—Device-to-server communication: device data are collected and sent
to a server and the IT infrastructure.

e S2S—Server-to-server communication: the servers share data to command
some action back to the devices, to analyze the data, and/or to generate
a report for humans to view.

In all these frameworks, the ability to connect thousands of devices and inter-
act with them in real time is crucial. Real time, however, varies depending on
the application; the tolerable latency is different between car accident avoid-
ance and farmland irrigation. As a result, different IoT protocols have emerged
that have strengths in different frameworks. Some of the protocols available
today include

e MQTT

o XMPP
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e AMQP

o CoAP

e DDS

Message queue telemetry transport (MQTT) is targeted for D2S, collecting
data from large number of devices and transferring that to the server infras-
tructure. The telemetry in its name stems from using this data for remote
monitoring and control. Many sensors may connect to a data concentrator
such as IBM’s MessageSight appliance. Because the latency of several seconds
is tolerable and the data transfer must be reliable, TCP instead of UDP is
used in the transport layer. By design, MQTT is meant for data transfer from
the end node to the IT infrastructure, and not useful for D2D communica-
tion. MQTT has been defined as a standard under the Organization for the
Advancement of Structured Information Standards [9].

Extensible messaging and presence protocol (XMPP) is designed for con-
necting devices to humans; it uses XML text and name@domain.com address-
ing. As a result, it is useful in consumer IoT applications, such as connecting
home appliances to a web server that a person can access using a smartphone.

Advanced message queuing protocol (AMQP) is a queuing system designed
to connect servers together (S2S). Transactional messages are exchanged
between servers, buffered using a queue. Since reliability is of great impor-
tance here, TCP is used in this protocol. AMQP has been defined as an Orga-
nization for the Advancement of Structured Information Standards standard
[10] since 2012.

Constrained application protocol (CoAP) uses HTTP commands like GET
and PUT for D2D communication. It is a web transfer protocol designed for
constrained nodes and constrained networks that are low power but lossy. The
end nodes are typically constrained in computing power and memory, while
IP networks using 6LoWPAN can experience high error rates. CoAP has been
defined under IETF RFC 7252 [11].

Finally, the main purpose of data distribution service (DDS) is for D2D
communication. DDS can deliver millions of messages per second to many
devices and offers ways to filter data and select multiple destinations for this
data, in effect, implementing a multicast operation. D2D requires low latency
that can vary depending on the device, and hence instead of TCP, DDS uses a
quality-of-service (QoS) control scheme. The application of DDS includes the
hospital environment and military systems.

1.2.6 Future directions

The allocation of the industrial, scientific, and medical (ISM) frequency bands
for unlicensed use has been a resounding success. The 2.4 GHz band, available
worldwide, is already overcrowded by the proliferation of wireless devices such
as WiF1i, Bluetooth, and so forth. Efforts have been made to migrate devices to
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other bands, with one notable example being the definition of 802.11a WLAN
for operation in the 5.7 GHz band.

Although IoT deployment is still in its infancy, it is not too early to think
how this exponential growth in wireless nodes will coexist with other devices in
the ISM band. By design, wireless standards for the ISM bands are resistant
to some amount of interference, using techniques such as spread spectrum.
However, one can also look at the other ISM bands, such as 24 and 60 GHz,
to accommodate new sensors and “things.” Circuit technique at 60 GHz is an
ongoing area of research, and while the state of the art is still too power hun-
gry for IoT, performance will continue to improve. This improvement will
accelerate once 60 GHz ICs are used in the consumer space, such as the
IEEE 802.11ad standard to provide multi-Gbps wireless capability in this
band. Although there are fundamental limits such as increased path loss at
60 GHz, the small wavelengths in the millimeter range create opportunities
for advanced antennas and integration.

1.3 Conclusions

Traditional business models are based on a static information architecture,
and the IoT is poised to change that. When a customer’s buying preferences
are sensed in real time at a specific location, dynamic pricing may increase
the odds of a purchase. Knowing how often or intensively a product is used
can create additional options—usage fees rather than outright sale, for exam-
ple [12]. To realize the IoT vision, a great number of technical challenges are
yet to be defined and solved. This is indeed an exciting time for engineers and
researchers putting this ecosystem together.
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2.1 Introduction

In recent years, low-power wearable and wireless sensors have become a
promising choice for advanced healthcare monitoring. Advancement of sens-
ing technology facilitates continuous health monitoring of patients to detect
disorders in the early stage. Early detection with continuous monitoring can
prevent potential life-threatening events for the patient without being hospi-
talized. One of the key points of low-power wearable devices is the successful

13
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integration of sensors, which have led to the development of different inno-
vative tools having a wide range of functionalities. Due to limited available
power, it is essential to design these sensors for a faster response, preferably
without the need of traditional energy supply, while providing greater flexi-
bility in terms of shape and layout. Another important concept is the mini-
mum invasiveness and harmfulness, which are of primary interest in long-term
medical monitoring. Different sensor technologies have maturated for practical
applications, and among them, polymeric sensors represent the fastest growing
technologies for practical implementation of biomedical sensors. Consequently,
readout circuits for charge-sensitive devices used for biosignal conditioning
brought out new design challenges to meet the requirements in terms of sensi-
tivity, noise, and power consumption. Most of the wearable health monitoring
systems are battery powered, and the operation of the system should require
a minimum amount of power to prevent frequent replacement of the battery.
Due to the interruption in health monitoring during battery replacement,
batteryless energy harvesting has become an attractive solution for biomedi-
cal sensor applications. In this chapter, the reader will be introduced to the
emerging low-power circuit design techniques and their applications in wear-
able healthcare monitoring systems.

Wireless devices for monitoring vital signs and other physiological param-
eters play a significant role in advancing the modern home-based health-
care applications. In general, biomedical signals have low frequency and thus
require a low data rate transmitter for transmitting the data wirelessly. Unlike
the traditional radios for cellular application, these radios do not transmit the
data with high emission power as they are designed primarily for short-range
communication. Most of these radios are either powered by the energy har-
vested from the ambient sources or tiny Li-polymer batteries. For such an
energy-constrained environment, the challenge lies in the design of a low-
power radio that can sustain the short-range communication (~1-2 m) link
for a long period of time without compromising the error rate requirement. In
this chapter, some of the recently published low-power radio architectures and
approaches for wearable low data rate biomedical sensing applications are dis-
cussed. The key challenges in establishing a trustworthy communication link
for these applications are identified as well.

In summary, the chapter includes various wearable sensors that are cur-
rently being used in healthcare monitoring. Methodologies for low-power oper-
ation and wireless telemetry of these wearable biomedical sensors are also
discussed. Finally, the chapter concludes with a brief discussion of possible
future advancements in this area.

2.2 Sensor Materials for Advanced Healthcare

During the last decade, there has been a remarkable development in wear-
able systems that make the technology less invasive and more user friendly



Low-Power Wearable and Wireless Sensors 15

by rapid advances in material sciences, telecommunications, and electronics,
particularly integrated circuits and related nanotechnologies. (DeRossi and
Lymberis, 2005; Pullano et al., 2016; Mahbub et al., 2017). Figure 2.1 shows
the search results for papers on wearable devices indexed in Scopus from 1996
to 2016.

Rapid development of wearable devices is mainly fueled by the need for
monitoring of important vital signs, leading to the delocalization of the health
system with obvious benefits in terms of its capillary extension across the terri-
tory and reduction of costs. In addition, real-time monitoring of the patient for
longer periods and during normal activities is an added value in the treatment
of chronic and silent diseases. One of the fundamental parts of such devices
combines successful integration of sensors and electronic circuits in wearable
supports such as smart clothes, and represents a huge advantage (i.e., ~90%
of our skin is in contact with the tissues) while playing an important role
as interface between the electronic sensory devices and the body (Carpi and
De Rossi, 2005). Another key point is the use of flexible support technologies
that facilitate adaptability and acquisition of physiological parameters such
as pressure and temperature and other biochemical parameters. Applications
of these technologies cover the most varied areas from wearable electronics to
robotics up to medical implants and generally can be portable, wearable, or
implantable (Paradiso et al., 2005; Shepherd et al., 2011; Wong et al., 2012).
Another interesting application concerns skin mimicking (e.g., the so-called
electronic skin), which is becoming a fundamental aspect of the development
of the next generation of robots.

Physical sensors that exploit flexible materials, and in particular flexi-
ble substrates, offer an excellent degree of deformability and adaptability on
surfaces with various topologies and geometries (Li et al., 2014). Flexible sub-
strates include thermoplastic polymers such as polyurethane and polyethylene
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Publications of papers on wearable devices indexed by Scopus in the last 20
years.
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terephthalate (Focke et al., 2010). In addition to these materials, another class
of flexible substrates used are soft silicone elastomers, such as polydimethyl-
siloxane , and are of great interest due to additional benefits such as elasticity
and surface adaptability of different textures and geometries (Xu et al., 2014).
Moreover, they are chemically inert and biocompatible, which make them
particularly suitable, especially in the case of implantable sensors (Lipomi
et al., 2011).

Transducers employed can be different depending on the parameters
and/or applications that best fit its use, such as piezoelectric (Zhou et al.,
2008), capacitive (Matsuzaki et al., 2008), or resistive (Matsuzaki et al., 2008;
Zhou et al., 2008). The sensing element can be further classified as solids (e.g.,
polymers, carbon, semiconductors, carbon nanotubes, nanowires, nanofibers,
and metal nanoparticles) or liquids (e.g., ionic fluids and metallic) (Lipomi
et al., 2011; Wu et al., 2011; Gao et al., 2012; Pang et al., 2012; Lee et al.,
2014; Jung and Yang, 2015; Wang et al., 2015).

Most of the aforementioned transducers are fabricated with flexible sub-
strate materials such as polymers, particularly piezoelectric and/or pyroelec-
tric polymers. These materials belong to a family of polymers whose struc-
tures are characterized by the absence of centers of symmetry and may have
one or more polar axes. Since they exhibit spontaneous polarization, they
are categorized as polar crystals and exhibit both direct piezoelectric effect
(a state of electrification caused by a mechanical deformation) and a con-
verse piezoelectric effect (a mechanical deformation caused by the exertion of
an external electric field) besides the pyroelectric effect (Jona and Shirane,
1962; Berlincourt, 1981). In nature, materials fall under 32 basic lattice crys-
tal structures. Twenty-one of all crystal structures are noncentrosymmetric
and 20 of these are piezoelectric. Among them, 10 also demonstrate pyroelec-
tric properties and are called ferroelectric materials, as shown in Figure 2.2
(Liu and Long, 1978). Ferroelectric crystals belong to the pyroelectric crystal
class in which the direction of spontaneous polarization can be reversed by
applying an external electric field (Jona et al., 1962). Capacitive transducers
are usually fabricated using parylene, polyimide, or polydimethylsiloxane, as
monolithic sensors or flexible sensors arrays (Kim et al., 2005; Chang et al.,
2009). The conventional way of producing these electronics is to pattern the
insulating and piezoelectric polymer substrates. Alternatively, these electronic
circuits can also be printed with conductive inks providing a few advantages
over the conventional procedures. The printed circuits can provide excellent
electrical conductivity, allowing a uniform deposition of conductive ink on the
desired polymeric substrates and the subsequent polymerization of the coated
substrates at high temperatures. Unfortunately, due to high sintering temper-
atures, this technique is limited to the use of thermoplastic materials such as
polyamide or polyethylene naphthalate (Lechat et al., 2011).

An interesting alternative to these manufacturing techniques is weaving,
which requires the use of conductive fibers extruded in thin filaments or used in
metallic textile yarns (Biischer et al., 2015). Conductive fabrics are currently
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FIGURE 2.2
Classification of crystal symmetry and flexible polymer substrate.

used in various garments such as gloves, T-shirts, and shoes (Tirosh et al.,
2013; Li et al., 2015; Sardini et al., 2015). However, there are still technological
barriers that prevent the practical implementation of integrated sensors such
as high cost and low compatibility for electronics integration.

2.3 State-of-the-Art Wearable Devices for
Healthcare Monitoring

Apart from the evaluation of vital signs that has become noticeable due to
the increasing need of remote patient monitoring, other interesting advan-
tages of using wearable technologies have been observed in rehabilitation
and geriatric care, which employs wearable devices developed to maximize
both the effectiveness and efficiency of motor therapy (Mousavi Hondori and
Khademi, 2014). Patient-tracking systems capable of detecting movements
have facilitated the development of numerous applications in the field of reha-
bilitation, particularly for the treatment of stroke (Truelsen et al., 2005; Rosa-
mond et al., 2007). These systems also provide feedback to both the patient
and the therapist, without the need for constantly monitoring the progress
during therapy (Friel and Nudo, 1998; Liepert et al., 2000). Therapies can
be carried out at home, i.e., telerehabilitation, as well as in clinical centers,
allowing longer therapy sessions for improved effectiveness (Lorussi et al.,
2005; Giorgino et al., 2006).

A wearable therapy system can act as a motivational tool for the patient,
providing additional help in achieving a functional movement or using repet-
itive movements. Another important and recent application concerns the
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control of upper limb exoskeleton devices (Xiao and Menon, 2014, Xiao et al.,
2014), where the device activates the exoskeleton even in the presence of min-
imal movement by the patient. Numerous research projects have been carried
out in the development and control of exoskeleton for supporting hand move-
ments, especially for the flexion and extension movements of individual fingers
(Englehart and Hudgins, 2003; Castellini and Smagt, 2009; Naik and Kumar,
2012; Naik et al., 2014). The new frontiers of wearable devices are focused
on the development of a virtually invisible wearable electronics for the under-
standing of human activity through the collection of physiological data.

Recognition, tracking, and identification of a gesture are complex and artic-
ulated operations, which consist of not only the detection of human movement
but also the interpretation of the movement type and the subsequent associa-
tion with semantic meaningful information. In literature, the commonly used
approaches are based on sensorized gloves and vision-based devices (Murthy
and Jadon, 2009). The use of sensitive gloves is one of the most common tech-
niques for recognizing hand gestures. Electronic systems integrated into the
gloves are typically electromechanical or magnetic systems, such as accelerom-
eters, gyroscopes, and magnetometers (e.g., Cyberglove, CyberGlove Systems
LLC, USA) (Sturman and Zeltzer, 1994; Foxlin, 2002; Sanchez-Margallo et al.,
2010; Zhou et al., 2010). Sensitive gloves usually include up to tens of inte-
grated sensors (e.g., capacitive, vibrotactile) depending on the application
and are used for the detection of flexion—extension movements and adduction—
abduction movements of the fingers and the wrist and for monitoring the palm
movement. Other approaches include the integration of extensimetric sensors,
consisting of conductive mixtures characterized by piezoresistive properties,
which are applied directly to the fabric whose mechanical deformations result
in variations in their electrical resistance (Lorussi et al., 2005).

Charge or voltage generated by the transducers can be acquired by two cir-
cuit topologies: while high impedance voltage preamplifier is preferred for volt-
age mode, low input impedance is used in the case of current mode (Figure 2.3;
Chirtoc et al., 2003). There are several advantages in using current mode
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FIGURE 2.3
Readout circuits for current mode (left) and voltage mode (right).
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readout circuit, which include low input impedance so that the inherent elec-
trical model of the transducer (e.g., static capacitance and loss resistance Cj,
Ry), the connecting cable, and the stray components do not affect the signal
even if they are subjected to thermal variations. Moreover, it is less sensitive
to electromagnetic interference, and the frequency characteristic is linear up
to higher frequency compared with the voltage preamplifier (Chirtoc et al.,
2003). Although lots of efforts have been made in the development of these
wearable devices, there are still several unresolved issues such as complex
calibration, noise, and crosstalk effect when the matrix of sensors is adopted.

Vision-based techniques leave the subjects free to perform gestures in a
natural way without the user having to wear any kind of a device. This tech-
nique allows for the detection of hand movements and thus recognizes gestures
acquired by a camera system with the aid of appropriate image processing soft-
ware. One of the most widely available and cost-effective technologies called
Kinect is developed by Microsoft, which includes a quarter video graphics
array infrared camera and a video graphics array (VGA-RGB) camera, both
with a frame rate of 30 fps. In addition, the system has an infrared light
emitter that projects nonuniformly distributed dots on the scene detected by
the depth infrared camera. This allows the user to create a depth map of the
observed scene, and an image processing software provides identification of
the number, position, and skeletal joints of the subject inside the scene (up to
a distance of 4 m). Technologies based on camera, however, have several issues
such as camera enclosure, resource management difficulties, costly computing,
and high-energy consumption.

Alternative methods to wearable gloves for creating an interactive interface
are brain—computer interface and muscle—computer interface. Brain—computer
interface allows mapping by means of appropriate electrodes placed on the
skin of the user and the electrical activity of the cerebral cortex (EEG) dur-
ing movement (Wolpaw et al., 2002; Elnady et al., 2015). Muscle-computer
interface is an interface where the subject leverages the muscular electrical
activity detected by surface electromyographic sensors as a command during
the execution of certain movements. In other words, the subject has the abil-
ity to control a device or an exoskeleton using their own myoelectric signals
(Khokhar et al., 2010; Chowdhury et al., 2013).

2.4 Wireless Data Transmission of Biomedical Signal

As mentioned earlier, biomedical signals, in general, have low frequency and
thus require a low data rate transmitter for transmitting the data wirelessly.
Unlike the traditional radios for cellular application, these radios can trans-
mit low energy for short-range communication. For an energy-harvested sen-
sor application, the available energy is often less than 100 pW. Assuming
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the power budget of ~50 yW for the front-end readout circuitry, the analog-
to-digital converter, and the voltage regulator, the transmitter needs to be
dissipating less than 50 W of power. Even though there are many published
works regarding the design of traditional narrowband transmitters for low data
rate applications, the lowest power-consuming transmitter in that design space
still consumes ~900 uW of power (Cook et al., 2006). For that reason, a duty-
cycled radio seems to be appropriate for such an energy-constrained appli-
cation. Impulse radio ultra-wideband (IR-UWB) architectures are adopted
for the implementation of a duty-cycled radio. Much of the work involving
IR-UWB transmitters demonstrate excellent energy efficiency for high-data
rate applications. However, the energy efficiency is not equally perfect for low
data rate applications (Phan et al., 2008; Mercier et al., 2009). Moreover, the
power leakage in these works is much higher, which even degrades the energy
efficiency at 100 kbps data rate. The aforementioned challenges have inspired
the need for the development of a low-power, low data rate IR-UWB trans-
mitter with low leakage power dissipation to achieve longer battery lifetime.
Unlike the traditional continuous wave transmitters, the IR-UWB transmitter
does not require any mixer or phase locked loop, which minimizes the power
consumption of the system. For the wireless transmission of the data, on—off
keying (OOK)-based transmitter scheme needs to be analyzed to reduce the
complexity of the transmitter architecture.

A system-level block diagram of an IR-UWB transmitter is shown in
Figure 2.4. It includes an impulse generator designed with digital gates, a
tunable cross-coupled inductor-capacitor based LC oscillator for upconvert-
ing the baseband impulse signal to UWB frequency range, and a buffer to
drive the 50 2 antenna. The transmitter is designed using a standard 180 nm
complementary metal-oxide-semiconductor (CMOS) process. It follows OOK
modulation scheme, where ‘1’ bit is represented by a short pulse and ‘0’ bit
is represented by the absence of a pulse signal. The core building block of
the impulse generator is a tunable delay block, an inverter, a NAND logic
gate, and another inverter to generate the desired impulse signal as shown in
Figure 2.5. The input signal, Vjy, is the digitized baseband signal acquired
by the front-end amplifier. The frequency of this input signal depends on the
sampling rate and the resolution of the analog-to-digital converter. The sig-
nals in the different stages of the delay block are presented in Figure 2.6. The
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FIGURE 2.4

System-level block diagram of an IR-UWB transmitter.
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FIGURE 2.5
Schematic of the impulse generator block.

FIGURE 2.6
Signals in different stages of the delay block.

delay is controlled by changing the biasing voltage, V1. By changing the pulse
width of the impulse signal, the spectrum can be modified to make it Fed-
eral Communications Commission (FCC) regulation compliant. Noncoherent
energy detection receiver with OOK modulation scheme is suitable for a low
data rate wireless link because it facilitates simplicity in design, thus ensuring
low cost and low power consumption. The bit error rate (BER) performance of
the OOK modulation is the error in the number of bits per unit time interval.
It can also be computed by dividing the number of error bits by the total num-
ber of bits transmitted for a given period. In Figure 2.7, BER for transmitting
107 number of bits using OOK modulation scheme is presented. The BER is
computed with a sampling rate of 10 kSps, with each sample containing 10
bits, resulting in the data rate of 100 kbps. Considering the duration of the
pulse to be 2 ns, the duty-cycling ratio (2 ns/0.01 ms) becomes 0.02%.

For a low data rate application, the target BER can be set as 10~%, which
makes the required energy per bit to noise density ratio (Ei,/N,) to be 14.
Some of the transmitter design specifications can be acquired based on the
power emission constraints, which are presented in Table 2.1.

Clock synchronization between the transmitter and the receiver is the most
important factor for any coherent radio communication. Dual-band transmis-
sion of the data and the timing of the pulses have been proposed by Dokania
et al. (2010), for simplified synchronization and duty-cycling. The transmitter
designed using 90 nm CMOS process consumes only 8 uW of power while the
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FIGURE 2.7
BER simulation using MATLAB® for OOK modulation.

TABLE 2.1

IR-UWB Transmitter Design Specifications

Parameter Unit Equation Value
Data Rate (R) kbps — 100
Distance (D) m — 1
Bandwidth (BW) MHz — 528
Pulse duration ns — 2
Average Tx power (Payg) dBm S —14.3
Duty-cycling gain (Gquty) dB 10logy, (ﬁ) 37
Tx peak power dBm Pivg + Gauty 22.7
Center frequency (f,) GHz — 3.1-5

receiver consumes 12 uW of power. The receiver dynamically switches between
the 3.5 and 4.5 GHz band, and an interband isolation of 30 dB ensures there
is no interference between the two data channels. Mahbub et al. (2017) pro-
posed an OOK-based IR-UWB transmitter in the 3.1-5 GHz frequency range
in 180 nm CMOS process. With 1.8 V supply voltage, the leakage power is 0.4
uW of power while the transmitter consumes 36 W of power during the active
mode. Kulkarni et al. (2009) proposed an embedded on-chip monopole antenna
for an IR-UWB transmitter designed using 0.18 um CMOS process. Designed
in the 6-10 GHz frequency band with a center frequency of 8 GHz, the antenna
achieves a simulated maximum directivity of 5.4 dBi and a radiation efficiency
of —22 dB. This enabled the possibility of short-distance (cm range) commu-
nication using an on-chip antenna. One thing that is common for most of
the IR-UWB transmitter and receiver designs is the aggressive duty-cycling
and reduction of the supply voltage, which ensure that a competitive energy
efficiency is achieved.
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2.5 Low-Power Circuit Design and Energy Harvesting

For wearable healthcare monitoring sensors with wireless telemetry, energy
and power consumption have become significant design criteria. To address
the power constraint, the circuit designers have implemented techniques either
to reduce the overall power consumption of the system or to find any suitable
replacement for the conventional battery or alternative power source. In gen-
eral, for an integrated circuit system, total power consumption comprises of
two types of power consumption—static and dynamic.

Static power is typically associated with leakage current and DC current
sources, while the dynamic power consumption is frequency-dependent and
often dominates the total power. It is associated with the charging and dis-
charging of the capacitive loads and the switching action of the transistors
connected between the power supplies. In the low-power design approach, the
current consumption is reduced by minimizing supply voltage, circuit com-
plexity, clocking frequencies, DC current source values, and capacitance of
the switching nodes.

There are several approaches to attain these ultra-low power design objec-
tives, such as supply voltage reduction, subthreshold design, body-driven dif-
ferential logic, floating-gate transistors, self-cascode structure, and power man-
agement.

2.5.1 Supply voltage reduction

The power consumption in analog/RF circuit is proportional to the supply
voltage and, therefore, can be reduced by reducing the supply voltage. This
technique can also provide long-term device reliability by reducing the electric
field. The supply voltage has been reduced with the continuous scaling of
MOS devices. However, there is a limitation of continuous reduction of supply
voltage as the dynamic range in analog circuit and voltage headroom are
decreased with reduced power supply. The main challenge for the reduction
of supply voltage with device scaling is that the threshold voltage and the
drain-source saturation voltage do not scale down at the same rate, as does
the supply voltage.

2.5.2 Subthreshold operation

For extremely low-power operation, the subthreshold operation can be a very
suitable option. In this region of operation, the exponential behavior of drain
current of a transistor varies with the gate bias voltage and can provide
higher transconductance efficiency. Although this operation facilitates very
low power consumption, the device is unsuitable for high-frequency applica-
tions due to the reduction of the unity current gain cut-off frequency (fr).
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However, this cut-off frequency can be increased with device scaling in deep
submicron process.

2.5.3 Body-driven differential logic

In a body-driven differential logic, the body terminal of the transistor is used to
design the differential amplifier. By implementing the depletion characteristics
of the body-driven metal-oxide-semiconductor field-effect transistor (MOS-
FET), it is possible to have a low threshold voltage (V) requirement in the
signal path and increased voltage swing for the lower supply voltage (Rosen-
feld et al., 2004). However, the drawback of this technique is that it degrades
the transconductance, resulting in lower gain-bandwidth (GBW) and poor fre-
quency response. For this reason, it has larger equivalent input referred noise
compared with that of the gate-driven MOSFET (Johns and Martin, 2008).

2.5.4 Floating-gate transistors

Another approach to reducing the supply voltage is to implement floating-gate
transistors. A number of low-power analog circuit applications such as CMOS
analog trimming circuit, multipliers in neural network, digital-to-analog con-
verters, and amplifiers have been implemented following this technique to
achieve low-power operation (Sackinger and Guggenbuhl, 1988; Yu and Geiger,
1993; Mehrvarz and Kwok, 1996; Yin et al., 1997).

2.5.5 Self-cascode structure

In a self-cascode structure, two MOSFETSs are connected in series with their
gate terminals shorted together. The aspect ratio of each transistor is chosen
so that one transistor operates in saturation mode while the other operates
in weak-to-moderate inversion. This type of configuration provides high out-
put impedance with larger voltage headroom, which can be further improved
by selecting multithreshold voltages for the two transistors (Fujimori and
Sugimoto 1998).

2.5.6 Power management

For a wearable sensor with wireless telemetry, a significant portion of the over-
all power is consumed during signal processing and wireless communication.
Simultaneous power management algorithms can play an important role to
reduce the power consumption for wireless sensor networks (Karri and Good-
man, 2007). The key concept of the power management technique is to reduce
the transmission power by turning off the network nodes when they are not in
use. If the network node is idle for a specific period of time, it is automatically
switched into sleep state, thus consuming a low amount of power. The system
should have the capability of waking up from the idle node when it is required
to make measurements or transmit and receive data.
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2.6 Energy Harvesting

Efficient power management and reduction of power consumption can play an
important role in the realization of wearable devices. However, the selection
of power supply is also an important factor to determine the overall lifes-
pan of the sensor system, particularly for wearable and wireless applications.
Usually standard alkaline and Li-ion/NiMH/Li-polymer are the most com-
mon varieties of batteries to power up the sensor circuitries. Due to the lim-
ited capacity of these batteries, energy harvesting has generated a significant
interest among the researchers. Energy harvesting can be used to recharge the
batteries on a regular basis to maximize the lifespan of the system. On the
other hand, it can replace the battery altogether to make the overall system
self-powered and more convenient with reduced size and weight. However, the
current state of energy harvesting is not capable of supplying the required level
of power to fully power up the wearable and wireless sensors. Nevertheless,
by merging the approaches to reduce the power consumption and increase
the harnessed energy, it has the potential to address the tradeoff between
performance parameters and lifetime of sensor nodes.

Energy can be harvested from many different sources. However, the selec-
tion of energy sources plays a vital role in the availability and controllability
of the energy for use. For a controllable energy source, the energy can be
harnessed as required by the application. On the other hand, a noncontrol-
lable source allows harvesting energy only when available. Furthermore, the
energy sources can also be classified as ambient energy sources, such as wind,
solar, etc., and human power, such as the energy derived from human motion.
Human power sources can be considered as attractive choices for energy har-
vesting for wearable sensor and healthcare monitoring, which are most likely
to be attached to the human body. Different activities of a human body can be
utilized for harnessing the power, and their suitability depends on a particu-
lar sensor application. Some of these activities involve human motion, such as
arm and leg movement, airflow in breathing etc., and the resulting mechanical
energy is transferred to electrical energy by utilizing the piezoelectric property
of the transducers used. Other sources, such as heat or friction, incorporate
conversion technologies such as thermoelectricity or triboelectricity to gener-
ate electrical power (Starner, 1996; Gilbert and Balouchi, 2008).

2.7 Conclusion

This chapter provided a brief overview of different wearable sensor technolo-
gies for advanced biomedical applications. Among the different sensor mate-
rials reported in literature, a few selected materials such as smart clothes,
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skin mimicking, flexible substrates, and soft silicone elastomers are discussed
in this chapter. However, for any material used for wearable biomedical sen-
sors, it should have the properties of chemical inertness and biocompatibility.
In addition, a number of different types of wearable devices and systems for
detection of human activity or monitoring of vital sign in advanced health-
care applications have been developed. Many of these systems are based on
the evaluation of mechanical, thermal, or vision based data from the human
body. Wireless telemetry provides an advanced feature to the wearable devices
designed for low-power operation for continuous healthcare monitoring. This
chapter particularly emphasized IR-UWB topology for wireless data trans-
mission in the biomedical sensor system. Several circuit-level topologies that
can be implemented in the electronic circuitry to further reduce the power
dissipation have also been discussed. Finally, it provided some future research
direction of harvesting energy from human body activity to make the sys-
tem self-powered. In summary, this chapter attempted to provide the reader
with a brief concept of state-of-the-art energy-efficient sensor topologies with
wearable and wireless properties for the application in healthcare monitoring.
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3.1 Introduction

There is no dispute that portable and wearable electronics have gone a long
way in changing our lifestyles, whether in communication, travel or finance.
It is the opinion of the authors that the widespread use of these devices for
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health monitoring is only a matter of time. Biomedical algorithms, deployed
on these devices, are enabling factors for these solutions, as they are required
for the interpretation of the physiological signals acquired from the users.

For many good reasons, the design of biomedical algorithms has often been
described as an art. Indeed, the requirements of the problem/s at hand are typ-
ically ambiguous. They are not only technical but also physiological in nature.
More specifically, designers have to consider the inter- and intra-physiological
variations of the device users, which in turn is dependent on factors such
as pre-existing medical conditions, concomitant medication and the circadian
rhythm of its target users. The myriad factors involved call for the need of
clarity and a framework for both the definition of these requirements as well
as algorithm design.

To this end, biomedical problems are categorised into three typical types—
optimisation of a pre-defined objective function (Type 1), static classification
problems (Type 2) and predictive models (Type 3). These types will be delin-
eated in this chapter. In addition, several case studies will be presented to illus-
trate the different problem types. Here we provide a brief review of state-of-the
art approaches, including some created and used by us as part of our current
developments. For example, these include the compression of electrocardio-
gram signals to reduce the bandwidth and energy requirements for cardiac
monitoring, calorie expenditure estimation, arrhythmia detection, confidence
level for computed physiological vital signs and fall prediction/detection.
Although the level of complexity and description of these examples is sim-
ple, we hope that these cases provide initial insights for enthusiasts to start
developing their own algorithms for wearable devices intended for medical and
wellness applications.

In this chapter, we first provide an overview in terms of the problem types
and how each can be practically formulated (Section 3.2). Since data is fre-
quently crucial in the design process, we talk about how they can be acquired,
and how the data can be used during the training and evaluation process, fol-
lowed by a series of case studies, where each biomedical problem in question
is formulated and solved (Section 3.3). Downstream of the design and pro-
totyping process, the algorithm has to be ported to the target platform. We
present such a design flow in Section 3.4. Finally, we conclude in Section 3.5.

3.2 Formulating a Problem Mathematically

From actual problems encountered in the field, we believe that they can be
broadly divided into three types. The first type is the generic optimisation
problem (Type 1), which is used across multiple application domains. In this
case, the objective or cost function and constraints are well-defined. We discuss
this at length in Section 3.2.1.
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The second type of problem is the static classification problem (Type 2)
involving discrete decisions, where the classification function is unknown, but
the dataset involving the original measurements and the discrete and expected
outcomes are available (Section 3.2.2). The last type is the prediction prob-
lem (Type 3) that requires the prediction of random variables based on the
statistical distribution of related features (Section 3.2.3).

3.2.1 Generic optimisation problems (Type 1)

The problem that one is trying to solve is usually ill-defined in the initial
stages. Examples include the derivation of optimum parameters for a com-
pression algorithm or the derivation of a hyperplane for accurate classifica-
tion in the feature space. To elucidate the problem, the following steps can be
followed.

1. Identify effective metrics used in quantifying how effectively a problem
has been solved. This could mean the compression ratio and/or the
quality of the reconstructed signal.

2. Identify the parameters with the most substantial impact on these
metrics. In the context of signal compression, these parameters could
include the quantisation factors for the Discrete Cosine Transform
(DCT) coefficients.

3. If possible, define the problem formally as an optimisation problem.

There are two aspects to an optimisation problem — the objective function and
the set of constraints. The optimisation problem is defined over the parameter
space, where each data point in the parameter space has a certain cost or
benefit, which is quantified by means of an objective function. The scope of
this parameter space is in turn defined by constraints, which are characterised
by a set of equalities and/or inequalities. More formally, the objective function
can be specified according to (3.1).

Minimise f: R - R (3.1)

In this case, the objective function f, defined over a feasible set of parameters,
C C R,,. The domain of the objective function is defined by a tuple with n
real numbers - {1, x2,...,%,}, and the range consists of single real numbers,
which is cost of using the corresponding set of parameters. The set of equalities
and inequalities involving the constraint functions, used to define the scope of
the parameter space, are shown in (3.2), (3.3) or (3.4).

flx) <¢ (3.2)
f@) > (33)
fl@)=c (3.4)
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In certain cases, it might be useful to convert the inequalities to equalities
using slack variables, s;, to enable certain methods such as integer linear
programming [1] to be employed (3.5).

g(z) =ci+s; (3.5)

A minimisation problem can easily be converted to a maximisation problem by
negating the objective function. If the functional surface is convex with a single
saddle point, the set of parameters corresponding to this point represent the
best solution to this problem. In addition, for many problems, the functional
surface has a large number of saddle points (or local minima), and it may not
be feasible to carry out an exhaustive search to explore all candidate solutions
to arrive at the globally optimum solution.

Ideally, the problem definition should be independent of the algorithm.
However, more often than not, the parameters concerned are dependent on the
algorithm used. In this case, it is necessary to re-define the problem for each
algorithm in the candidate set. The metrics used in determining the outcome
should remain uniform so that the performance of different algorithms can be
properly compared.

3.2.2 Static classification problems (Type 2)

A specific type of problem, that typically occurs in the biomedical field is
classification, where a discrete decision needs to be made — given a measure-
ment, is it possible to automatically predict an outcome with a high degree
of accuracy? For example, one might like to build a mechanism to identify
abnormal patterns within electrocardiograms to determine whether a patient
is suffering from arrhythmia. Frequently, the measurements and the expected
outcomes (expert opinion by a clinician) are available, but the classification
function is unknown and needs to be determined.

More formally, the initial dataset, D, consisting of the measurements, is
provided. This dataset contains a set d tuples, {to, t2, ..., t4—1}. To reduce the
dimensionality of the problem, feature extraction is carried out to extract
the most pertinent aspects of the data. Therefore, each tuple ¢; is associated
with feature vector V; = {fi1, fi2, ..., fin }, containing N features. Specifically,
Vi C V, where V is known as a feature matrix. In addition, a corresponding
class label C; should also be available for each t; and V;, and C; C C (C
is known as the observation vector). The objective is therefore to derive a
mapping function, f, from V to a predicted set of outcomes, P, where the
difference between P and C is minimised.

A class of solutions, known as supervised machine learning algorithms, has
been designed for this type of problem. The steps involved in problem solving
are as follows [2].

1. Feature extraction: determining and extracting the most relevant
aspects from the raw data, to facilitate more effective classification.
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2. Feature selection: select a subset of the most relevant features from
the original set (columns of feature matrix V). This step can either
be carried out manually or automatically.

3. Feature space mapping: To improve classification accuracy, a trans-
formation is carried out on the original to a new feature space. This
might involve increasing or decreasing the dimensionality of the fea-
ture space.

4. Classifiers: There are many different types of classification techniques,
with differing types of classification functions (hyperplanes within the
feature space).

5. Validation/Testing: This phase involves the methodologies in the
training and testing of the classifiers with two objectives — optimising
the parameters of the classifier and obtaining representative metrics
for the performance of the classifier.

This supervised machine learning framework takes into account human input
and experience at the initial stage, specifically at the feature extraction stage.
Based on a combination of experience and trial and error, the initial set of fea-
tures that are likely to enable effective classification are identified. For exam-
ple, patients suffering from a typical arrhythmia, atrial fibrillation (AF) [3], is
known to exhibit substantial variability in the instantaneous heart rate. In con-
sequence, the root mean square of the successive differences of peak-to-peak
intervals (RMSSD of the times between each heart beat) is often considered
as a candidate feature. Once the feature has been identified, the feature space
may be described, as seen in Figure 3.1. This two-dimensional (2D) feature
space is populated by two classes (marked differently in the feature space),
which are concentrated in distinct clusters, indicating that there is good sep-
arability between the classes in this space. The lines separating these clusters

FIGURE 3.1
An example of a feature space and the corresponding hyperplane, derived from
the support vector machine [6]. F'1 and F2 are two different features.
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are defined by classification functions, or hyperplanes, which partition the
feature space into independent components so that any new incoming data
may be automatically classified based on its location within this space.

Redundant and irrelevant features may confound the classification prob-
lem. Consequently, it is necessary to cull them from the final feature set. The
most straightforward manner is to do so manually by visually assessing the
separability of the classes in the feature space. There are two limitations to this
approach — first, visual assessment is subjective and may therefore be incon-
sistent between different designers. Second, this approach is limited to at most
three dimensions (3D). Potentially, automatic feature selection techniques may
be used to overcome these limitations. Two methods that are used for this pur-
pose are the minimum redundancy maximum relevance [4] (mRMR) and the
Relief-F [5] algorithms. The mRMR algorithm removes redundant features by
locating a subset of features that minimises the metric, mutual information
(normalised form of correlation) between different features, and maximising
the same metric between selected features and the observation vector. The
Relief-F algorithm takes a different approach. In particular, it considers the
distance of each feature vector from its two nearest neighbours from the same
and the opposite class (assuming a two-class problem) [5], penalising the fea-
ture if it is near to the companion in the same class and vice versa for the
nearest vector in the opposite class.

Similar to feature selection, the objective of the feature mapping stage is to
maximise separability between different classes in the feature space. This can
be achieved by increasing the dimensionality of the feature space by means
of techniques like kernel substitution [7] or dimensionality reduction tech-
niques like Sammon mapping [8]. In the case of kernel substitution [7], an
extra dimension in the feature space is created, and this has been shown
to improve classification performance in some applications. An example is
K(x,2') = 27x. Another popular kernel is the radial basis function, where
the transformed feature space contain euclidean distances between feature
vectors, rather than the absolute positions of the vectors themselves.

After the best features and transformation function have been selected for
the problem, different classification methods may be applied to the problem.
These methods result in different hyperplanes, and the best classifier is depen-
dent on the dataset as well as the problem. The best known classifier is the
artificial neural network (ANN), as shown in Figure 3.2. This consists of the
basic node or neuron, which is composed of a linear function of adjustable
weights and the inputs from other nodes. The output of this function is then
fed into a smooth differentiable sigmoidal function. These nodes are organised
into input layer, hidden layer and the output layer. The number of nodes in
the input and output layers are bounded by the number of features and the
classification problem at hand, respectively, whereas the number of hidden lay-
ers as well as the number of nodes in each hidden layer are design parameters.
In general, a large number of layers and nodes in the hidden portion affords
higher degrees of freedom, and subsequently, a more versatile and accurate
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A back-propagated artificial neural network, with input z and output y. All
of these nodes contain adjustable weights, to minimise the errors between the
y and the expected outcomes.

hyperplane. On the other hand, it could lead to the problem of over-fitting, or
a non-generic hyperplane. Once the topology of the ANN has been fixed, the
weights are determined by a technique known as error back propagation [9].
Essentially, training data vectors are fed to the ANN during the forward phase
of the algorithm. Subsequently, during the backward phase, the error between
the label and the current ANN output is ‘back-propagated’ and the weights
of each node are adjusted using the gradient descent method. With enough
representative data, the weights will eventually converge to values where the
classification error is minimised.

Two other popular machine learning techniques are Decision trees and sup-
port vector machine. An example of a Decision tree is furnished in Figure 3.3,
which is designed for arrhythmia detection, based on features extracted from
a segment of electrocardiogram (ECG) data — RMSSD, and the average cor-
rected (using an ectopic filter) beat to beat interval. Each node of the tree
consists of an inequality, with the feature and a threshold. These parameters
are obtained by means of the C'4.5 algorithm [10], where the feature matrix
and observation vector are recursively divided at each node, based on the
best feature and the optimal threshold found for that feature and that data
subset. The metric used in selecting the feature for each node is the infor-
mation gain [10]. The support vector machine is another popular machine
learning algorithm that has grown in popularity over the recent years. A
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FIGURE 3.3

A binary decision tree for arrhythmia classification, using features RMSSD
and mean Normalised R-R interval (NN) (corrected beat-to-beat intervals).
T1-T8 represent thresholds derived from the C'4.5 algorithm [10].

hyperplane that is derived from this approach can be seen in Figure 3.1.
Essentially, this technique derives the optimal hyperplane by maximising the
margin between the data points (support vectors) closest to the hyperplane.
Kernel substitution is frequently embedded into the objective function, used
in the derivation of the hyperplane, to improve classification performance.

As one might expect, the parameters of the classifier are dependent on the
data used in the training process. In addition, the initial classifier state and the
manner in which data is fed during the training process has an impact as well.
These issues will be discussed in Section 3.3. Once the classification parame-
ters are determined, they cannot be changed after training stage. When the
expected outcomes or the observation vector are unavailable, un-supervised
machine learning algorithms may be used to detect clusters within the under-
lying data structure to determine the labels. However, we consider that these
classes of problems are outside the scope of our discussion.

3.2.3 Prediction problems (Type 3)

In Section 3.2.2, the required outcomes are discrete and the parameters of the
classification model are fixed after the training stage, and cannot be altered
during run-time. Therefore, it is very important that the true distribution of
the feature space is understood and well represented by the data. Frequently,
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this is not the case. For instance, if one is trying to determine the reliability
of heart rate (HR) values produced by an algorithm, the type of artefacts
produced by bedridden patients in a general ward would differ from those
produced by frequently ambulating patients in the accidents and emergency
department, prompting the need for a classifier that is capable of adjusting to
the incoming data distribution. Potentially, if the training dataset originates
from a single source, it could result in a classifier that is customised to the
physical location of the patients as well as their physiological conditions.

Assuming that one is trying to predict the value of a non-deterministic
variable random variable, C', which is dependent on a set of observed features,
{F;|j =1,..., M}. By the Bayes theorem, the conditional probability distribu-
tion of C' is a function of the prior class distribution, P(C), and the likelihood
function, P(Fy, ..., Far—1|C), as shown in (3.6).

P(C)P(F, ..., Fa|C)

P(O|F177FM): P(F1 F]\l)

(3.6)

The posterior probability can be factorised and re-expressed using the chain
rule, as shown in (3.7). By comparing (3.6) with (3.7), it follows that the
likelihood function can be expressed as (3.8). If it can be further assumed
that the observed features are independent, so (3.8) reduces to (3.9).

P(C|Frs ooy Far) = P(C)P(FL|C).e P(Fat |, Fry ooy Fag 1) (3.7)
P(Fy,.... Fp|C) oc P(F1|Cy) P(F2|C, Fv). . P(Fp|C Fry e Fr—1) - (3.8)

=L rwo) (39)

We carry on by making the assumptions that the prior and likelihood distri-
butions are Gaussian. Further, N independent observations of F were made
(F ={F1, Fs, ..., Fy}), so the resulting likelihood function can be formulated,
as shown in (3.11). It is assumed that the mean and standard deviation of
F are given by p and sigma, respectively. Similarly, the prior distribution is
described in (3.12).
N
P(F|C) x [] P(Fa|C) (3.10)

] ! Ly F 2 3.11
“mexp _ﬁ;( n— M) (3.11)
P(C) : N(uo,03) (3.12)

Given that the posterior distribution P(C|F) is a function of both the prior
and likelihood function, it is also Gaussian (represented by N (uy,0%;)). With
each incoming datum, both the prior probability and the likelihood functions
can be sequentially updated — the likelihood function, P(F|C), is updated
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with each new data point. This is known as the inference step. Subsequently,
the prediction step is made by taking the product between the prior prob-
ability and the likelihood probability (decision step) to obtain the posterior
probability. The posterior probability can be re-expressed as shown in (3.14).
The term in the square bracket is the posterior probability from the previous
step (N — 1), and this is re-substituted as the prior probability in the subse-
quent time step. Clearly, this is an iterative process, with the inference and
decision step taking placing cyclically

P(F|C) « P(C HPF (@) (3.13)
n=1
N—

H F,[C)

P(Fy|C) (3.14)

Further, it can be shown that the mean and variance of the resulting distri-
bution are given by (3.15) and (3.16), respectively [7]. The parameter, pr,,
refers to the mean value derived from maximising the likelihood function.
From (3.15), it can be seen that for a small number of observations, N, the
prior mean has a bigger influence over the posterior mean, compared with the
maximum likelihood mean value, and vice versa. In addition, from (3.16), it
is clear that the initial variance is high, but falls in magnitude as N grows.
This observation implies that the amount of uncertainty in the prediction of
C decreases with more incoming data.

o2 NJ%
= 3.15
HN N03+U2HO+NU§+02NML ( )
1 1 N
==+ (3.16)

oy 05 O

Thus far, it has been assumed that both the features, and correspondingly the
predicted variables, are independently and identically distributed. In many
applications, this assumption is unrealistic, and more accurate predictions
may be facilitated by capturing the correlation between the predicted vari-
ables themselves. For instance, one might be trying to predict if an abnormal
rhythm is detected from the ECG of a patient. The most recent prediction is
likely to have a bearing on the current prediction, as rhythms tend to be persis-
tent. Potentially, we can capture this temporal correlation using a state space
representation of the system. In this paradigm, there are two parameters—
observations and latent variables. They correspond to the observed features
(F;) and the parameter that we are trying to predict (C;, which is assumed
to be a discrete random variable in this case), respectively. This particular
state space representation is known as a hidden Markov model (HMM), and
it is illustrated in Figure 3.4. Note that edges between consecutive values of
C; represent the dependence between them.

In the case of the HMM, its joint distribution is shown in (3.17) [7]. The
conditional parameters for this distribution are captured by 6, which in turn
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contains {¢, A, 7}, which are explained as follows. ¢ represents the parameters
governing F', conditioned upon the state, C'. For instance, if F is a continuous
random variable that is normally distributed, ¢ would represent the mean
and standard deviation of the distribution. Each element of the transition
matrix, A;;, situated in row ¢ and column j, represents the probability that
the system will transit to state j, given that it is originally in state i. Assuming
that C' can take any one of K states, the vector = will be populated by
the probabilities of the system being in a particular state (for instance, 7 =
{P(abnormal rhythm detected), P(normal sinus rhythm)}).

N N
P(F,C|9) = P(7T) H P(Cn‘cnfLA) H P(Fm|cm7¢) (317)
n=2 m=1
0 ={m A ¢}

7 : Probability of the system taking a certain state.
A : Transition matrix, A4; ; = P(Cy = j|Ci—1 = 1)

¢ : Statistical parameters for the emission distribution

A log-likelihood function can be formed using the ‘old’ posterior marginal
(based on data governed by previous statistical parameters #°'4) and the log-
arithm of the present marginal distribution, as shown in (3.18) [7]. Equation
(3.18) can then be combined with (3.17) to obtain (3.19). In this new expres-
sion, two new parameters — the marginal posterior probability (v(C,)) and
the joint posterior probability of successive latent variables (£(C,—1,Cy,)) are
introduced. By maximising the likelihood function with respect to 6, it can
be shown that the optimal solutions for m and A are functions of v and & [7].

Q(0,6°) =Y P(C|F,6°"") In P(C, F|0) (3.18)
zZ
[ Co '—" G ) Cpy —— Gy
( Fo F ) F,_1 F,
FIGURE 3.4

State space diagram for the hidden Markov model.
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N K K

Q(9a901d> = Z Clk 1D7T’C+ZZZ§ n—1,5 nk)
k=

n=2 j=1 k=1

N K
+ 33 A(Crk) In P(Fy|61) (3.19)

n=1k=1
7(Cr) = P(Cy|F,0°) (3.20)
g(Cnfhcn) = (Cnacn71|F7901d) (321)

The marginal posterior probability, v, and the joint posterior probability of
successive latent variables, £, are in turn derived as a function of the forward
and backward conditional probabilities — a and S, respectively, based on the
Bayes therom, which is seen in (3.22). At time step n, the forward probability
is the joint probability of the current prediction and all past observations,
while the backward probability is the probability of all future observations,
conditioned upon the current prediction. These parameters are, respectively,
described in (3.24) and (3.25). Note that they are recursively expressed and
are therefore updated at every time step. The additional parameters, P(F;|C};)
and P(C;|Cj), are known quantities in each time step and can be derived
from 6.

P(F)
- O‘(C;zi ()C”) (3.22)
g(cn—la Cn) - P(Cn—la Cn‘F)
a(C,) = P(Fq,....F,,C,)
= P(Fn|Cp) > a(Cn1)P(Cn|Cr1) (3.24)
Cn-1
ﬁ(Cn) = P(Fn+17 .. FNlc )
Z B(Cri1) P(Fri1|Cry1) P(Crya [Cr) (3.25)

n+1

Clearly, future data is required for HMMSs to function, as seen in (3.25), which
may be unavailable for certain applications. The alternative is to make use
of predictors like Kalman filters [11], which would require only present and
historical data. This predictor and its application will be described in Section
3.3.6. Note that the earlier description of the HMM is by no means compre-
hensive, and readers are referred to [7] for more details.
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|
3.3 Characteristics of Biomedical Problems

3.3.1 Data types

As mentioned in the preceding sections, data is crucial for both the design
and evaluation of the algorithms. In particular, for classification and prediction
problems, the results are closely linked to the initial dataset fed to the training
algorithms. Since there is no way to constrain the problem directly, the indirect
option is to populate the training and testing with carefully specified data.
Some suggested guidelines are as follows.

1. Physiological artefacts: The dataset should consist of signals reflect-
ing the extreme and typical physiological state of the patients. For
example, in the context of arrhythmia detection, signals resulting from
different types of arrhythmias (apart from the one that the classifier
is trying to detect) should be taken into account. This would include
tachycardia (abnormally high heart rate), bradycardia (abnormally
low heart rate), various ventricular and atrial arrhythmias.

2. System artefacts: Noise is a common occurrence in biomedical signals.
Sources originating from the system would include motion hardware
noise, mains noise and artefacts introduced by the front-end sensors
or other system components such as the radio. These confounding
artefacts should be taken into account in the design of the dataset.

3. Mechanical artefacts: Mechanical movements on the part of the sub-
jects could introduce motion artefacts in the acquired physiological
signals and confound the measurements. Clearly, this is dependent on
the type of motion, which is difficult to predict comprehensively dur-
ing design time. By far, this type of artefacts is the most difficult to
characterise.

4. Prior data distribution: The distribution of different types of signals
should be clearly specified, reflecting that of the target population.

The amount of data available depends on the application being considered.
For applications such as ECG signal compression or arrhythmia detection,
there are several online repositories [12], which are freely available to algo-
rithm designers. However, these signals are often acquired using front-end
sensors, different from those used to collect data for the target application.
Consequently, artefacts particular to the target system cannot be accurately
captured.

Synthetic data generators, generating particular types of physiological sig-
nals, are available. On the other hand, most such tools do not accurately
capture the aforementioned artefacts. To resolve this problem, a new tool or
framework could be used for synthetic signal generation. As an input, the tool
could take in a set of ‘seeds’ or signals collected from available subjects in a
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controlled setting (for example, in a laboratory). Motion artefacts could then
be independently collected by mounting the target sensor on a rig and sub-
jecting it to representative movements that the subject is likely to engage in,
such as walking, eating and talking. In addition, underlying artefacts could be
extracted from the seeds using predictors like Kalman filters [11] to obtain the
residual noise. These independently collected artefacts can then be superim-
posed on top of the original seeds to generate further signals. Directly adding
physiological artefacts to the signal set could be achieved by means of patient
simulators. However, the type of rhythms and the available set of patterns are
often limited. Consequently, morphological arrhythmic transformation opera-
tors can be applied to the seeds to generate signals with abnormal rhythms. For
example, the operator should be able to transform the signal from one shown
in Figure 3.5a to Figure 3.5b. These signals should be convincing enough to
‘fool’ expert clinicians.

Apart from the aggregate classification metrics used in assessing classifi-
cation accuracy — positive predictivity (4P), sensitivity (Se) and specificity
(Sp) [2], it is pertinent to accurately specify information about the type of data
used in the training and evaluation of data. In addition, tests for statistical sig-
nificance should be carried out to determine differences between the reference
and the algorithmic results. If the distributions of both the reference and
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FIGURE 3.5
Examples of ECGs from a healthy patient (a) [14] and a patient suffering from
atrial fibrillation (b) [15].
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the algorithmic results datasets are Gaussian, the Student ¢-test [13] should
be used to test the statistical significance. Otherwise, non-parametric meth-
ods [13] should be used instead. Finally, the differences between the datasets
should also be quantified using correlation analysis, as well as the 95% confi-
dence and prediction intervals.

3.3.2 Training frameworks

The classifier parameters are dependent on the data used during the training
stage as well as the manner in which the data is fed and used for evaluation.
If a high degree of correlation exists between consecutive data vectors, the
classifier parameters might get stuck in a local minimum [9]. This suggests
that the arrangement of data vectors ought to be randomised before they are
being fed for training and evaluation purposes. This is particularly important
if the primary objective is to evaluate the relative performance of different
classifiers. The collected dataset is partitioned into subsets of two types —
training and testing. The metric used to determine the accuracy of classifier is
shown in (3.26), for a dataset populated with h data vectors. In most methods,
this is a subset of the original dataset of size .

1
acer, = Pz; 5(P;, Cy) (3.26)

There are many schemes used for training and testing classifiers. Some of these
schemes are as follows [16].

1. Holdout: This involves partitioning the dataset into mutually exclusive
training and testing (or hold-out) sets and subsequently obtaining the
classification accuracy using (3.26). This is done iteratively to obtain
mean accuracy.

2. K-Fold cross validation: Involves partitioning the dataset into K folds
or equally sized subsets, using K — 1 sets for training, and the remain-
ing set as a test set for accuracy evaluation. This is done iteratively
K times, and the overall accuracy is aggregated across the K indi-
vidual accuracy values which are obtained. A stratified version of this
scheme involves adjusting the distribution of each fold such that it has
the same distribution as the original dataset.

3. Leave one out: This involves leaving one data vector for testing pur-
poses and using the remaining (N — 1) vectors for training purposes,
and doing this iteratively N times. In this case, the overall accuracy
is aggregated across N values.

4. Bootstrap: One data vector is selected for training in each iteration,
and the remaining data vectors are used for testing the classifier. This
is done b times to obtain a set of b accuracies, {¢;|i = 1,...,b}. In
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addition, the resulting classifier is applied to the training set to obtain
an accuracy value, acc,, and the overall bootstrap accuracy is obtained
as a function of both ¢; and acc,.

Each of these schemes produces multiple accuracy results [acc, in (3.26)],
which can then be aggregated to obtain the mean error and variance. The ideal
scheme would result in a mean error of zero (or low bias) and low variance
in errors. According to different reviews, these parameters were dependent
on the number of data vectors and the number of features [16]. There was
an agreement that stratified 10-fold cross validation was found to produce
favourable results [16].

The work mentioned so far makes use of all of the data in the training set.
However, for ANNs, it was found that a more representative classifier (lower
risk of over-fitting) can be obtained by considering the distribution of the neu-
ral network weights, w [17]. Therefore, given the dataset D, the set of weights
chosen at each time instance can be modelled as a random variable, w. There-
fore, the objective is to sample from the posterior probability, p(w|D) using
the Metropolis algorithm [18], retaining or discarding each w heuristically in
each iteration, to converge near/at an optimum solution. On the other hand,
the Metropolis algorithm is often found to converge much more slowly, so the
hybrid Monte Carlo algorithm is used instead [17]. These techniques could be
used when direct usage of the data for training causes problems of over-fitting
due to the dearth of data. However, training times are often much longer
in such cases, compared with the conventional training methods described
earlier [17].

3.3.3 Case study 1: Compression of physiological
signals (Type 1)

In the context of designing an ambulatory health monitoring device for
patients, it is advantageous for the acquired physiological signals to be made
available to the attending nurse or doctor, so that abnormalities detected
within the signals can trigger early clinical actions such as comprehensive
tests or measurements (e.g. a 12-lead ECG). High bandwidth is necessary
for the streaming of multi-channel physiological signals, and it is necessary to
compress the signal in order to meet the specifications for energy consumption
of the product. Clearly, the compression algorithm itself has to be sufficiently
energy efficient so as not to negate the benefits from compression.

In this case study, we consider the use of Type II DCT transform for
the compression of ECG signals, which are shown in (3.27) and (3.28), respec-
tively, and where block size is N. This transform is used in Joint Photographic
Experts Group (JPEG) compression [19]. In addition, it demonstrated com-
petitive compression ratios and distortion errors for physiological signals as
well [20]. Specifically, the original ECG signal has a high level of redundancy
and spatial correlation. This transform operates on a block-by-block basis and
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compresses the energy of the signal into the lower frequency bins of the trans-
form. Alternatively, the fast Fourier transform could be used, but it produces
a complex output spectrum for a real signal, and is therefore more compute
intensive. On the other hand, the DCT produces only real coefficients for a
real input signal, as shown in Figure 3.6. While the original signal is observed
to vary relatively slowly, signal fluctuations are observed to occur at just the
low frequency bins of the spectrum, and extremely low amplitude components
(dominated by zeros) towards the higher end of the spectrum.

N-1

Fiy =Y f(j)cos% (3.27)
=0
N—-1 .
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The chart at the top shows a signal segment containing an ECG QRS complex,
while the chart at the bottom shows the compacted spectrum of the DCT.



50 IoT and Low-Power Wireless

The flowcharts in Figure 3.7 show the encoder and decoder used for the com-
pression and reconstruction of the ECGs. This algorithm is a lossy compression
algorithm — the compression process introduces distortions within the recon-
structed signal. Specifically, the lossy aspect of the algorithm is introduced by
the quantisation block in Figure 3.7a. Because of the relative lack of sensitiv-
ity of the least significant bits of the DCT coefficients to the final quality of
the reconstructed signal, they may be truncated or quantised to expose fur-
ther redundancy within the signal. Downstream of the quantisation module, a
lossless compression algorithm — arithmetic compression [21] is used to remove
the redundancy within the sequence of quantised DCT coefficients. Using this
lossless compression scheme is advantageous because the parameters of the
algorithm are dynamically adjusted to the immediate distribution of the sig-
nal, based on incoming samples. As can be seen in Figure 3.7b, the decoder
is symmetric to the encoder.

To determine the best trade-off between the compression ratio and the
amount of distortion in the reconstructed waveform, the parameters within the
quantisation module may be adjusted. Each DCT block is modified according
to (3.29). The operator ‘//’ refers to a division operation followed by rounding.

)Y F(n) < t(n)
= {F(”)//Q(n)7 Otherwise (3.29)

The set of quantisation factors are defined by ¢(n),n =0, ..., N — 1 for a block

size of N. Because frequency components of low amplitudes have little impact
on the level of distortion, a separate set of thresholds, t(n),n =0,...,N— 1,is
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FIGURE 3.7
(a) DCT-based encoder. (b) DCT-based decoder.
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used to remove them. The objective is to determine optimum values for these
parameters where both compression ratio and reconstruction signal quality are
maximised. This problem can be formulated as a Lagrangian [20], as shown
in (3.30), where J,, is to be minimised. Entropy is a measure of how effec-
tively data can be compressed, and it is expressed as bits/symbol. To compute
entropy, the distribution of the data (in this case, DCT coefficients) has to be
available.

Jn = Hn(q(n),t(n)) + ADn(gq(n), t(n)) (3.30)

H,, : Entropy of DCT coefficient n.
D,, : Mean Squared Error of coefficient n.

A : Lagrange multiplier.

This is easily obtained by constructing a histogram from existing data. From
the histogram, the entropy can be determined using (3.31), where p; is the
approximate probability of the occurrence of value i, 0 <i < M — 1.

M-1
H=- Z pilogap; (3.31)
i=0

The Lagrangian problem is graphically illustrated in Figure 3.3. Each point in
the trade-off curve represents an optimal trade-off, based on the specified level
of distortion and entropy. For a specific value of A, a corresponding trade-off
occurs, which is tangential to the trade-off point, as illustrated in Figure 3.8.

Subsequently, the bounds of the algorithmic parameters have to be defined.
Intuitively, more compaction can be achieved with a higher DCT block size.
However, the complexity of the DCT algorithm varies quadratically with block
size, O(N?), and compaction gains from the transform saturates at a block
size of 64 [20]. Therefore, the DCT block size is set to 64. Similar observations
were found for the quantisation factors and thresholds. Therefore, the upper
bounds for them are set at 64. The lower bound for the threshold is set at
g(n)/2, since the least significant bits of the corresponding coefficient will be
removed during quantisation, and the resolution is set to 0.5. Consequently,
the bounds on the algorithmic parameters are shown in (3.32)—(3.34).

g(n)=1,..,N (3.32)
t(n) = ‘J(zn), q(”); L (3.33)
N = 64 (3.34)

Obtaining the trade-off curve exhaustively will take a long time due to the
large number of combinations of quantisation factors, ¢, and thresholds, ¢, for
each DCT coefficient. In addition, each data point in the trade-off curve has
to be computed over a sufficiently large dataset to obtain a representative cost
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Tllustration of the Lagrangian trade-off curve.

of that particular trade-off. For these reasons, heuristics are used to reduce
the time necessary to converge on an optimal solution, for different values of
A, from 0.1 to 1, in steps of 0.1. The simplex algorithm [22] is used to obtain
the best trade-off. It is used for the following reasons.

1. The optimisation algorithm avoids the local minimum by periodically
expanding the solution space.

2. When moving towards the optimum solution, it takes big steps, and is
therefore likely to converge on an optimal solution in a smaller amount
of time.

For each value of A, the solution space, J, can be described by means of a
polytope, where each data point is computed for unique values of ¢ and t¢.
The boundaries of the polytope are defined by its vertices. As the algorithm
progresses, the polytope gradually ‘migrates’ to a region where the global
minimum occurs, and shrinks in size, as it converges around the optimum
solution. At each step of the optimisation process, the vertices are ranked
according to its cost, and the vertex with the lowest cost is returned at the
end of the optimisation process. There are a few phases in the optimisation
algorithm as follows.

1. Reflection: The vertex with the highest cost is reflected about the
centroid of the polytope, and replaced if the new vertex has a lower
cost than the old vertex.
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2. Ezpansion: With reference to the centroid, the polytope is expanded in
the direction of the vertex with the lowest cost, based on the heuristic
that ‘good’ solutions are likely to occur in close proximity.

3. Contraction: The polytope is shrunk during more mature stages of the
optimisation process.

4. Reduction: The polytope is shrunk around the vertex with the lowest
cost, as the optimisation process converges rapidly around the opti-
mum solution.

From this optimisation process, a set of N quantisation factors and thresholds
are obtained. These values are stored in the encoder and applied to each
coefficient before the application of the next compression stage. The same
quantisation factors, ¢(n), are stored in the decoder, and used in the recovery
of the coefficients. Details concerning the byte encoding/decoding and the
arithmetic encoder/decoder modules are outside the scope of this chapter.
Readers are referred to [20] for further information.

3.3.4 Case study 2: Estimating calorie energy
expenditure (Type 1)

Studies have shown that a sedentary lifestyle and other unhealthy lifestyle
choices are linked to the occurrence of Type 2 Diabetes [23]. According to
the World Health Organisation, 11% of the population is suffering from this
disease, and this problem is imposing a substantial burden on national health-
care systems worldwide [24]. Through changes in lifestyle, including regu-
lar exercise, it was suggested that these risk factors could be reversed [23].
With the development of low-power physiological and biomechanical sensors,
lightweight wearable devices can be used for the estimation of calorie energy
expenditure of human subjects. These quantitative measures would allow the
consulting doctor to determine whether the patient is exercising at the pre-
scribed level or whether improvements have been made from the previous
consultation.

A highly accurate technique of measuring calorie energy expenditure is
achieved through the use of indirect calorimetry (an example of an indirect
calorimeter is shown in Figure 3.9). This method is premised on the fact that
energy is required for muscular contraction in order for the physical activity
to occur. The release of energy occurs through the metabolism of fat, carbo-
hydrates and proteins, which requires oxygen and produces carbon dioxide as
one of the by-products. Therefore, by allowing the subject to breathe in air
of known concentration (20.9% oxygen, 0.03% carbon dioxide, 79.1% nitro-
gen), and measuring the concentration of gases in exhaled air by means of a
face mask, the oxygen uptake and the expelled carbon dioxide can be deter-
mined. The calorie energy expenditure can then be worked out as a function
of oxygen uptake and carbon dioxide production (Weir formula [25]). Other
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An indirect calorimeter.

accurate techniques for measuring calorie energy expenditure include direct
calorimetry [26] and the doubly labelled water technique [27].

The merits of indirect calorimetry include its accuracy as well as its capa-
bility of measuring calorie expenditure on a breath-by-breath basis. However,
the need for a face mask and its obtrusiveness precludes it as a device for use
in daily living. These disadvantages motivated the development of models for
the estimation of calorie expenditure using less obtrusive physiological and
biomechanical sensors. Indeed, HR is frequently used as a feature for energy
expenditure prediction as it is a good indicator for cardiovascular stress [28].
Despite the linear relationship between HR and oxygen consumption at certain
levels of exercise (particularly low and moderate), this parameter should not
be used by itself as an indication for energy expenditure. The reason behind
this is that HR is also influenced by other factors rather than activity, i.e.
emotional stress, anxiety, level of fitness, type of muscular contraction, active
muscle group, environment and hydration [29].

Another means of estimating energy expenditure involves the use of motion
sensors such as accelerometers. This is based on the fact that energy expen-
diture increases proportionally with the muscular activity responsible for
acceleration and movement of the body and its extremities during physical
exercise and locomotion. Recent advances of micro-engineering technologies
have enabled the development of small portable and wearable devices intended
for measuring physical activity. These lightweight and unobtrusive systems are
equipped with accelerometers and data-logging capabilities. Therefore, they
can be used in routine clinical practice, and/or at home or elsewhere in the
community, i.e. where the patient carries on with his/her usual ordinary activ-
ities of daily living. Many of these devices are available in the market, and
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are described in various studies and comparative reviews [30, 31]. Unfortu-
nately, there are some biomechanical disadvantages impeding the sole use of
accelerometers for energy expenditure assessment, as follows.

1. Torso-mounted accelerometers are unable to determine energy expen-
diture associated with isolated limb motion.

2. Accelerometers may give similar intrinsic outputs (resulting in sim-
ilar energy expenditure estimates) for activities, which nevertheless
have quite differing Physical Activity (PA) levels, e.g. walking level or
inclined, ascending stairs, cycling or rowing and walking unloaded or
loaded with heavy objects.

3. The relationship between energy expenditure and accelerometer
counts is linear and predictable at low and moderate physical activity
levels only.

These shortcomings have motivated various researchers to explore alternative
solutions, such as fusing accelerometer outputs with other physiological indica-
tors of energy consumption. In 2004, Brage and colleagues [28] developed and
evaluated a method [Branched Equation Model (BEM)] for measuring levels of
energy expenditure by combining accelerometry with HR monitoring, demon-
strating improved estimation of these parameters when tested in 12 normal
male subjects. The approach relies on a set of rules, regression equations and
thresholds to estimate the energy expenditure. Thus, these parameters are
estimated by means of the selected piecewise function (i.e. one out of the four
available in the branched model) which best suits the level and intensity of
the activity currently performed. This model is illustrated in Figure 3.10. The
algorithm does not make a distinction between the type of movement or activ-
ity, and assumes that the energy of the signals obtained from the accelerometer
will be a ‘good-enough’ feature for the estimation of energy expenditure. More
specifically, the raw tri-axial accelerometers signals (sampling rate of 50 Hz)
are segmented into blocks, with a duration of 15 s each. Subsequently, each

PI x f(HR) + (I-P1) x g(AAC)

P2 x f(HR) + (1-P2) x g(AAC)

P3 x f(HR) + (1-P3) x g(AAC)

P4 x f(HR) + (I-P4) x g(AAC)

FIGURE 3.10
The branch equation model for calorie energy expenditure estimation.
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channel is processed using a band-pass filter in the region of 0.25-6 Hz (the
upper limit of the filter bandwidth was chosen to attenuate high-frequency
disturbances occurring when the swinging foot impacts the ground during ini-
tial contact [32]), rectified, integrated and finally aggregated to obtain a single
value — accumulated accelerometer count (AAC). The algorithmic parameters
are as follows.

1. Input features: AAC and HR.

2. Conversion functions: Converts the AAC and HR into calorie expen-
diture.

3. P;: Weights for different conversion functions.

4. Tj: Threshold values. The relative efficacy of AAC and HR as fea-
tures for energy expenditure estimation differs according to the level
of physical activity involved. These thresholds facilitate the partition-
ing of the transfer characteristic (between the input features and the
estimated energy expenditure) into different regions where different
contributions from AAC and HR are allowed.

More formally, the estimated calorie energy expenditure, E, is defined in
(3.35).

1— P)g(AAC), AAC >Ti,HR > T,
(AAC), AAC >Ti,HR<T,
g(AAC), AAC <T,,HR>T;
1 — Py)g(AAC), AAC < Ty, HR<T;

(3.35)

tlj)
I
—~ ~ —~

There are several variants of BEM [28, 33, 34|, which targets different popula-
tions and makes use of different sensors. As such, the algorithmic parameters
are different. Therefore, it is imperative that the algorithmic parameters are
optimised for our particular accelerometer and HR monitor. Having obtained
the best estimates for HR and AAC, using a well-known HR algorithm [35] and
the AAC algorithm described earlier, the objective is to estimate f(), g(), P;
and 7. To obtain the conversion functions, an experiment is designed to col-
lect sensor data together with reference energy expenditure values, E, from an
indirect calorimeter (Figure 3.9). This is carried out for eight healthy subjects,
undergoing a variety of activities including walking/running on a treadmill,
cycling on an ergometer and stepping exercises. The data are aligned and pro-
cessed to obtain the HR and AAC, and correspondingly plotted in Figure 3.11.
Note the breakpoints for both the HR and AAC transfer characteristics — these
points demarcate regions of linearity in the transfer characteristics. Also, in
the non-linear regions, the variance is noticeably larger, indicating that better
accuracy can be achieved by operating on the linear portion of the transfer
functions. Therefore, piecewise regression is carried out to obtain the best
approximation for the transfer characteristics. More specifically, second-order
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comprises of data collected from an indirect calorimeter, corresponding with
HR and AAC values, from eight subjects.

polynomials are used to approximate the non-linear segments of the transfer
characteristics.

The objective function, along with the constraints, can then be formu-
lated as shown in (3.36). In this case, the objective is to minimise the sum of
absolute error across N data points between the reference value, E, and the
corresponding predicted value, E, which is represented by et p (Vectors T
and P are populated by the current thresholds and weights being considered).
The parameters AAC) and H Ry, refer to the AAC and HR acquired from the
sensors at instance k. The arguments, T; and P;, are to be adjusted so to
minimise e, p. The parameter, b, refers to the resolution of the ADC of the
accelerometer (which is eight in our case). The parameters, S and I, refer to
the sampling rate and the duration of one segment of data (which are 50 Hz
and 15 s, respectively).

N-1
minimise €T P = E |Ek —E(AAC]WHR]C,Tl,...,T37P1,...,P4)|
Ty,....,T5,P1,..., P4 P

subject to 0 < T <3(2°71 —1)x S x T (3.36)
0<T5,T5 <300
0<P<1,i=1,...,4

It can be observed that the design space is rather large, consisting of seven
parameters. In addition, the compute time for ep p varies with the number of
data points, IV, which is large. Therefore, an exhaustive search for the optimal
solution is undesirable. On the other hand, heuristics-based search algorithms
are more attractive options. Empirical observations indicate that erp is a
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non-convex function. For this reason, a non-greedy optimisation algorithm,
simulated annealing (SA), has been selected to search for a pseudo-optimum
solution [36]. SA has been initially designed to control the annealing process
of solids — gradual cooling of a substance from liquid state to solid state at the
lowest level of energy. This algorithm has a few critical parameters, including
the state of the algorithm, S (consisting of the tunable parameters), the num-
ber of points within the design space to search in the current iteration, L, and
a control parameter, c. A large control parameter makes it less probable for
the algorithm to accept the current state as the best solution so far, and vice
versa. The algorithm has a number of phases, as described later [36].

1. Initialisation: The algorithm initialises the critical parameters, includ-
ing S, L and c.

2. Initial exploration: Note that each candidate solution (particular val-
ues for S) is generated randomly (‘perturbation’). Better solutions are
immediately accepted. Otherwise, poorer solutions may be accepted
depending on c. This non-intuitive approach is carried out to prevent
the algorithm from being stuck in a local minima.

3. Late exploration stages: L and c are adjusted in each iteration. As
SA converges, it becomes increasingly greedy and less likely to accept
poor solutions.

4. Stop criterion: An arbitrarily low value for the optimisation error func-
tion, and/or a maximum number of iterations are typically used in stop
criterion for SA.

To adapt our problem for SA, the state S refers to the set of weights and
thresholds: {P;, T;|i = 1,...,4;j =1,...,3}, and these are initialised accord-
ing to parameters found in [28]. In addition, the error function, ¢, is used to
gauge the relative quality of solution candidates, and as the stop criterion for
the algorithm. Using this technique, an effective solution tuned to the sensor
interface and other algorithmic parameters was located rapidly. The aggregate
accuracy of the algorithm (both floating point and fixed point), in comparison
with indirect calorimetry can be found in Figure 3.12.

3.3.5 Case study 3: Arrhythmia detection (Type 2)

There are different types of cardiac aperiodic rhythms. AF is perhaps the most
commonly seen in general wards, and often leads to severe complications and
life-threatening conditions when left untreated. Several experts have pointed
out that AF is one the most common types of arrhythmia in clinical practice
[3, 37, 38]. The overall prevalence of this condition is between 1% and 1.5%
in the general population. The prevalence increases with age, particularly in
the elderly — i.e. 10% in those more than 70 years old [15]. A report from
the American Heart Association not only revealed an estimate of 2.66 million



Biomedical Algorithms for Wearable Monitoring 59

Average activity energy expenditure per activity

B Sensium PA-EE Floating-Point Model
|

14

1 Sensium PA-EE Fixed-Point Model
Indirect Calorimetry

12

N Vv AR X
< & & © o &8 S &
& & > N N & S N
F F ¥ X F
& & & & & &
& & & & & &
Activity
FIGURE 3.12

Bar chart of overall accuracy for a floating-point, fixed-point versions of the
calibrated branch equation model in comparison with indirect calorimetry.

people with AF in 2010 but also they predicted that such figure will increase
by 12 million in 2050 in the United States [39].

This motivated different scientists and bioengineers to explore and develop
effective methods for detecting AF that can be incorporated in clinical mon-
itors. A large body of work has been carried out to distinguish between AF,
normal rhythms, as well as other types of abnormal rhythms [37]. However,
this method tends to be suitable for patients who are at rest. The objective
of this work is to present a three-way classifier that is capable of distinguish-
ing ambulation noise from AF and normal rhythms, thus making it useful in
clinical contexts such as the general ward, where patients are ambulatory, but
could potentially deteriorate in a short span of time [40].

In the ECG, the electro-ionic activity of the normal heart is represented
by the summation of different cells potentials taking place at different parts
of the heart. This results in a number of signatures waveforms or complexes,
representing the polarisation and repolarisation of different nerve cells across
the organ. As shown in Figure 3.5a [14], the normal ECG exhibits a steady and
regular rhythm. Deviation from these parameters may indicate the presence of
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an abnormal rhythm or heart condition. The characteristics of AF, as reflected
in the ECG (Figure 3.5b [15]), are as follows:

1. Very irregular R-R intervals (RRIs).
Absence of P waves.

Abnormal Atrial Activity (F waves — coarse or fine).

= W N

Although AF is often accompanied by rapid ventricular rates (>
100 bpm), the frequency of ventricular contractions can vary between
50 and 250 bpm depending on the degree of Atrioventricular node (AV)
conduction, patient age and medications (such as beta-blockers) [41].

An extensive review of existing literature revealed that determining the extent
of irregularity in RRIs will allow the accurate detection of AF. Indeed, extract-
ing/selecting features from RRIs have yielded better performance than those
based on hybrid methods or ECG morphological characteristics of AF. One of
the most successful methods based on RRI is that proposed by Tatento and
Glass [42]. This approach relies on the use of standard density histograms,
coefficients of variation of RRIs and their successive differences to detect
AF. The authors reported values of Se and Sp of 94.4% and 97.2%, respec-
tively. In addition, Larburu and colleagues tested this algorithm and obtained
classification performance values above 90% [37]. Other researchers have also
attempted to develop efficient classifiers using RRIs. Moody and Mark devel-
oped a method involving the use of Markov’s models to detect AF from RRI
features. Results from the evaluation of this method using an arrhythmia
database created by Massachusetts Institute of Technology and Beth Israel
Hospital (MIT-BIH) showed Se > 90% but Sp < 90% and +P < 90%. Sim-
ilar or poorer performances were observed for other RRI based algorithms
assessed by Larburu et al. [37].

As mentioned in Section 3.3.1, the types of data used for training the
classification algorithm is of particular importance. To capture the impact of
different types of artefacts on classification performance, we used a mixture
of databases, detailed as follows.

1. Physiological artefacts: The MIT/BIH arrhythmia and the MIT-BIH
AF [12]. In addition to AF, other atrial and ventricular arrhyth-
mias, including atrial flutter and atrial bigeminy, are included in these
databases. In addition, a small database of ECG signals were collected
from patients using the target device during a clinical trial in a hos-
pital. The patients suffer from a number of comorbidites including
high BMI, diabetes, obesity, pulmonary oedema, AF, congestive heart
failure and Wolff parkinson white.

2. System-generated artefacts: ECG signals were collected from the labo-
ratory and from the short clinical trial. System artefacts are implicitly
included within the signals.
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3. Mechanical artefacts: Some of the signals within the earlier databases
exhibit substantial baseline wander, indicating movement by ambu-
lating patients or the electrodes themselves.

4. Prior distribution: A MATLAB graphical user interface (GUI)-based
tool has been created for the selection of data, its randomisation, so
that the prior distribution of data can be controlled (Figure 3.13).

When the ECG signal is acquired by the front-end sensors, it is divided into
segments of 30 s in duration. The RR intervals are then extracted using a
R-peak detection algorithm [35]. To enable more effective arrhythmia clas-
sification, each block of RR intervals is preprocessed by applying a moving
average (median) filter approach [43], as follows. First, this stage calculates
the median RRI out of the first nine RRI windows, resulting in the first esti-
mate for z,,. For new windows z,, is updated by the mean of its current
value and its previous value. A test statistic is then calculated as shown in
(3.37), where med{.} is the median operator applied over the current window
and z(n) corresponds to the RRI located in the middle of the window (i.e.,
fifth element in a window of nine elements, centred around index n). The
denominator represents a robust approximation of the standard deviation of
an equivalent Gaussian signal. The current RR interval is replaced by the
median interpolated estimate based on the criterion specified in (3.38), and
this is set to four based on [43].
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FIGURE 3.13
MATLAB graphical user interface (GUT) used for data selection and the spec-
ification of prior distribution.
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D(n) = (3.37)

It is important to emphasise that the choice of this filter was made bearing
in mind its effectiveness removing spurious information from ECG signals or
reasonable quality, but without having a significant filter effect in signals fully
corrupted by noise. Thus, the filter helps to improve the performance of the
classifier when discriminating between different classes.

To understand the data distribution in the context of feature space (defined
by features selected by the user) and how certain types of data (particularly
noise) can confound the classification process, the MATLAB GUI is extended
for the purpose of feature space visualisation (Figure 3.14a). A ‘probe’ is used
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FIGURE 3.14

(a) MATLAB graphical user interface (GUI) used for feature space visualisa-
tion. (b) Probe used to investigate the nature of the data point and trace it
back to its point of origin.
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to investigate particular data points by double-clicking the point of interest —
this facility allows the data point to be traced back to the particular database
and the patient of origin (Figure 3.14b). This tool has two functions — first,
it allows the features that would obtain the best separability between the
target classes to be quickly identified. Second, it allows data clusters that
could potentially confound the classification results, particularly those on the
boundaries of class separation, to be identified in terms of their data type
(e.g. noise or the type of arrhythmia) and their location in feature space, and
expose potential algorithmic limitations.

The visualisation of the feature space is limited to 3D at a time. Automatic
feature selection techniques that can be used beyond 3D, such as Relief-F and
mRMR, can be deployed for high dimension feature selection. However, this
algorithm is targeted for implementation on an embedded platform, where
compute resource is scarce. In addition, the concurrent use of two features—
RMSSD and HR (mean NN interval), resulted in an accurate classifier. Con-
sequently, automatic feature selection techniques were not used in this design
context. Following the exploration of different classification options (i.e. neu-
ral networks, support vector machines and discriminant analysis) using two
candidate feature spaces, we found that three-way classifiers based on decision
trees met the best compromise between classification performance and the low
computational cost.

Among the data chosen, the start and end times of each AF episode are
recorded. However, some of them are too short to be meaningfully detected.
For that reason, an episode is considered to contain an AFib rhythm only
if it contains 15 or more seconds of the rhythm. Other characteristics of the
database are as follows. Table 3.1 shows the relative sizes of the randomly
created partitions used in training and testing the AF classification algorithm.

1. A vast majority of signals corresponded to normal rhythms.

2. A large proportion of AF signals encompasses rapid rhythms between
120 and 190 bpm.

3. The proportion of noise signals is considerably smaller in comparison
with the other two classes.

The tree classifier used in the determination of AF rhythms is derived, as
shown in Figure 3.3. The hold-out method described in Section 3.3.2, with

TABLE 3.1
Dataset Partitions for Training and Evaluating the AF
Classification Algorithm

Partition Size Proportion(%)
All 2246 100
Training 1568 69.8

Testing 678 30.2
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TABLE 3.2

Results for the AF Classifier Using the Hold-Out Method
+Class Se (%) Sp (%) +P (%)
AF 97.04 96.08 94.24
NSR 98.11 99.76 99.62
Noise 90.21 98.13 92.81

the test set being used for the accuracy evaluation of the AF classifier. Since
this problem consists of three classes — AF, Normal Sinus Rhythm (NSR) and
noise, the classification results for each class (defined as the +Class) is shown
in Table 3.2.

3.3.6 Case study 4: Probabilistic scores for signal
quality assessment (Type 3)

In the early days, algorithms for detection and quantification of physiological
events were designed mainly for bedside monitoring. These devices are usually
found in hospital areas such as surgical theatres, post-surgical recovery rooms
and critical care units. In these dependencies, the levels of noise are often mild,
since patients are passive mostly lying in their beds. In addition, there are
less issues related to poor electrode-skin contact as nurses check patients more
frequently than in other less critical areas. Therefore, most algorithms included
relatively simple preprocessing stages mainly developed to remove periodic
noise — such as mains interference, baseline wandering and cardiac artefacts;
and some stochastic noise — such as mild motion artefacts and myoelectric
noise. In addition, the incidence of false alerts due to noisy signals is low as
patients in these areas are resting quietly in their beds.

In contrast, environments where patients are more dynamic introduce more
difficult challenges. Patients are often moving, and thus the strength and inci-
dence of motion artefacts and other types of noise are higher.

This motivated different researchers to investigate solutions for cancelling
out motion artefacts (adaptive filtering, data fusion with Kalman filters, inde-
pendent component analysis and frequency or time-frequency domain tech-
niques). However, the situation becomes even more complex when patients
are monitored using ultra-low-power wearable technologies. Despite their
lightweight, unobtrusive and wireless nature; these devices are limited in
processing power when compared with their bedside counterpart. Note the
solutions mentioned earlier usually require simultaneous acquisition of mul-
tiple physiological signals and significant processing power; thus, increas-
ing the hardware complexity, power consumption and cost of the wearable
devices.

More recent approaches rely on probabilistic machine learning techniques
to generate scores relative to the quality of the signals processed at a given
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point of time. Overall, Bishop [7] divided the probabilistic classification prob-
lem into two stages — inference and decision. Bearing in mind the Bayes’ rule,
the inference stage uses a training dataset to learn a model for estimation of
the posterior probability P(C;|z) of an observation belonging to a class C;
after observing the data (x input vector from feature space) [7]. These classi-
fication models first require initial knowledge of the prior probability P(C;),
which could be estimated from the available data. Later, it is necessary to
estimate the class-conditional probability P(z|C;). The latter expresses how
likely the observed data x corresponds to class C;, and it is estimated by
maximising the likelihood (or minimising the error) of a cost function. Subse-
quently, the posterior probability is used in the decision stage, as it represents
the likelihood of a pattern belonging to a class after observing the input vector
of features x. Hence, the probability of misclassification is reduced by selecting
the class with the highest posterior probability, as shown in (3.39) [44].

P(Ci|z) > P(C;z), Vi # j (3.39)

This two-phased approach is related to Bayesian inference and decision. In
addition, approaches that model the distributions of the input and output data
are known as generative models, since they allow the generation of synthetic
feature space data by sampling from the distribution [7].

Researchers at Oxford University [45] developed a generative approach
to extract respiration rates (RRs)and probabilistic scores from multiple
respiration signals. The respiration envelops were derived from photo-
plethysmography. Resultant RRs from the multiple derived signals were
accompanied by a probabilistic score, enabling the algorithm to report only
valid RRs above a certainty threshold. Based on their scores, each of the RR
estimated can be fused. To achieve this, the researchers applied a Gaussian
process (GP) framework. The GP method infers the distribution over the
functions that represent the possible waveforms given the training dataset
of signals, and then use this prior to make predictions on new/unseen data
(testing dataset). Thus, a GP defines a prior over functions that is used to
generate posterior over functions once new data is observed [46]. Using this
approach is advantageous, since rather than adopting a fixed parametric func-
tion (e.g. linear or quadratic), GP generates models that learn general func-
tions from a Gaussian distribution. The explanation and formulation of GPs
are outside the scope of this chapter, but we recommend the reader to look
at references [7, 30, 45] for further information. Finally, the authors devel-
oped a signal quality index based on a set of hard-coded rules that involve
the use of logical expression and simple statistics for combining all the prob-
abilistic scores obtained from each one of the multiple respiration waveforms
derived by different techniques. The mean absolute error of the predicted
against the reference values was obtained for different ranges of age, and the
results showed low errors (or high accuracy) between both methods in general.
Another alternative consists of a more direct approach, whereby an unknown
function y = f(x) is approximated using a discriminative function trained
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with a partition Dy,.q, of the whole dataset (i.e. training set), to map the
feature vector z into decisions using (3.40) [46].

= f(x) = argmax P(y = c¢|z, Dirain) (3.40)

Such decisions can be converted directly into posterior probabilities, specif-
ically using a squashing function that ensures that the results always lie
between 0 and 1 [7, 46]. In the case of classifiers of some discriminant classi-
fiers [e.g. feedforward neural networks, support vector machines and logistic
regression (LR)], it is common to adopt the sigmoidal function to achieve this
effect. Finally, the same rule portrayed in (3.39) is used to make classifications
on new incoming data.

Based on our experience at Sensium®, discriminative models are easier
to integrate with the wearable sensors, require less processing and demand
less battery power. At Sensium®, we developed and evaluated discriminative
models for probabilistic scores for SensiumVitals®. Two illustrative examples
are outlined later in this chapter; first, an overview about the method the
patch uses to measure respiration activity is given.

The SensiumVitals® patch is a lightweight device that is attached to
patients at the chest using two conventional ECG pre-gelled electrodes
(www.sensium.co.uk). During each patch cycle, 30 s of ECG is obtained first,
followed by the acquisition of one minute of respiration signal obtained via
impedance pneumography (IP). Subsequently, axillary temperature is mea-
sured, and a battery check performed at the end of the cycle.

TP involves the application of a tiny but high-frequency current (e.g. 10 uA
at 32 kHz) to the thoracic area through the electrodes placed at the thorax.
This constant current is adequate for measuring continuous fluctuations of
the impedance in the lungs that stem from cyclical changes in their volume
during inspiration and exhalation. Changes in impedance are measured with
the same electrodes used to apply the AC current to the chest. With appro-
priate circuitry, the signal is filtered and amplitude-modulated to obtain the
envelope corresponding to the actual respiration activity. It should be borne in
mind that the fluctuating impedance of the lungs measured at the electrodes
is typically not larger than 3 (), which represents a challenge when mixed
with motion artefacts or cardiogenic noise (known as ‘heart bumps’ that stem
from dynamic changes of the heart volume and inflow /outflow of blood during
each contraction). Although the patch incorporates hardware and software for
attenuating these sources of noise, the technique is still sensitive to motion
artefacts (Figure 3.15) due to the ambulatory nature of the target patient
population [47]. Therefore, a probabilistic indication of the quality of the sig-
nal is compulsory in this scenario, to report RRs only when there is enough
confidence (certainty) they are clinically valid.

We have developed and evaluated signal quality scores (SQS) models for
the assessment of the respiration signals, following the process shown in
Figure 3.16. The models are discriminative in nature and can be easily
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IP signals simultaneously recorded with SensiumVitals® and a reference bed-
side monitor. The top figure corresponds to a good quality respiration signal.
Respiration events (inspiration and exhalation) can be seen in the waveforms
due to their quasi-periodic cyclical nature so that valid and accurate RRs can
be obtained. In contrast, the bottom figure shows poor quality IP signals for
both devices, which were severely corrupted by motion artefacts. It is evident
that the periodicity of the signals is lost, and RRs are inaccurate and invalid.

integrated as part of any of our RR algorithms, leading to rejection of invalid
RRs resulting from signals corrupted by noise.

First, we developed a suite of applications in MATLAB for preparation
and partitioning of data; generation and selection of features and automatic
creation-spanning of probabilistic classification models. The data comprised a
balanced set of about 2500 respiration signals (sampled at 25.6 Hz), together
with their Sensium® and reference RR values (range 560 brpm); both
recorded simultaneously from patient simulators, acute patients with comor-
bidities and healthy volunteers using the patch and a bedside monitor [47,
48]. These signals were conditioned using band-pass filters to attenuate com-
ponents outside the respiration bandwidth (0.08-1.1 Hz). A self-tunable filter
was applied to remove heart contaminants from all signals. Then, a rule-based
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FIGURE 3.16

Process for the development and evaluation of probabilistic machine learning
models for inspection of respiration signals acquired with the SensiumVitals®
patch.

logic extracted respiration events — i.e. inhalation peaks, exhalation troughs,
zero-crossings — from each signal for subsequent RR estimations and features
generation. All these stages are part of the actual Sensium respiration algo-
rithm (outside the scope of this chapter).

Next, all the signals were visually inspected and labelled as valid (1) or
invalid (0) depending on whether the signal was corrupted by noise, or rea-
sonably or perfectly clean. Criteria such as ability to extract an RR from the
signal, timefrequency spectrogram and energy dispersion in the spectrogram
were considered when assigning a class to each signal. Thus, the subjective
opinion of the examiner was compensated by using these objective measures.
In addition, a semi-supervised technique (combination of clustering and an
instance-based non-parametric classifier) was used for automatic labelling of
an important subset of unlabelled signals (about a third of the total dataset).
Finally, the data was split into training (65%), validation (15%) and testing
(25%) sets.

Following data preparation, the feature space was generated. For this
purpose, we calculated a number of statistical, quantitative and complexity-
measures features. Then, the features were normalised (i.e. Gaussian stan-
dardisation — zero mean and unit variance) to avoid bias due to disparities in
different feature scales. Thus, a 44-dimensional feature space was formed.
When developing machine-learning models for ultra-low-power wearable
devices, it is important to bear in mind the trade-off between computational
complexity and classification accuracy. Thereby, we selected the less redundant
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and most relevant features using a specialised feature selection algorithm. The
mRMR [4], eliminates the redundant features by examining the mutual infor-
mation between each pair of features ¢ and j. Then, mRMR selects those fea-
tures that are most relevant by examining the mutual information between the
features ¢ and the target labels for each feature. In simple terms, this frame-
work processes feature pairs and features against target classes by means of
operators such as the mutual information difference and the mutual informa-
tion quotient; so that it performs an exhaustive search over all the features,
leading to the creation of the best feature subset (eight features in our case)
that yields good generalisation performance during the classification task. In
summary, the whole dataset, D,;;, encompasses all the observations of the
8D feature space with their corresponding labels. This can be described as:
Doyt = {Dirainings Dvaiidation, Dtesting - The contents of Dy, are described in
(3.41), where z; and y; are the ith 8D input vector and target label, respec-
tively, among a total of IV observations.

Doy = {(zs,y))li = 1,..., N} (3.41)

With the resultant eight-dimensional feature space, we generated 28 two-
dimensional and 56 three-dimensional discriminative models from all possible
combinations of pairs and triplets of features, respectively. We selected binary
LR classifiers because they are simple models containing a single processing
unit, and its output can be used directly as probabilistic scores. Therefore,
this type of classifiers is suitable for integration into ultra-low-power wearable
devices.

LR is a discriminative technique, which aims to model posterior proba-
bilities of different classes using a linear function of w. In its simplest form,
the function is shown in (3.42), where z is the input vector of features corre-
sponding to the observed respiration signal, and w is the vector of parameters
(coefficients), used in the model. It is important to note that for 2D and 3D
LR models are x = (1,2, 25)7 and x = (1,21, 72, 23)7, respectively.

p(y = 1x) = f(x,w) = wl'x (3.42)

For two-class classification problems, a simple linear regression model can be
generalised by [46], as follows.

1. Replace the Gaussian distribution of the output by a Bernoulli dis-
tribution with random variable y, where y = 1 and y = 0 represent
two realisations —Valid’ and ‘Invalid’. It follows that the probabilities
for each realisation are p and (1 — p), respectively. The conditional
probability of y, given an observation vector x

p(ylx,w) = Ber(y|u(x)), vy € 0,1 (3.43)
p(x) = E(y|x) = p(y = 1|x) = w'x (3.44)
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2. Squashing can then be applied to (3.42) using the sigmoidal function,
as shown in (3.45) and (3.43).

sigm(a) = H_%, a=wlx (3.45)
p(y|x, w) = Ber(y|sigm(w?x)) (3.46)

Bearing in mind that after this step u(xz) = sigm(a), the model can be fitted
(or trained) via maximum likelihood estimation. This is simplified by minimis-
ing its negative-log likelihood or cross-entropy error function [46], as shown
in (3.47).

N
NL(w) = = [yilogu(x) + (1 — yi)log(1 — pu(x))] (3.47)

i=1

Error minimisation is done by differentiating N L with respect to its parame-
ters, and setting the partial derivatives equal to 0. However, the expression is
not in closed form, and specialised numerical methods are therefore required to
solve its parameters. There are different methods for which computer programs
are available, such as the gradient descent, Newton’s method and iteratively
re-weighted least squares.

Using our MATLAB tool features, we generated various 2D and 3D LR
models after applying the steps described earlier to all possible combinations
of features. Once the models were fitted, the tool allowed us to predict the
classes and assess their accuracy using the training data first.

Figure 3.17 shows an example of a 2D LR linear model, which is useful
when classes are linearly separable. Following Receiver Operator Characteris-
tic (ROC) analysis with training data, model number 1 outperformed the rest
of the models, resulting from combinations of 2D features. The model yielded
reasonable values of sensitivity and specificity (Se = 89.9% and Sp = 86.6%),
with a re-substitution (training) error of 11.6%. It can also be seen that the
resultant 3D sigmoidal directly maps each entry of the 2D input vector x into
probabilistic output scores.

Likewise, we also generated and evaluated 3D LR models. This time the
decision boundaries were 2D hyperplanes (surfaces), as shown in Figure 3.18.
It is also possible to develop LR models with non-linear fitting functions.
This is possible by applying a vector of basis functions on the input vector of
features — e.g. 0(x) = {1,x,x%}. For this case, the separation hyperplane is a
parabolic surface (Figure 3.18).

So far we have seen the creation of 2D, and 3D LR models fitted with lin-
ear and non-linear functions using the training data only. But, how well these
models perform when tested with unseen data? In machine learning, it is well
known that increasing the complexity of the model in terms of the number
of parameters and non-linearities may lead to over-fitting. This is the model
is unable to generalise — i.e. poor classification performance with new data
regardless of its good performance with training data. Under-fitting occurs
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FIGURE 3.17

Two-dimensional logistic regression model. The top graph shows a rectilinear
decision boundary with its 95% confidence intervals that separates vectors
corresponding to ‘good quality’ from ‘bad quality’ signals. Note that both
classes are not 100% linearly separable, as some A vectors overlap the ‘good
region” and some B vectors overlap the ‘bad region’. The bottom-left plot
corresponds to the ROC analysis for all the models created from all possible
combinations of the eight features contained in the training dataset.

when the model is too simple, so it is not flexible enough to account for all
the features and it fails to fit the data well. These models show poor clas-
sification performance with both training and new data. To minimise these
problems, appropriate model selection is important. The aim is to select one
or a small group of candidates that perform equally well with both, training
and new data (i.e. low training and testing errors). Sometimes this process
can be tedious and long-lasting as different models could have different fea-
tures, dimensionalities, fitting functions and regularisation terms. Fortunately,
machine learning programming packages offer different methods to automate
this process, such as grid search.

Since in our case the total number of LR models was relatively small
(n = 84), we automated model selection using k-fold cross-validation only.



72 IoT and Low-Power Wireless

Hppesines | pepinca | ipepanes| ypspunet| i papunes | Hpepines | Hpeptoe?| Bpepines | Hpepinst | Wpepineis| Hpepineli | Hpepuoeiz s  Hpvpiel Hpwpieed]| Hpepines | Hpepinct | Hperieee) Hpepred

FIGURE 3.18

(Right) separation hyperplane for 3D model fitted with a linear function. Note
that the hyperplane separates very well valid inputs (B) from invalids. (Left)
A 3D model fitted with a quadratic function performing almost as good as
its linear counterpart. Note that the separation hyperplane is now a parabolic
surface.

This technique splits the validation set (15% of the total data) into & folds of
the same size. These k partitions are obtained by randomising the data whilst
keeping the class ratios equal in all partitions. One of these partitions is used
to train an LR model with its associated features, whereas the remainder k— 1
partitions are used to test the resultant trained model. This is done k times,
such that each partition is used once for training a new model. The cross-
validation performance measures are the average of the measures obtained for
each one of the £ folds.

The best selected models (not disclosed for confidentiality reasons) were
tested with the remainder testing set (25% of the total data), achieving sensi-
tivity and specificity values of 89% and 86%, respectively. It should be borne
in mind that these results were obtained when using the default classification
threshold for categorising a class (3.48).

o Valid, SQS>0.5
") Inwvalid, SQS < 0.5

Finally, the best selected models were integrated as part of our latest respira-
tion algorithm, showing statistically significantly accurate results (not shown
in this chapter).

This chapter revisited the use of probabilistic machine learning approaches
to create SQSs to assess the quality of respiration signals obtained from wear-
able devices used by ambulatory patients. Based on our own experience and
awareness of the state of the art, we conclude that these probabilistic models
can be created with high classification accuracy.

Regarding our own developments, we believe that the classification perfor-
mance can be further improved by either tuning the classification threshold
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or adding a threshold band with upper and lower probabilistic bounds — e.g.
signal is valid if SQ.S > thl, and invalid when SQS < th2; such that signals
with SQS falling within the interval [th1,th2] can be classified as unknown.
Thus, the respiration algorithm can interpret this information and either take
further processing actions or just show appropriate messages to inform clinical
decisions.

3.3.7 Case study 5: Fall detection/prediction (Type 2/3)

The remote monitoring of health and wellness extends beyond the physiolog-
ical status of the subjects concerned, to their biomechanical activity. Indeed,
in certain cases such as serious falls, clinically significant events can often
be detected more quickly through biomechanical sensors, as a time lag typ-
ically exists between falls and actual physiological deterioration. Given the
World Health Organisation findings that the second leading cause of acciden-
tal injuries worldwide is attributed to falls [49], it follows that a rapid and
reliable technique for fall prediction and detection is likely to have a large and
positive impact on general health and safety, whether for remote workers, first
responders (e.g. firefighters and paramedics) or for the elderly living alone in
their homes.

There are three broad approaches for fall detection — camera vision, ambi-
ent sensor and wearable sensor based detection methods. More specifically,
the camera vision based method identifies fall events by processing captured
image frames, whereas the ambient method makes use of vibrational sensors
on the floor to detect impact events [50]. The last approach makes use of wear-
able sensors that are mounted on individual subjects — these typically involve
motion sensors like accelerometers and gyroscopes. A problem with the first
two approaches is that they are severely limited in scope, where the subjects
can actually be monitored. On the other hand, wearable sensors are mounted
on the subject, potentially affording more comprehensive monitoring. For this
reason, we will be focusing on the wearable sensors in this section, particularly
for a tri-axial accelerometer that is mounted on the subject’s hip.

It is useful to divide individual falls into different phases, as shown in
Figure 3.19. The chart in the middle of the figure shows the root sum of
squares (RSS) variation from a tri-axial accelerometer that is mounted at the
right hip of the subject (Figure 3.20), as a frontal fall is performed onto a
crash mat. At position (A) of Figure 3.19 or the pre-fall phase, the subject
is standing in a stationary position, and the RSS is 1 g, corresponding to
the magnitude of the gravitational vector. The subject commences the fall
just before (B), and is ‘in flight’ at (B). Hence, RSS falls towards zero. The
impact phase occurs at the trough between (B) and (C). Subsequently, the
subject sinks further into the mat and decelerates rapidly, bringing RSS back
to 1 g at (D). The subject further decelerates to a maximum values at (E).
The post-fall phase of the fall then occurs, where RSS eventually returns to
1 g. The final phase — Recovery may or may not exist as the subject returns
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The chart in the middle shows the RSSs derived from a tri-axial accelerom-
eter, and illustrates the signal variation corresponding to the biomechanical
movements of the stick figure at the top; the figure at the bottom shows a sub-
segment of the signal showing the pre-fall and fall phases, extracted from [51].

back to the initial state/posture after a fall. Upper and lower RSS amplitude
thresholds and the timing thresholds where amplitude thresholds are exceeded,
trg and tgg, could be used to help identify transition points between different
phases of the fall.

The fall detection algorithm should be capable of identifying critical phases
of a fall, and subsequently fusing the information in a manner that will min-
imise errors. Based on a fall detection system with a tri-axial accelerome-
ter feed, a top level system diagram of the fall detection algorithm may be
found in Figure 3.21. The control flow diagram in Figure 3.21a illustrates the
three principal stages of the algorithm, including pre-fall, impact and posture
detection, and the dependencies between them. The structure of the algorithm
and the data flow between individual modules are depicted in Figure 3.21b.
In [51], simple threshold based implementations of the three sub-modules —
pre-fall, impact and posture detection — are used and found to produce good
results [51].
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FIGURE 3.20
Position of a hip mounted accelerometer in the initial reference standing posi-
tion (a), sitting (b) and kneeling position (c), extracted from [51].

Whilst the raw accelerometer signal values may be converted to univer-
sal gravitational units (or ’g’s), different motion sensors typically have dif-
ferent signal characteristics, necessitating the use of custom algorithms. For
this Type 2 classification problem, it follows that the application of machine
learning techniques is likely to help in the derivation of hyperplanes for all
three modules, as opposed to simple threshold-based algorithms [51]. The
only module that will be discussed in this section is impact detection, as there
are marked similarities between them.

Most prior works involving fall detection algorithms [51, 52] involve two
stages — scripted falls and the activities of daily living. It is important that the
algorithm is able to accurately detect falls (Type 2 errors or false negatives).
At the same time, the algorithm should not falsely detect falls that could
be triggered from activities of daily living as well (Type 1 errors or false
positives), as the resources deployed in response to each detected fall could
be considerable, and monitoring personnel could be de-sensitised to actual
fall events. During the design of the fall detection data collection protocol,
the difficulty faced by researchers is the simulation of falls in a realistic, safe
and ethical manner. Important considerations include the type of surface that
subjects will be falling on, and re-producing natural behaviour during slips,
trips and falls. A number of creative attempts have been made to get around
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these issues, including the involvement of martial artists [54]. The position/s
of the accelerometers vary as well, and they include the head, chest and torso
regions, as well as different combinations of these sensors. From the tri-axial
accelerometer data that is collected, the three axes, A;, A, and A, may be
aggregated into a single dimension, A, by using the Euclidean norm operator

(3.48).
Ap = A2 + A2 + A2 (3.48)

From the aggregated accelerometer signal, pertinent features may be found
in Table 3.3 [53]. Note that the first 11 coefficients of the autocorrelation
function and the first five peaks of the Discrete Fourier Transform (DFT) are
considered in Ref. [53].

Five different classification techniques are considered, including the K
nearest neighbour classifier, least means square method, support vector
machine, Bayesian decision making, dynamic time warping and ANNs [53].
The ROC analysis of each of these techniques is found in Figure 3.22. The
ROC for the K nearest neighbour classifier was found to have the best per-
formance, with Se = 100%, Sp = 99.8% and Acc = 99.9%, as shown in
Figure 3.22.



Biomedical Algorithms for Wearable Monitoring 7
TABLE 3.3

Useful features for fall impact detection. Features are extracted
from a window of N samples, where s; is the i*" sample, by [53]
is licensed under CC by 2.0.

Feature Type Definition
Mean 25:1 Sn
Variance ~ 22[21(371 —p)?
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FIGURE 3.22

ROC analysis of the five different impact classification techniques, by [53] is
licensed under CC by 2.0.

While high level of classification efficacy is achieved using the algorithm
described earlier, there are two major limitations. First, fall notifications are
retrospective. Second, this algorithm does not adapt to the fall patterns of
individual users and attempt to make improvements to fall detection accu-
racy for the particular individual. An ideal algorithm should be able to predict
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falls accurately well in advance of the actual event (Type 3 problem), so as to
facilitate early intervention. Indeed, fall prediction could allow airbags on the
subject to be deployed to buffer the impact of the fall [55]. In the proposed
system, the fall prediction algorithm estimates the probability of a fall occur-
ring, up to 400 ms, in advance based on a combination of factors, including the
extent of fluctuations within the accelerometer signal, as well as the sequence
in which they take place [55]. The algorithm then makes use of two thresholds,
Ty and Ty, to determine whether a fall has been predicted and/or detected.
The intention of this algorithm is to minimise injury caused by actual falls
by deploying safety mechanisms such as an airbag to buffer falls. However,
robust fall prediction is a far more difficult problem than fall detection as
it is more tightly coupled to behaviour prior to a fall, which is highly vari-
able among individuals. Frequent errors are undesirable as erroneous airbag
deployment are inconvenient at best and could lead to injury, which would
then be counter-productive.

An alternative method that could be potentially more robust and adaptive
is shown in Figure 3.23. More specifically, features are extracted and fed to
both a supervisor fall detection and fall predictive algorithm. The supervisor
could be the fall detection algorithm described in Figure 3.21 — this algo-
rithm produces generalised but reliable fall detection results. These results,
alongside other intermediate data generated by the fall detector sub-modules
(So,---s Sn—1), such as the pre-fall probability and posture, can then be fed
into fall predictor. The fall predictor then attempts to make an early assess-
ment of whether a fall is about to take place, based on these observations as
well other features retrieved from the feature bank.

Se Ext Sp Ext

y A

A, A, A, Fall

¢ ¢ ¢ — Supervisor fall detection Send notification
Features detection algorithm control Fy

extraction logic

So Sn-1
Feature bank

Y Y

Fall
prediction
control
logic

S Adaptive fall
prediction algorithm

Wearable device

Fp
FIGURE 3.23

Data-flow diagram of the adaptive fall prediction algorithm.
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Initial attempts by the fall predictor to predict falls may produce sub-
optimal results due to aforementioned reasons. However, Type 1 and 2 errors
may be reliably found by waiting for actual results from the supervisor. As
such, during the initial deployment of the algorithm, when the predictive
algorithm is undergoing ’training’ by its supervisor, less weight should be
assigned to its decision output by the fall prediction control logic module.
Specifically, the weight should be computed as a function of the sensitivity (Se)
and specificity (Sp) of the fall prediction classification module, as shown in
(3.49). Subsequently, assertion (‘1’) and dis-assertion (‘0’) of F,, of the control
input to the airbag will then be dependent on the weighted probability of
the predictor output (wPy4). Note that the parameters, A and T3, are tunable
parameters in this case.

w=ASe+ (1-XN)Sp,0<A<1 (3.49)
L, wPa =T,

F, =
O, wPy < T}

It is anticipated that beyond a certain point, the adaptive fall prediction
algorithm outperforms its supervisor. Consequently, the final fall detection
decision can be computed as a weighted sum of the fall predictor and super-
visor algorithms. The accuracy of the notifications may not be locally known
within the device. However, these notifications are typically sent to a server,
where intervention may be triggered by means of a web application inter-
face. These decisions and the subsequent follow-up actions for each individual
subject are then logged within the database server. The accuracy of these
notifications can then be distilled into corresponding sensitivity (Seg,:) and
specificity (Spg.t) values, and fed back to the device. Based on these values,
the final decision regarding the requirement for notification can therefore be
computed as a weighted function of P4 and Ps, as shown in (3.50). Similar
to the prediction control logic module, v and T, are tunable parameters.

v="ySepet + (1 —7)SpEet, 0 <y <1 (3.50)
Fr — la UPS+(1_U)PA2T2
7Y, wPs+(1-v)Pa<Th

There are a variety of methods to implement the adaptive fall prediction
module. The HMM is suggested as a possible method [55]. In this case, the
observations are pertinent features derived from the feature bank as well as
the outputs from the supervisor algorithm (S, ..., Sy—1), and the latent states
in this case correspond to whether a fall is going to occur or not. Subsequently,
the total probability, P4, may be determined as a function of the state transi-
tion and emission matrices; these matrices may be updated in each time step
using Baum—Welch maximum likelihood estimation method — the reader is
referred to Section 3.2.3 for further information.
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3.4 Discussion

The main objective of this chapter is to create a framework, allowing problems
and their constraints to be formulated clearly. Once the problem has been
properly distilled, the metrics for evaluation defined, and the corresponding
set of candidate solutions or algorithms identified, how should one go about
implementing the solution? A design and build flow, which we found useful,
is shown in Figure 3.24.

The exploration of new or existing approaches involves a comprehensive
review to identify existing algorithms, which can be used to solve the for-
mulated problem in the light of existing constraints. Some of the approaches
may be unsuitable due to these constraints. For example, a real-time solu-
tion might be required to solve the problem at hand, implying that future
data is not available to produce a result at each time instance. This might
rule out approaches such as the HMM as a means of solving the problem.
Once the potential algorithm candidate set has been determined, they are
prototyped in flexible programming languages such as MATLAB [56], which
allows rapid implementation and comprehensive analysis of their relative per-
formance. Further, a representative dataset needs to be collected. The guide-
lines for its collection and evaluation are detailed in Section 3.3.1. In the
case of classification problems, training methods for determining the classi-
fier parameters are discussed in Section 3.3.2. Candidates who do not meet
performance requirements are culled from the solution set at this point.

The most promising candidates are then ported over to a programming
language compatible with the target device. An example is C, which is the lan-
guage of choice for many embedded processors. The programming constructs
used in this case are kept as generic as possible so that the algorithm can-
didates are portable across multiple platforms. Subsequently, an initial algo-
rithm profile is carried out to determine the resource requirements, including
the code, data memory space requirements, as well as its energy consump-
tion. Algorithm candidates that do not meet these platform constraints are
removed. At this stage, an additional data collection stage might be carried
out to further test the robustness of the algorithm. For instance, in the case of
a HR computation algorithm, ECG signals might be collected from ambulat-
ing patients who are known to have a variety of arrhythmias and subsequently
applied to the candidate algorithms. If the algorithmic performance or its com-
putational requirements are deemed to be too expensive, further optimisation
may be necessary to ensure that the platform or performance constraints are
met. This is often an iterative process that would proceed until these con-
straints are met.

Downstream of the necessary checks for regulatory compliance, the selected
algorithm has to be integrated into the target embedded platform. At this
stage, the application programmer interface functions for the algorithm and
test vectors, and the corresponding results should be made available. These
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application programmer interface functions allow the algorithms to be easily
deployed without the need for changing the underlying source code. The test
vectors and their expected results provide the means of checking whether the
functionality of algorithm has been preserved during the integration process.
As an example, double precision floating-point arithmetic operations that are
common in MATLAB are implicitly reduced to single precision in the Keil
environment [57] (Programming environment for several embedded proces-
sors including the Intel 8051 eWarp processor [58]). In applications such as
high-order Infinite Impulse Response Filter (ITR) filters, this might create
unacceptable differences in algorithmic behaviour. Therefore, the integration
dataset should be large and representative enough to expose these differences
and any algorithmic limitations.

An overall system test is then carried out to determine whether the system
works well with the newly integrated algorithm. System-level bugs might be
revealed at this stage. For instance, intermediate buffers for dynamic data
storage might not be properly allocated and removed within the algorithm
during run-time, potentially causing memory corruption in other modules,
such as the software radio module responsible for the wireless transmission of
the payload. Therefore, a comprehensive set of test cases should be defined to
represent realistic scenarios in which the system might be used, so as to expose
system-level bugs, which can then be corrected. Finally, after the system has
passed the battery of tests, the first prototype can be released for deployment
in the field.

3.5 Conclusion

On the basis of our observations, we found that problems encountered in the
healthcare monitoring industry can each be categorised into one of the three
types — generic optimisation problem, static classification problem and pre-
diction problem. There are substantial overlaps between these problems, and
algorithms are often suited for multiple problems. At times, the problem type
is made based on certain application constraints. For instance, by formulating
a problem as one of a static classification task, rather than a dynamic predic-
tor, one is able to create a more compact and efficient classifier that can be
realised on the target platform.

In addition, the dataset used in the training and evaluation of algorithm is
crucial, as it impacts the algorithmic parameters, the relative results between
algorithm candidates and potentially the choice of algorithm. A representa-
tive and comprehensive dataset is often difficult to come by, and relevant data
is often dependent on the sensor frontend used for data collection as well as
the physiological condition of the patient. To solve this problem, guidelines
for initial data collection in controlled laboratory conditions, together with
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methods to augment the dataset were presented in this chapter. This is par-
ticularly important for static classification problems. For predictive problems,
the initial dataset and algorithmic parameters are important because the pre-
dictive outcomes of such algorithms are dependent on prior data distribution
during early runs of the algorithm and they may take a longer time to converge
on the correct results should the initial dataset be of bad quality.

To demonstrate the formulation framework and the thought processes
involved during algorithm design, four case studies involving different types
of problems were provided. Note that, in each case, only a cursory discussion
on the statistical evaluation of the results was given because they are outside
the scope of this chapter. Apart from the algorithm design, its implementa-
tion aspects were also discussed in Section 3.4, with emphasis on algorithmic
portability across different platforms and a robust testing framework — from
the initial unit testing, integration testing, to the final system testing.

Consequently, it can be concluded that in conjunction with a representa-
tive dataset, problem formulation is an especially critical part of the design
process. They provide a means by which problems can be described concisely
as well as a framework within which to automate problem solving. The authors
acknowledge that there may be problems that cannot be categorised into any
of the three types described, but this work is the result of the actual problems
encountered in the field, and our insights and attempts at solving them.
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4.1 Introduction

A Wireless Sensor Network (WSN) is one of the most challenging areas of
Internet of Things (IoT), the reason why this chapter is focused on them.
A WSN is composed of a set of hundreds of devices deployed in a common
area, with communication between each other and a common purpose. Each
device is able to transmit/receive data to a set of devices or to all devices.
These devices are connected according to a topology, either be fixed or not,
at the beginning of the process.

There are a wide variety of current research problems in this area, such
as tracking, surveillance, military applications, building automation, disas-
ter management, agriculture, among others, in which each device has spe-
cific tasks, or the tasks are defined according to the area where the device is
deployed. The applications are designed to obtain precise information from
the environment regardless of the human presence. The applications have to
be efficient to take note of the limited energy and memory that the sensor
devices have. Radio communication, processing, and transmission/reception
are generally the main causes of power consumption.

A single sink is enough when the density of the network does not cause a
bottleneck during the data collection period. However, a single sink scenario
becomes inefficient when the number of nodes increases and there is a lot of
information waiting to be processed or collected. In this chapter, distributed and
centralized techniques using multisink scenarios are presented and analysed.

A multisink approach is becoming an efficient scheme to reduce the energy
consumption in the whole network, either in a centralized or distributed appli-
cation. The analysis focusses on the used strategies in a multiple sink envi-
ronment, whether the nodes are static or mobile, and how applications can be
improved by mixing more than one strategy; the objective of the application
such as event detection, following a target, finding the best route, collection
and data aggregation, among others.

The chapter covers recent and traditional works and presents a discus-
sion of their advantages and drawbacks. This chapter is organized as fol-
lows: Section 4.2 presents the generalities and features of centralized and dis-
tributed WSNs and a proposed classification of them. Section 4.3 presents the
main strategies in multisink environments; Section 4.4 describes a theoretical
comparison between techniques. Finally, Section 4.5 presents the concluding
remarks that drive further research in the area.

4.2 Generalities of Wireless Sensor Networks

WSNs with a single sink node are sensible to suffer attacks and losses as
the density increases; one of the main problems are the named bottleneck
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problem (Hochbaum and Shmoys, 1986) and hotspot problems (Sungjin and
Kim, 2006) presented during a data collection period. Another limiting factor
emerges when the purpose of the application is finding a target and the sink is
far away from it; in this case, the routing can require great expenses of energy
or even additional resources to send the information. Another drawback is
presented when the sink requires responses in a short period of time and the
routing is not efficient, the sink node is not available, or there is a high demand
for transmissions and one sink is not enough.

Multisink platforms arise in response to this kind of problem; a multisink
platform provides redundancy, avoids problems in the data collection, and
increases the efficiency of the application. A set of sinks can be strategically
or randomly distributed in the coverage area to collect and process the infor-
mation from the environment. The sinks can be static or mobile according to
the available resources of the application. The density of the network and the
number of sink nodes are specified at the beginning of the application.

Multisink scenarios that improve the performance of a network based on
different techniques are analysed. In multisink techniques, every device is able
to collect information from the area surrounding through one or more sensors,
process this information in a local manner and send it through other devices.

Data collection is usually made by a sink node or base station. A WSN
can be used to control multiple tasks in one environment; the sensors require
data sense from multiple sources by delivering information to multiple sinks
at the same time.

Once the topology strategy is specified, the information can be collected
following a distributed or centralized policy via multihop mode. In this chap-
ter, we present a classification of distributed and centralized applications of
multisink environments. The analysis is focused on whether the nodes are
static or mobile, the formation is event detection based or not, and network
backbone is formed or not. The survey is devoted to recent works and presents
a discussion of their advantages and drawbacks.

4.3 Classification of Wireless Sensor
Network Techniques

The connections and communication of the devices in WSNs are defined
according to the needs of every application. The protocols must be able to
provide an improvement whether from energy consumption, nodes mobility,
environment noise, limited battery charge and loss of messages, among others.

Figure 4.1 shows the taxonomy of our proposed classification. It can be
seen that all WSN organization techniques can be classified into one of the
discussed groups: centralized or distributed.

Centralized networks take directions from a unique device. This cen-
tral node is responsible to provide network operation services, such as node
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localization, event detection, traffic routing, etc. A suitable logical topology for
this approach is a start in which the nodes are connected to a specific device
with additional duties and the total control of the network. The centralized
networks can be classified according to how the information is processed.

e Hierarchical networks: The aim is to gather the sensor information in
one or several base stations to reduce the time of data collection or data
processing. This classification is based on a specific area in the network.

e By application: Many works suggest using the network for a specific
purpose, such as finding the best route based on event detection, data
collection, among others.

A further classification can also be made according to the environment of the
network. The most important topologies used in centralized approaches are
cluster, grids, and trees; while the application division differentiates metrical
measurement and optimization classification. A brief discussion of this
type of network is given in Section 4.4.

Distributed techniques allow the nodes to take their own decisions in a local
way and dispense the information to a limited set of neighbor nodes within
a scope area, which provides energy savings and spreads the information in a
uniform manner to avoid the overhearing or hotspot problems. The flexibility
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of distributed systems allows targeting random environments without compli-
cations during information collection. Devices can be connected using either
ad hoc or strategy based (self-organization, clustering, pheromone tracking,
and so on; Carlos-Mancilla et al., 2016). The distributed classification can be
derived into the following categories:

e By application: oriented to solve one problem at a time or solving a
specific problem defined by available resources in every application. The
applications are divided into the following categories: routing, data collec-
tion, event-oriented, and energy saving.

e Strategies: it is based on the communication between the nodes to achieve
a common goal.

A third-level classification is described in Figure 4.1. By application class,
considers routing, data collection, event-oriented and energy savings as subdi-
visions, while the topology formation only considers the most common topolo-
gies for WSNs such as cluster, cluster tree, tree, and ad hoc strategies. This
sub classification is described in Section 4.5.

4.4 Centralized Techniques Using
Multisink Environments
Centralized formation techniques are suitable for networks in which the pro-
cessing power capacity relies mostly on a unique device. In such cases, this
device is responsible for the processing, coordination, and management of the
sensed information activity. It also forwards this data to multiple sink nodes
(Figure 4.2).
The main advantages of this approach are:

e Centralized schemes allow more efficient energy management.
e Roaming is allowed inside the network.

e Network coverage analysis is simplified.

Context information availability allows a better application design (place-
ment of nodes, application awareness, etc.).

A brief discussion for every type of classification is given as follows.

4.4.1 Hierarchical networks

A sensor defines priorities according to its role in the network. Traffic for-
warding nodes have a lower precedence than fully functional nodes (sense,
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coordinate, process, and forward information). The control of the network is
performed in a hierarchical way and is defined based on the roles. This kind
of networks is usually implemented using the 802.15.4 (IEEE, 2005) protocol.

For instance, Silva (2009) presents a multisink environment architecture
(ICatchYou) (Silva et al., 2009) based on the 802.15.4 protocol. It employs a
multihop forwarding strategy and addresses the sensor localization problem.
They proposed a centralized technique to guarantee high mobility between
the sink nodes.

Self-configuration is used to find the appropriate sink for the registration
process, and there are some metrics used for choosing the appropriate sink,
how the information is gathering, and so on. Each sensor node receives all
messages directly through the sink node. They consider two scenarios; the
first one is a closed one with obstacles and interference and the second one
without obstacles or interference. The second scenario presents better results,
because nodes achieved a better performance with a higher distance.

In this proposal, the authors do not present final results and they do not
guarantee the full functionality of the sensor in the environment. Although
multihop offers some advantages, and it is also easier to guarantee an efficient
fast handover between sink nodes. Their algorithms are inefficient because all
nodes send broadcast messages and may cause a flooding of the network. The
technique can be applied to mobile scenarios, but an implementation is not
reported in this chapter. Besides, energy consumption or scalability are not
taken into account. In this work, only the link quality is considered, which
makes the decision making for choosing a sink node inefficient.

In other proposal, Singh et al. (2010) presents a tree-based routing proto-
col where every node has the capability of environmental sensing, computa-
tion tasks, or keeps communication with other nodes in the network. Nodes
are mobile; the node movements are defined following a target. The routing
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algorithm is composed of different stages: the first one is the formation of
the tree by broadcast messages, the second one is collection and transmission
data; it is handled by Time Division Multiple Access (TDMA) schedule. The
last one considers failures, energy level, or movement of the parent node.

A tree-based routing protocol improves the lifetime of nodes and the net-
work by moving the nodes to the next higher level when a threshold of energy
has been reached. This algorithm works in a centralized way, and it does
not consider energy consumption when a node sends messages. This algo-
rithm is compared with Low Energy Adaptive Clustering Hierarchy (LEACH)
(Heinzelman et al., 2002), and even this algorithm does not work with tree
formation and Threshold sensitive Energy Efficient sensor Network protocol
(TEEN) (Manjeshwar and Agrawal, 2001) protocol.

4.4.2 By application networks
4.4.2.1 Metrical measurement

Usually, nodes are placed in strategic positions before or during the procedure.
The aim is to provide better data collection, energy savings, or processing
performance. Formation techniques are discussed later.

Tzong (2012) proposes an adaptive learning scheme for load balancing
schemes with zone partition in multisink WSNs Q-learning based Adaptive
Zone Partition scheme (QAZP). A centralized Mobile Anchor (MA) agent,
which is equipped with a directional antenna and Global Positioning System
(GPS) device, is introduced, and the MA is orientated at the intersection by
drawing a Voronoi diagram (Fortune, 1992). After the location, the informa-
tion of the MA is determined; the MA sends beacon signals to different sink
nodes through directional antenna, and the sensor nodes that receive the bea-
con signal can transmit the follow-up collecting sensing data to the nearest
sink through hotspot devices; the hotspots are devices that notify other sen-
sors that the sensor is able to transmit its information. A machine learning
process is applied to the MA to make it adaptable to any traffic pattern.

This proposal consists of a large number of sensor nodes, several sink
nodes, and one MA. The characteristic of the MA affiliation makes the network
capable of being partitioned into several regions according to the number of
sinks, and its location information is attained through GPS devices. There
are defined movements for the MA: upper left-hand corner (highest residual
energy) and lower right-hand corner; after the movement is done, the sensor
node chooses another route to balance the load based on parameters like
residual energy and hop distance.

The assumptions used in this proposal are difficult to fulfill in a real imple-
mentation; the environment is always observable; good decisions are made and
good behavior is expected, ideal environments without traffic or loss of mes-
sages are designed, and there are sensors with infinite energy. The MA is
controllable and always predefined. Hotspots concentrate a large amount of
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information from the whole environment, and data collection is taken from
specific zones.

In Gandhman et al. (2003), an energy scheme for WSNs with multiple
mobile base stations is proposed. The authors use an Integer Linear Program
(ILP) to determine new locations of the base station and propose a flow-based
routing protocol. The purpose of this approach is to prolong the lifetime of the
sensor network. ILP divides the lifetime into equal periods of time (rounds).
The solution of ILP indicates the base station’s next location. Sensor nodes use
a multihop routing protocol, e.g., minimum cost forwarding. ILP is formulated
to minimize the maximum energy spent by a sensor node in one round. One
of the disadvantage is that at the beginning of every round the location of
every base station is calculated, and the node needs to access the complete
information for calculating the new position; the energy consumption for this
process is excessive, and the nodes require location information, distances,
and neighbors. If one base station is isolated, it will be costly to send the
information.

Kim (2009) proposed a multiple sink WSN and a topology configuration
scheme that automatically reconfigures the network in case of node failures.
The number of retransmissions caused by random losses of messages in wireless
communication is calculated. The authors consider a static network without
having any previous information. The data are collected by the sink nodes,
and they do not consider the transmission or reception between the regular
nodes. Furthermore, fault node events originated by an environment incident
or an enemy attack occur at a random; consequently, sensors have to sense
continuously by causing the depletion of energy.

For a better performance, the path cost is calculated using the Signal-to-
Noise-Ratio model (SNR is a measure used in science and engineering that
compares the level of the desired signal to the level of background noise). The
wireless spanning tree protocol (IEEE, 1998) is used for routing and is divided
into different stages; the reconfiguration is proposed when a node detects a
failure when some parent node dies, and then the affected node searches a
new parent and connects to it. A main drawback of this proposal is that the
wireless spanning tree protocol does not consider the total communication
cost, provoking a loss of communication with sink nodes; this implies a high
consumption of energy for this activity.

4.4.2.2 Optimization

The concept of Dynamic Convoy Tree-Based Collaboration (DCTC) is intro-
duced by Zhang (2004); the strategy works in a centralized way, and it is
stated as a multiple objective optimization problem. The aim is to find a con-
voy tree sequence with high tree coverage and low energy consumption. It
finds a minimal sequence with a maximum coverage, in which they assume
ideal communication. The authors proposed a conservative and prediction-
based scheme for tree expansion and pruning, and a sequential and localized
reconfiguration scheme for tree reconfiguration is introduced.
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Convoy tree is a moving tree that tracks a target; this target can move
along the environment, and the tree is dynamically configured to add or prune
some nodes as the target moves. The overall function of the proposal resumes
as follows: first, the target goes into the detection region; then the sensor
nodes detect the target and collaborate with each other nodes to select a root
and construct an initial convoy tree.

This proposal presents two algorithm versions: DCTC and O-DCTC (Opti-
mal DCTC Solution with Dynamic Programming), the first one is used when
convoy tree is reconfigured and the target moves and the second one consists
in the formulation of the optimization problem, which finds a min-cost convoy
tree sequence with high tree coverage.

In Deepak and Deshmukh (2013), an energy balancing multisink opti-
mal solution is presented. The total number of displayed nodes is denoted
as n. The location of every node is known, and the whole network is parti-
tioned into k disjoint clusters. The centroids of the clusters are considered in
place of sink positions. The node position is chosen according to some met-
rics. The clustering formation is based on particle swarm optimization (Ven-
ter and Sobieszczanski-Sobieski, 2003). The sensor network is represented as
a connected graph G = (V, E), where V is the set of n vertices (sensors
nodes) and F is the set of edges (transmission links); sinks are predefined and
non-mobile.

The objective is to find the optimal locations for every sink node by min-
imizing the average sensor distance from the sink, and maximizing one-hop
connectivity of each sink placed in the network to reduce the consumed energy
in the network and extend the lifetime of the network. The authors use the
K-mean algorithm for the clustering process, which is iteratively applied from
a k initial cluster center. Furthermore, an iterative parallel search algorithm
based on a particle swarm optimization strategy is used in which agents are
defined as particles.

The set of experiments involves different quantities of sink nodes for com-
puting the average sink nodes degree and the average hop count. The disad-
vantages of this algorithm are: it spends a lot of energy for every position
known in the environment, and the increasing number of clusters is propor-
tional to the number of sinks.

These are some of the most representative proposals in WSNs. In the next
section, distributed techniques are presented, including some relevant results.

|
4.5 Distributed Techniques Using
Multisink Environments

In Distributed formation techniques, the information is managed by each
node, and decisions are locally taken and limited to its neighborhood
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(single-hop neighbors) (Figure 4.3). The main characteristics of distributed
networks include

e Autonomous devices.

e FEach node shares information to its neighborhood.

Suitable for distributed applications (multiagent systems, self-organized
systems, etc.)

The information is mainly forwarded to a single node.
e Interconnection devices (routers, bridges, etc.) are not required.
e Their flexibility allows targeting harsh environments.

A WSN aims to gather environmental data, and the placement of node devices
may be known or unknown a priori. Network nodes can have a driven Inter-
net Protocol (IP) communication or logical communication (topological com-
munication defined by users or by the application) with all devices; such a
communication defines the topology according to the application. The logical
topology is mainly defined based on the communication between the nodes
such as a cluster, tree formation, self-organization, among others.
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Distributed protocols in WSNs must provide a reduction in energy con-
sumption, robustness, and reliability despite the limited energy, noise, loss of
messages, and obstacles. Some proposals are analysed later; the classification
considered is the presented in Figure 4.1.

4.5.1 By application networks

An application is defined by considering the available resources and the envi-
ronment where the devices will be deployed. According to the application,
the nodes have an assigned task; every task of a node has a main purpose,
such as find the best available route, discover a specific target, collect data,
etc., to reduce the energy consumption, prolong the lifetime, generate a robust
network, or reduce the use of resources.

Recently, many works focus on reducing energy consumption, minimiz-
ing the number of hops, providing robustness to the network, increasing the
throughput, and so on. However, a route with a minimum number of hops
may not always be the optimal and reliable route. A network with a large
number of devices is not always the best option, or even minimizing the num-
ber of transmissions can have adverse effects. For the aforementioned reasons,
according to the nature of the application, it is important to define the set of
metrics, constraints, and features to evaluate the performance of a network
(Muhammad et al., 2015). We consider that the available applications can
be classified into four categories: routing, data collection, event oriented, and
enerqy Savings.

4.5.1.1 Routing strategy

In order to find the best route inside the network for transmitting the infor-
mation to the sinks, consider the specified metrics to achieve it (Figure 4.4).
Examples of these are presented as follows.

In Foster et al. (2008), the results and experiences further from imple-
menting the reinforcement learning based multicast routing protocol Feedback
Routing for Optimizing Multiple Sinks (FROMS) in a test bench of Scatter-
Web nodes are evaluated and discussed. This work can be classified for using
routing and energy-saving techniques.

FROMS is a multisource multisink routing approach that uses Q-learning
to identify network routes to optimize the shortest path or the best energy
efficiency. A good exploration/exploitation ratio ensures that routing costs are
kept low by often using the currently best available route, which corresponds
to the local minimum.

Also, they use different techniques with methodologies like Ant Colony
Optimization (ACO) (Dorigo et al., 1992). The node device only uses the
local information available to the number of hops to the sink node and finds
the global optimum route. Even they have a good application, i.e., they use
one predefined node device for transmitting information to the whole network
and they do not use node reconfiguration.
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Another work presented by Meng et al. (2007) proposes a new system
architecture for a multisink environment and two new routing algorithms:
Energy Level Based Routing (ELBR) and Primary-Based Routing (PBR).
A new definition for energy level is introduced; it is related to the number
of times a node can transmit data, considering the energy consumption for
every message sent. The first routing algorithm (ELBR) calculates the path
energy level and chooses the maximum energy level path to transmit data;
PBR algorithm takes into account the energy level and the energy cost of the
routing path. Some drawbacks are: only one sink node can receive information
at one time, reconfiguration is not considered, and a node is preselected to
send information.

A proposal about a multisink and load balance routing algorithm is pre-
sented by Wang and Wu (2009) and it is compared with ELBR and PBR
(previous work). The authors have introduced a new concept for nodes in one
hop communication with the sink nodes called deputies. They consider that
deputies nodes are one kind of sink nodes and that every deputy node sends a
broadcast message in a round robin way. The algorithm is based on hardware
implementation. A bottleneck problem can exist in deputy nodes caused by
flooding of messages, and their energy can be quickly consumed.

Reconfiguration is not considered and nodes can die soon. The same data
are transmitted to all sink nodes; this may cause an excessive energy loss and
data redundancy; the energy consumption is not considered.
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A path bottleneck oriented and energy cost-based routing scheme is pro-
posed by Lin and Wu (2010); in this work, (a) a centralized version for sensor
networks with global topology information, (b) a semi-distributed version to
further improve energy efficiency, and (c) a fully distributed version to support
large-scale sensor networks are designed. Sensor nodes dissipate energy only
in data transmission; a multisink environment is considered. The architecture
is responsible for sending data via the internet to the base station and assigns
activities to sink nodes. Consecutively, sink nodes send instructions to nodes
in the environment via multihop paths.

The base station has the complete knowledge of the topology and the
remaining energy of all the sensors; sink nodes calculate the appropriate
routing to a specific node. A modified version of Bellman—Ford Algorithm
(Sedgewick and Wayne, 2015) is used for routing, and the k-means algorithm
for deployed sink nodes. It is not explained how exactly the distributed algo-
rithm works and the authors do not take into account reconfiguration; data
seem to be forwarded always following the same route.

A routing protocol to balance the loads in the network with multiple sinks
to prolong the lifetime of the system is presented by Zhang (2015). Nodes
choose a parent node according to a probabilistic list that presents the most
preferable node to be the next-hop destination to send a packet. The sink
nodes select a sink to be the head of the network named as an arbitrator.

The arbitrator sinks decide the assignment of nodes to the sinks based on
two criteria: the hop number and the number of connected nodes to the sinks.
In some situations, the tree structure cannot guarantee the balancing of the
loads, some collisions can appear, and messages can be lost. Data aggregation
is not considered.

An intelligent agent-based routing protocol that provides data delivery
to mobile sinks is presented by Kim et al. (2010). The communication with
the agents is performed through a broadcasting method. In this protocol, the
messages can be lost during the data collection process and does not support
channel variability. The energy consumption is also related to the source data
rate, which is independent of the protocol.

4.5.1.2 Data collection strategy

In this kind of application, the formation of the network is not important; the
main goal is the way the data is collected. Some applications look for spreading
the data collection through defined nodes to get to a sink node, while other
applications focus on the energy conservation, improving the performance,
increasing the throughput, and so on (Figure 4.5).

An example of data collection through defined nodes is presented by Win-
ston and Seah (2006). In this work, a virtual sink architecture for WSN that
mitigates the near-sink contention by defining a group of spatially physical
sink is proposed. A multipath routing is adopted to provide alternative paths
to increase the probability of a successful delivery.
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The authors propose a multitier topology by introducing local aggregation
points and distributing them amongst sensing nodes and multiple local sinks.
A sensor sends a packet simultaneously using diverse routes to deliver the
packet until the sink node. The probability for delivering a message increases,
but the energy consumption also increases. The data transmission cost is high
and the channel conditions are assumed to be ideal. It is assumed that the
local links are connected via high-speed links to a network where the resources
are enough to support communications needs.

Data gathering for large-scale sensor networks with multiple sinks (M-
collectors), which traverse several shorter subtours concurrently to satisfy the
distance/time constraints is presented by Ma et al. (2013). The objective is
to find a set of data-gathering subtours in the network, such that the number
of M-collectors can be minimized.

An M-collector is responsible for gathering data from local sensors in the
subarea, and the information is forwarded to only one M-collector that has
a connection with a final data sink. An available subtour is not guaranteed
always, the energy depletion during the subtour searching is not considered,
and the transmission would not be possible if the M-collector, which has direct
communication with the data sink, dies.

Cardei and Marta (2009) proposed a data gathering algorithm employing
sink mobility with the pre-established path. The heterogeneous WSN consists
of a large number of sensor nodes with limited capabilities and multiple mobile
sinks with unlimited capabilities. The authors suppose the interconnection of
sink nodes all the and the design of a network that moves the sink nodes along
the environment to maximize the lifetime of the network. Nodes are uniformly
and randomly distributed.
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The movement to the sink nodes is predefined into places with major quan-
tity of energy inside a hexagon perimeter; nodes with low energy can be left
uncovered. Every sink remains as the center of every cluster with a big deple-
tion of energy. Data are forwarded to the closest sink using multihop commu-
nication based on the collection trees formed by the clustering algorithm. In
simulations, each sink is connected with each of its six neighbor sinks.

4.5.1.3 Event-oriented strategy

In this kind of work the events define the behavior of the complete network,
and the sensor that detects the event respond to this event with defined activ-
ities and sends the information to the corresponding sensors (Figure 4.6).

A tolerance control for enhancing a WSN using a multisink environment
is presented by Huang et al. (2010). In this work, a tolerance area is defined;
the nodes out of this area select the shortest path to route their data from
source nodes to the nearest sinks. The nodes are deployed uniformly in one
area, and they might switch to different paths to balance the load of sensors
in the area.

Drawbacks of this approach appear when the loading of sensors in the
network is not balanced; thus, sensors should sometimes select a candidate
route to bypass the sensors with too much load or low battery level. The energy
depletion is high when the nodes look for different routes based on a tolerance
area 7, which is defined according to a maximum threshold. If the threshold
is not well calculated, the tolerance area can cause a big energy depletion.
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FIGURE 4.6
Topology formed from an event detection.
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A virtual infrastructure based on honeycomb tessellation for data dissem-
ination is presented by Erman et al. (2012). This work can be classified as a
routing or event-oriented proposal.

The virtual infrastructures support mobile sinks in a WSNs and acts as
a rendezvous region for storing and retrieving collected event data. When
the mobile sink crosses the network, the sensors in the rendezvous region are
requested to notify the event data. The virtual infrastructure is based on
honeycomb tessellation, and the data dissemination is hexagonal cell-based.
A drawback in this proposal is when an event is detected and there is no sink
near the sensed area; data aggregation and failures are not considered.

A bioinspired self-organized algorithm (Saleem et al., 2009) would also
meet the enhanced sensor network requirements, including energy consump-
tion, success rate, and time. This article also used an ACO algorithm, which
is a probabilistic technique for solving computational problems that can be
reduced, to find good paths through graphs for an optimum route discovery
in a multihop WSN. This proposal works in a distributed way to collect data
and/or detect an event; a routing strategy is used to control the sent messages.

Results are based on an NS2 simulator (NS2, 1995); nodes have bidirec-
tional communication; the weight of a link to transmit information is propor-
tional to the power consumption of a node; thus, a large amount of energy can
be depleted. The convergence time is not considered. Every path has a unique
ID to avoid cycles. The route is selected according to the following strategy:
when one packet passes through a node with a certain speed, the node meets
the ant agents into a buffer and stores the routes using a table, and the best
route is chosen from this table to transfer packets.

From the table the best node to start the transmission to the neigbor
nodes to determine the best succesor node in the route. It can be noticed that
this strategy may need a lot of memory, which is one of the main constraints
in sensor networks. The article does not include graphical results about the
performance of the algorithm or comparative results.

4.5.1.4 Energy-savings strategy

In these proposals, the objective is saving energy to prolong the lifetime of the
whole network; usually, these proposals combine other strategies to complete
the objective.

For instance, a multiple data sink node election in a multisink environment
is presented by Pietrabissa et al. (2016). This algorithm works in a distributed
and iterative manner, in which the sink role is periodically reassigned to avoid
the hotspot problem and increase the lifetime of the network. The network
partition is done according to a centroidal Voronoi tessellation method, which
leads to a spatially well-balanced distribution. This proposal neither takes into
account the energy depletion in the topology formation nor the overhearing
problem.

Algorithms that build a backbone connecting mobile devices in a dis-
tributed fashion using an adaptive learning scheme are presented by Tzong
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(2012). The authors consider a load balancing strategy with a zone parti-
tion in a multisink WSN environment (QAZP). The movements of a node are
predefined, and reconfiguration to failures is not addressed.

A reliable energy-efficient multilevel routing algorithm for Wireless Net-
works is presented by Yu et al. (2011). The authors proposed an approach
to reduce the energy consumption by introducing fuzzy Petri nets. The algo-
rithm includes a clustering strategy and a multihop routing procedure; the
cluster formation is based on residual energy, number of neighbors; centrality
parameters such as the sum of distances of a node from all their neighborhood;
nodes calculate a degree and choose the best for transmitting the data to the
defined sink node. A node is susceptible to be isolated if it is far from the sink
nodes.

4.5.2 Topology formation

The topology formation is essential when the sensor network application looks
for having a better resource control. In this chapter, the main topologies used
in this kind of networks are considered. Furthermore, some metrics are pre-
sented as the emergency property of this behavior, such as reliability, energy
consumption, and latency.

4.5.2.1 Cluster formation

Cluster-based control structures allow a more efficient use of resources. A
hierarchical view of the created network through clustering decreases the
computational complexity in the formation of an underlying network. This
is especially true in sensor networks that are expected to involve of a large
number of individual nodes.

On a topological level, clustering is achieved by grouping nodes inside
a certain transmission area. A designed leader node controls this group of
nodes, usually known as Cluster Head (CH) or a leader node (Figure 4.7). A
leader node is selected according to the weight that may correspond to a node
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~ Bidirectional link

¥ \; Cluster
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FIGURE 4.7
Cluster-based formation.
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capability to perform additional duties. It can be determined by taking into
consideration, issues such as node residual energy, memory amount, processing
capabilities, the number of neighbors, etc. Usually, the weights are computed
locally in each node, and they may depend on the application where the
structure is used.

For instance, an Energy-efficient Multisink Clustering Algorithm (EMCA)
is proposed by Xu et al. (2012) to solve the energy hole problem. Its inter-
cluster and intracluster routing algorithm focus on energy consumption and
ensure the optimal path from nodes to its CH or sink. The network is divided
into n equal clusters; each cluster has a CH chosen by considering the residual
energy and sends aggregated data to the relevant sink.

The routing is used to calculate the nearest distance between the CH nodes
and the sink nodes. The data are sent in a multihop manner; the sink nodes
increases while the energy is consumed fast. No single reconfiguration method
is considered.

Two algorithms for sink mobility based on clustering strategy and reduc-
tion of the energy consumption are proposed by Wang (et al., 2013). The
objective of this work is to study the influence of fixed and mobile sink strate-
gies on home network performance in terms of energy consumption, network
lifetime, and mitigation of hotspot problems. The authors consider the study
of diverse parameters, including number of mobile sinks, velocity, location,
and moving trajectory. Simulations are presented and compared with LEACH
(Heinzelman et al., 2000).

In Wang et al. (2015), a routing protocol algorithm that combines ACO
(Dorigo et al., 2006), clustering, and sinks mobility techniques for home
automation networks is presented. The network is divided into several clus-
ters; each CH has communication with a mobile sink. ACO is applicable to the
guidance of sink mobility; if the ACO fails, the mobility of the sink is affected.
Obstacles and reconfiguration are not considered, and the cluster formation
is energy expensive.

4.5.2.2 Cluster-tree formation

Cluster-tree formation is one of the most recent approaches, which allows
combining two strategies and grabbing the best of both strategies. The cluster
nodes inside a transmission range or nodes that have similar characteristics
choose a leader node called cluster head (CH); once the formation of the cluster
finishes, the tree formation procedure deletes redundant links and controls how
the information is collected.

The tree strategy is defined once the cluster has been formed usually, the
tree formation is launched over the formed cluster, while the activities and
purpose of the nodes are established by the application (Figure 4.8).

An example for this formation is presented by Cuomo et al. (2008).
The main contribution is the simulation and analysis of a formation under
TIEEE 802.15.4 protocol using different network settings with single-sink and
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Cluster-tree based formation.

multisink scenarios. Hops define the levels of the tree from a node to the rele-
vant sink. Figure 4.9 presents a cluster-tree topology with the IEEE 802.15.4
protocol. This protocol uses three different kinds of roles: Personal Area Net-
work (PAN) coordinator, Full Function Device (FFD), and Reduced Func-
tion Device (RFD). The PAN coordinator acts as a router and manages the
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network load; it is the root and the sink of the network; the FFD device is
able to perform any task and can have communication with all nodes in the
network, and only RFD devices can have communication with FFD devices
while their activities are limited.

Sensors are static and deployed in a simulated square area using the NS2
platform. The authors suppose an indoor scenario. Sink nodes are located in
the center of the area. The number of generated hops relies on factors such
as collisions, link quality, and sensory data. In this strategy, the number of
children per node by adding some coordinator rules and an appropriate value
of the maximum tree depth for better performance are controlled.

There are some drawbacks in the reported simulations: the complete con-
nectivity of the network is not assured, results or implementations are not
shown, and reconfiguration or energy constraints are not taken into account.

In Buratti et al. (2007), a mathematical formulation used to optimize the
average number of children per parent and the number of levels in one tree
(tree height) through maximization of the network association probability is
proposed. The topology formation is based on the IEEE 802.15.4 protocol.
The authors run the algorithm M times; each time an independent topol-
ogy is created, having fixed N nodes and S sinks on the network (multisink
environment). A completely random distribution in space, i.e., Complete Spa-
tial Randomness (CSR), is assumed to derive an average number of children
per node and maximize the number of levels. The energy consumption and
reconfiguration are not considered.

In Aslam et al. (2011), a novel energy-efficient cluster formation algorithm
based on a multicriterion optimization technique is presented, which uses mul-
tiple individual metrics in the CH selection process as input while simulta-
neously optimizing the energy efficiency of the individual sensor nodes as
well as the overall system. However, the multicriterion optimization technique
involves some complex matrix operations. As sensor nodes are significantly
constrained in computational capacity, it is difficult for them to execute com-
plex matrix operations. The nodes are susceptible to remain without memory.

4.5.2.3 Tree formation

The objective in tree formation is to find a setting of a configuration for each
group of nodes to maximize a defined metric in the topology. An example of
this formation is presented in Figure 4.9. A tree formation strategy is a known
technique to reduce the overhead and the energy consumption; it also helps
to create routes to send data through the network.

One technique for tree formation is presented by Mottola (2011), where
distributed heuristics are embodied to minimize the number of nodes involved
in routing; furthermore, there is load balancing strategy using information
available in a one-hop neighborhood. A tree formation strategy is used to build
the best available route to the sink nodes; for this purpose, multiple routes
are mixed into a single one to send information to different sink nodes and
to assure loaded balanced routes. The technique neither considers the density
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of the network nor the transmission of excessive messages, nor depletion of
energy in the routing formation nor reconfiguration.

Guan (2006) proposes an Information Selection Branch Grow Algorithm,
which achieves a higher network lifetime and reduces the end-to-end network
delay. The base station is defined as a sensor node that is connected to a
gateway (data sink) with a wired cable; the nodes cannot be selected as the
base station; it is assumed that every base station has an unlimited supply
of power and possesses high computational capabilities. Every base station is
treated as the center of a grid and the connection is made by cables; in a real
scenario, this can be done only when there is an ideal environment.

The proposed algorithm uses a tree topology and develops branches where
leaf nodes are closer to the base station according to the minimum number
of hops; the base station is chosen according to metrics considering lightest
weight, the smaller number of child nodes, the minimum degree of freedom,
and so on.

The aim is to build a balanced tree to achieve energy balancing. For this
purpose, a balanced criterion is considered when all branches of the base sta-
tion have an equal number of child nodes. The algorithm selects the potential
branch to grow, and all nodes send a broadcast with its neighboring informa-
tion eventually. In this proposal, loss of messages is not considered.

In Bandara and Jayasumana (2007), a concept of Virtual Sensor Networks
(VSNs) to provide a protocol to support the formation, usage, adaptation,
and maintenance of sensors is presented. These sensors collaborate on spe-
cific tasks. A VSN is a subset of sensor nodes dedicated to a certain task or
application defined at a given time. Thus, the remaining nodes which do not
belong to the formation provide support functionality to create, maintain, and
operate the VSN. As the nodes in a VSN may be distributed over the virtual
network, they may not be able to communicate directly with each other.

The formation of a VSN is a tree, where the root is a defined sink and the
major functions of VSN can be divided into two categories: VSN maintenance
and membership maintenance. The membership in a VSN is dynamic, and
the communications among VSN nodes frequently rely on whether or not it
is currently a member of a VSN. The VSN maintenance functions include
the following: the management of nodes entering and leaving VSN, broadcast
joining two VSNs, splitting VSNs, and originating contours of boundaries.

Many nodes can remain without performing any activity in any stage of
the network; also, the energy consumption for VSN formation is not taken
into account. The broadcasting method is expensive and the authors do not
consider reconfiguration.

4.5.2.4 Ad hoc formation

Certainly, one of the most important advances in the current proposal has been
the self-organization approach in which the nodes are considered autonomous
and they decide the actions to perform according to its local information; the
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nodes also interact with the neighbor nodes. The aim is to achieve collective
tasks that exceed its individual capabilities (Figure 4.10).

The examples of these techniques are found in nature (insect colonies, bio-
logical cells, the flock of birds, the foraging behavior of ants, etc.) (Mamei et
al., 2006; Schmeck et al., 2010). Finally, distributed multisink approaches sup-
port large density scenarios without compromising the network performance.

A multihop architecture ICatchYou is proposed by Silva et al. (2009); it
provides self-configuration abilities and allows easy and quick integration of
nodes in the network. Self-configuration procedures are required to support
the deployment of a random multisink.

ICatchYou performs two processes: registration and updation of informa-
tion. The sink nodes should be accessible from conventional IP networks,
providing the measured data in real-time for remote destinations, and allow-
ing a simpler management and interoperability with the WSN. Depletion of
the energy is not considered and the efficiency of the nodes depends on the
link quality.

In Kiri et al. (2007), a system for gathering data from sensor networks with
multisink configurations is presented; the strategy is inspired by the swarm
intelligence of ants, in which each sensor node determines its next action
through repeated interaction with its neighbors. Clustering and routing strate-
gies emerge in a self-organized manner. The authors focused on the problem of
the communication from the sensor to the sink nodes; the number of sensors
is equal to the number of clusters in the environment. Data processing and
energy consumption are not considered. If a sink fails, the cluster is unable to
collect data. Data collection over an area may be impossible due to cluster-
level power depletion, where a number of events occur in a particular area.
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_~ Bidirectional link

Base station (BS) or
sink

FIGURE 4.10
Ad hoc formation.
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In Carlos-Mancilla et al. (2015), a technique for formation and network-
ing operation in multisink environment algorithm is proposed. The nodes only
use local information in the whole process. The algorithm is divided into three
main stages: First, the backbone formation, which is based on self-organization
and clustering strategies. This stage allows low energy consumption, informa-
tion redundancy, and robustness. In the second stage, the sink nodes launch
tree formation using a load-balanced strategy. Finally, in the third stage, the
nodes sense and collect the data from the environment according to the role
of the node, and the data are sent to the assigned sink node. It is assumed
that a finite number of static nodes are randomly deployed in a multisink
environment without any a priori information.

4.6 Theoretical Comparison of Multisink Techniques

4.6.1 Advantages and drawbacks in centralized
multisink approaches

The advantages of centralized techniques are: the ability to handle an entire
network from a unique device. This device has access to the information and
usually to the location of all nodes. Normally, whether an event emerges, this
can be controlled by easily interacting the surrounding nodes and sending the
data to a target or sink node; the conflicts that may arise during transmissions
and reception are avoided.

The routing is chosen considering the properties and behavior to the whole
network and environment; it is easily calculated. The optimal sink positions
can be known, taking into account metrics such as distance between nodes,
network density, amount of energy, hops, and location between the nodes,
among others. The energy consumption can also be measured using an opti-
mization method and controlling the number of transmitted messages. Recon-
figuration in centralized techniques is easy to implement, and the resources
are synchronized to be available for other nodes.

The drawbacks of these techniques include excessive energy consumption,
given that every time the node has to transmit something because nodes need
to know the destination node of the message. Usually, GPS or triangulation
techniques are used on every node to localize them, which implies a lot of pro-
cessing and energy depletion. Memory constraints are not taken into account,
and usually, these techniques suppose ideal behaviors of nodes in the network,
which implies a loss of messages; besides, obstacles and interferences are not
considered.

In these techniques, the reconfiguration requires more network resources
with a high energy cost. The network does not support high density of nodes,
because of the large amount of information generated in the network. The
connectivity of the network is not always assured, because in this kind of
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application, it is usually decided to connect defined nodes instead of the com-
plete network; robustness and reliability depend on the application. Robust-
ness is easy in regular nodes, but it becomes difficult when the central device
suffers a failure; if this happens, the network collapses.

The central device is responsible for repairing a failure. Failure recovery
is difficult for some nodes since full recovery is required; besides, the central
device requires all information in the environment.

4.6.2 Advantages and drawbacks in distributed
multisink approaches

Nowadays, distributed approaches are the most used techniques; they have
been characterized to be one of the robust and reliable approaches in WSNs.
The main difference with the previous technique is that every node in this
approach is responsible for its actions.

The main advantages are: the information is local, which means that a node
only keeps information of its neighborhood (one or two hop neighbors). Dis-
tributed algorithms are considered scalable. Reconfiguration is made locally
on the affected part, since nodes are autonomous; the decisions are made by
every node according to its position, its activity, or the roles defined in the
network; some of these roles include event detection, routing, data collection,
topology formation, sensing and information processing, among others. All
this process is based on the available information in the coverable area, be
either the distance between nodes or the number of hops.

When a node dies, the network will remain in operation and the per-
formance is not affected considerably. The distributed approach allows deal-
ing with noisy environments including obstacles. The energy consumption is
reduced by every node; usually, the routing starts if an event is detected or
there is a target to follow, which implies there is no unnecessary depletion of
energy. One of the best results has been obtained for the combination of the
best features of distributed and multisink approaches.

The drawbacks in distributed techniques are: the nodes can deplete a lot
of energy if the organization is not well established. Also some routing mecha-
nisms are susceptible to suffer loss of information if the route does not consider
recovering from failures. Reconfiguration is complex because the nodes only
have local information and no single global optimization can be measured.
Also, the connectivity of the entire network cannot be assured, and node
mobility requires more energy.

4.7 Concluding Remarks

In this chapter, relevant works on distributed and centralized multisink WSNs
have been reviewed. It presents the evolution, design, and implementation of
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some important WSN techniques in the last years and the most used protocols
and standards to improve the sensor applications.

Some metrics can affect the performance of centralized and distributed
networks, such as the number of hops to get to a target or specific device,
the number of retransmissions, the flow rate, the link quality, and the number
of devices. For this reason, it is possible to claim that the application and a
good technique rely on the available resources. Thus, the description of a good
strategy that increases the performance of the network reduces the number
of available resources to prolong the lifetime of the network according to the
environment where the network will be implemented.

One has remarked that distributed solutions are preferred over cen-
tralized ones, since distributed techniques support scalability, autonomous
nodes, deployment, and elimination of nodes; also, it is possible to use self-
organization strategies inspired from nature, in which the interaction is made
only with neighbor nodes.
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5.1 Introduction

Wireless sensor networks (WSN) and wireless body area networks (WBAN)
have enormous amount of possible use cases in various fields. For exam-
ple, environmental monitoring, healthcare, smart buildings, and smart cities
are taking advantage of low-power sensor nodes that provide data to inter-
net of things (IoT) as a part of fifth generation systems. Typically, wireless
transceiver consumes most of the sensor nodes’ energy resources [1-6]; there-
fore, a careful design must be executed for communication techniques and
protocols, to enable that the WSNs and WBANSs can be deployed for long
periods of time without battery replacement or recharging. Indeed, a huge
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amount of research work has been carried out to improve the energy efficiency
by optimizing protocols using a layered and cross-layer approach [7].

In this chapter, the focus will be on energy-efficient communication solu-
tions that can be achieved by using an intelligent hierarchical network archi-
tecture that can be used to effectively utilize heterogeneous devices, collecting
different types of sensor data from the patient’s body or environment, per-
forming autonomous networking, and providing data for the databases of the
IoT. In the hierarchical network case, energy consumption can be decreased
by utilizing a wake-up concept that enables to keep the devices at a sleep
mode as long as possible. Hierarchical architecture will be introduced in Sec-
tion 5.2. There are two different types of concepts that can be used to enable
wake up between different hierarchical layers of the architecture: duty-cycling
based radios and wake-up receiver (WUR) usage. The wake-up concept needs a
joint design of physical and medium access control (MAC) layers. The wake-up
concept design issues will be discussed in Section 5.2.2, and a generic wake-
up radio-based MAC (GWR-MAC) protocol will be introduced in detail in
Section 5.2.3.

Different types of state-of-the-art WUR solutions that can be used to
enable wake-up concept will be introduced, and their future research direc-
tions are outlined in Section 5.3. Energy efficiency comparison results for a
GWR-MAC-based hierarchical WSN architecture and conventional duty-cycle
MAC-based WSN are introduced in Section 5.4 to show that WUR-based net-
working has a remarkable potential to improve energy efficiency particularly in
the target scenarios where events occur rarely. The long lifetime of WSN and
WBAN devices will make the applications more user-friendly, and therefore
it will foster widespread deployments. Once the number of WSNs providing
sensor data for the databases of the IoT is increased, the possibilities of hor-
izontal deployment of different types of applications will be enormous. It has
been estimated that 50 billion devices and objects will be connected to the
IoT by 2020 [8]. For example, wireless medical networks have enormous pos-
sibilities to improve quality and effectiveness of healthcare [9]. Examples of
envisaged applications that can be built using the described intelligent hier-
archical architecture will be outlined in Section 5.4.

5.2 Hierarchical Architecture

The WSN architectures can be roughly divided into two categories: flat and
hierarchical. In the flat architecture case, which is the traditional approach,
all the network nodes are at the same level, and they have similar roles from
the communication point of view and, typically, also similar characteristics.
In the hierarchical network case, the nodes have different characteristics and
roles at different hierarchical layers. The flat network structure is simpler,
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but it cannot provide efficient communication, especially when the network
is composed of a large amount of nodes. The hierarchical network structure
has been found to provide more efficient communication in the case of het-
erogeneous networks, since the operation of the nodes is designed so that the
overall performance will be improved in comparison with a flat architecture.

At the early stage of WSN research, the target applications included a
homogeneous set of sensor devices, which were performing a simple sensing
task and reporting sensor observations to a central (sink) node. That star-
topology is still valid for many WSN applications. However, the development
has led to an emergence of heterogeneous networks that include different types
of devices with varying capabilities, enabling the implementation of more
versatile application scenarios. Support for heterogeneous devices is needed
in WSNs for energy efficiency, scalability, and quality of service purposes.
The network of a heterogeneous set of devices must be designed carefully to
enable efficient and reliable operation. The previously proposed hierarchical
architectures can be divided into intranetwork and in-network approaches. In
the intranetwork approach, the main design goal is efficient communication
between the WSN and backbone [10, 11]. The in-network approaches of WSNs
typically limit to two-tier topologies, where the higher tier (gateway) collects
data and forms connection to a backbone network. The lower tier nodes can be
simpler, and they save energy by communicating directly, in a star-topology
fashion, only with the gateway [12]. Several WSN protocols, e.g., ZigBee [13]
and Z-Wave [14], make a distinction between a routing (full function device)
and a nonrouting (reduced function device) device. However, that approach
also allows clustering of nodes and designating only one node at a time as an
energy-consuming higher tier node (cluster head) [15, 16]. The multitier archi-
tectures are typically designed for a specific application, e.g., hospital envi-
ronment [17], traffic monitoring system [18], surveillance [19], environmental
monitoring [20], smart home [21], or underwater acoustic sensor networks [22].

Hierarchical network’s total energy consumption can be decreased by care-
fully taking into account the characteristics of the heterogeneous devices at
different layers of the architecture. Different types of functionalities of devices
must be designed so that communication and sensing requirements can be
met while maintaining low energy consumption. From the energy consump-
tion point of view of communication, it is important to maximize the length
of the sleep mode of nodes and minimize the number of retransmissions. That
is particularly important in a heterogeneous network for the higher tier nodes,
which are the most power consuming. In addition, long sleep modes are also
important for a simple low-power node to improve their lifetime.

Intelligent hierarchical architecture for heterogeneous WSNs will be intro-
duced in Section 5.2.1. To enable energy efficiency by putting the nodes into
sleep mode, the heterogeneous hierarchical network requires a method for
awakening the nodes when required from the application point of view. For
that purpose, duty cycle-based radio is the traditional approach while WURs
have started to gain more and more research attention in recent years. Both
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approaches will be discussed in Section 5.2.2. A generic wake-up radio-based
MAC protocol will be introduced in Section 5.2.3.

5.2.1 Architecture for a heterogeneous network

Network architecture based on hierarchical levels of intelligence and usage of
wake-up concept has been introduced [23]. It can be used in various WSN and
WBAN application scenarios that include different types of devices. The wake-
up functionality is seen as a long lifetime enabler, particularly for the wireless
long-lasting (e.g., medical, surveillance, structural, environmental, and indus-
trial) monitoring systems, which have many possible application scenarios in
both private and public sectors. Due to a very wide application space, the
hierarchical architecture is designed to be flexible and scalable to varying con-
figurations [23]. Therefore, a high-level architecture which is independent of
the specific implementation techniques (e.g., radio interfaces) is defined to
enable that different application developers have the flexibility to choose the
most suitable implementation technique. The proposed high-level architecture
can be used as a starting point for the network design. In the discussed hier-
archical network case, the nodes are categorized into different architectural
layers based on their capabilities and functionalities. The high-level archi-
tecture and the functionalities offered at the different layers are illustrated
in Figure 5.1.
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High-level architecture for a hierarchical network with heterogeneous devices.
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In this design, the hierarchical layers of the architecture are named to
be meaningful as follows: elementary layer (EL), intermediate layer (IL),
advanced layer (AL), and outer layer (OL). The complexity, cost, capabilities,
and performance of the devices at different layers increase from the bottom
to the top. Consequently, the devices at the lowest layer consume less energy
than the devices at the higher layers. The objective of the intelligent hierar-
chical design is to decrease the overall energy consumption by using the low-
complexity devices for continuous event monitoring and data collection while
keeping the more power-consuming higher layer devices in the sleep mode
as long as possible. The EL nodes will wake up the higher-complexity devices
only when required. The EL devices are usually simple sensor nodes providing
basic sensing and possibly also actuation services. However, the devices at the
lowest layer are elementary from the application service point of view, since
they provide the essential data about the monitored event or object. The net-
working services offered by the EL nodes are communication with the devices
at the IL, and in the mesh network case, the EL sensor nodes can communi-
cate with each other. The simplest service which the EL node can offer is just
to send a simple message containing, e.g., a body temperature or environment
humidity value sensed by the node. The IL nodes have more capabilities, and
they can offer higher performance functionalities and sensing, such as perform-
ing electrocardiography or recording a video. The IL nodes may also perform
data aggregation for information collected from EL nodes and make decisions
based on the data by using, e.g., pattern recognition algorithms. Therefore,
the IL nodes can decide whether a sensed event is so critical that the AL
also needs to be awakened. The IL nodes offer important networking services
by communicating both with upper and lower layer devices. The AL nodes
are the most intelligent devices in the architecture, and they will eventually
collect all the relevant data from the lower layers and make intelligent deci-
sions, process data, and act as gateways between the WSN and the backbone
network. Therefore, AL devices must provide adequate service interfaces so
that the application data can be offered to the end-user through backbone.
The OL is the backbone (public or private) infrastructure providing wireless
and/or wired communication (e.g., broadband or cellular network) back-end
systems and applications servers. Since this layer is not part of the actual
WSN architecture, it is called OL in this design.

Figure 5.2 illustrates an example of application scenarios that was imple-
mented, by University of Oulu and Technical University of Tampere, to verify
the introduced hierarchical architecture principle. Subnetwork 1 illustrates a
WSN where the sensor nodes (TelosB [24]) collect data from the office envi-
ronment and send it to the embedded computer (FriendlyARM [25]), which
forwards the data to the desktop computer with an Ethernet connection to
the backbone network (Internet). Subnetwork 2 illustrates a surveillance WSN
where the sensor nodes (TUTWSN [26]) detect movements in the monitored
area and wakes up a wireless local area network camera node to record a
video once the moving object has been sensed. The wireless local area network
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Distributed heterogeneous network example.

camera node sends the video to an embedded computer, which forwards the
data to the backbone network (Internet). An authenticated end user can
access the data from different subnetworks through the Internet and receive,
e.g., automatic alarms about intruders in the monitored area. In medical
applications, this type of network with tailored sensors could, for example,
monitor elderly or Parkinson disease patient at home environment and pro-
vide alarms for the patient itself and for the nursing staff at hospital when
movements are detected in unusual or dangerous areas. Patient’s WBAN can
be also implemented using hierarchical architecture principle. The information
collected by WBAN would provide useful information about the patient state,
for example, when the monitoring network has triggered the alarm and caught
medical persons to pay attention to the patient due to a detected event (DE)

5.2.2 Wake-up concept

As was described earlier, the idea of the energy-efficient hierarchical archi-
tecture is to keep the most power consuming nodes in a sleep mode as long
as possible. For that purpose, there is a need for a low-power wake-up con-
cept, which can be implemented using a specific WURs or using a duty-cycled
MAC protocol.

The design of wake-up concept must take into account physical and MAC
layer characteristics. The wake-up signal (WUS) transmitted through the
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physical medium must be designed to enable that it can be detected by using
low-power consuming components at the WUR, whose design options are dis-
cussed in detail in Section 5.3. There are different types of MAC protocols
that try to improve energy efficiency. Their efficiency depends on the appli-
cation characteristics, since different types of networks require different types
of solutions. Indeed, the scalability and adaptability to network changes are
important MAC protocol design objectives, because in that way the protocol
performance can be ensured in many types of scenarios. MAC protocols must
be designed to take care of the packet collision avoidance, idle listening, and
overhearing with minimum control overhead. Packet collisions must be avoided
to keep the number of retransmissions low. Idle listening occurs when radios
listen to the channel redundantly, and when there are no incoming transmis-
sions. Retransmissions and control overhead decrease data throughput and
increase energy consumption because redundant bits need to be transmit-
ted. Consequently, the available sleep time of the sensor nodes also decreases.
Overhearing should be avoided so that only the target nodes will receive and
decode the packets.

Most of the proposed sensor network MAC protocols are duty-cycle based,
i.e., the radios have a definite sleep/awake schedule that is followed. The
MAC protocols can be divided into synchronous and asynchronous categories.
Duty-cycling principle is illustrated in Figure 5.3a for synchronous case, and
in Figure 5.3b for asynchronous case. Synchronous protocols schedule the
sleep/awake periods so that the nodes which are expected to communicate
with each other are awake at the same time. Synchronous protocols typically
require a centralized control and use clustering of nodes, and inside each clus-
ter, there is a common sleep/awake schedule which is controlled by the cluster
head. Asynchronous protocols include methods for communications between
the nodes that have different sleep/awake schedules.

Asynchronous communication is enabled using a sender- or receiver-
initiated communication. In the sender-initiated case, the data source will send
a preamble before data transmission. Once the receiver detects the preamble,
it will continue the listening to receive the data packet that will follow the
preamble, as illustrated in Figure 5.3b. If the receiver does not detect a pream-
ble, it will go back to the sleep mode. In the receiver-initiated case, the receiver
will use probing to query for potential transmissions. In each case, the idle lis-
tening will occur if there is no incoming transmission when the nodes wake up
to listen to the channel according to their schedule. Idle listening is expensive
from the power consumption point of view because the transceivers should be
in the sleep mode as much as possible to save power.

Recently, wake-up radio-based MAC solutions have gained attention due to
their energy efficiency superiority, particularly in applications with rare events
and transmissions [27-30]. The wake-up radio principle has been illustrated
in Figure 5.3c. In this case, the data transceiver can be in the sleep mode
until there is incoming data packet to be received from some other node. The
WUR of the source node will notify the target node(s) by sending a WUS.
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After receiving the WUS, target node’s WUR will trigger wake up of the main
transceiver for data packet reception.

Duty cycle-based MAC protocols work well in many WSN applications
but not in applications where the monitored events, and communication, occur
rarely. A drawback of the duty-cycle approach is idle listening, which increases
energy consumption and should thus be avoided if possible, i.e., the duty-cycle
radios (DCRs) will listen to the channel unnecessarily if the event-reporting
frequency is lower than the duty cycle. Idle listening can be decreased by
setting the duty cycle low when the traffic load is low. Adaptive duty-cycle
protocols have been proposed for that purpose. However, low duty cycle will
increase the communication delay and may not be able to satisfy the applica-
tion requirements.

WURs [31-62] can be used to avoid the idle listening problem while allow-
ing energy-efficient and low latency operation. The WUR can continuously
detect the WUS when it is in the ultra-low-power standby mode. The com-
munication delay can be avoided when the event occurs and there is data to
transmit. Therefore, WURs have the potential to decrease energy consump-
tion in comparison with DCR-based networks. WUR design approaches will
be discussed in more detail in Section 5.3.

5.2.3 A Generic-level WUR-based MAC for hierarchical
architecture

A generic WUR-based MAC (GWR-MAC) protocol, which is based on dual-
radio approach, is introduced to enable idle listening avoidance in sensor net-
work applications [27]. In the dual-radio node architecture case, nodes include
WUR and main data radio, as illustrated in Figure 5.4. The GWR-MAC
protocol is not restricted to any specific WUR technology or data radio tech-
nology. Two different options for the wake-up procedure are defined for the
GWR-~-MAC protocol: source-initiated and sink-initiated. The data transmis-
sion period of GWR-MAC can be implemented by using different types of
channel access methods, as will be explained later.
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FIGURE 5.4
Sensor node architecture for dual-radio approach.
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In the source-initiated mode, the sensor node(s) will wake up the sink node
from the sleep mode by transmitting WUS, as illustrated in Figure 5.5. To
decrease the probability of WUS collisions, a random (or predefined) delay for
WUS transmissions can be used. The WUR of the sink node will receive the
WUS and generate a wake up via microcontroller (MCU) to the main radio.
The sink node’s main radio will then broadcast a beacon (BC) message to
initiate transmission period for the sensor node(s) according to the channel
access procedure, which can be based on different methods suitable for differ-
ent scenarios. The beacon message is, at the same time, an acknowledgement
(ACK) to the sensor node(s) that the WUS has been received by the sink. If
the sensor node does not get the beacon message, it will retransmit the WUS
after a random back-off period. The WUS transmission procedure is therefore
similar to the Aloha channel access with a random (or predefined) delay for
the first transmission. Once the beacon message is received, the sensor node(s)
will send the data packet(s) to the sink during the transmission period using
the channel access method informed in the beacon message. This mode of
the GWR-MAC protocol is therefore a combination of the source-initiated
wake-up procedure and the following channel access control method for the
transmission period.

In the sink-initiated mode, illustrated in Figure 5.6, the sink node will wake
up the sensor nodes from the sleep mode by sending the WUS using broadcast,
unicast or multicast. It depends on the used WUR technology, whether it is
possible to use addressing to wake up only certain sensor nodes or whether
broadcast should be used. When the sensor node receives the WUS, it will send
an ACK message to the sink. The sink node knows that the WUS has been
detected correctly and sends the beacon-containing information about the
following transmission period. Data transmissions are then performed during
the transmission period, and once they are finished, all the nodes have entered
the sleep mode.

Typically, the data flow is from the sensor node to the sink node. However,
the transmission period can also be dedicated to the sink node to transmit
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data to the sensor node(s), if, for example, a wireless software update or recon-
figuration of sensor node(s) requires it. Therefore, in Figure 5.6, it is illustrated
for the sink-initiated case that the transmission period can be dedicated to
the sensor node(s) or to the sink node to transmit data packets. The sink
node can determine in the beacon the upcoming transmission period chan-
nel access mechanism, timing, and scheduling information. Different channel
access methods can be used for the transmission period management. When
the transmission period is finished, all the nodes will enter the sleep mode and
the next transmission period will take place after the next wake-up procedure.

For the transmission period channel access, one option is to use a
contention-based MAC. In that case, the nodes compete for channel access
and transmit packets according to the contention-based MAC principle. For
example, in the Aloha case, nodes transmit when they have a packet to trans-
mit. If the packet is not successfully received, then the retransmission policy
defines either that the packet is discharged or retransmitted. For example, in
the Aloha case, the unsuccessful packet will be retransmitted again after a
random back-off period if the ACK is not received during a certain time. In
addition, other contention-based methods, e.g., carrier sensing multiple access
with collision avoidance, etc., can be used during the transmission period.
Another option is to use contention-free scheduled methods, e.g., time divi-
sion multiple access (TDMA )-based protocols, guaranteed time slots defined
in the IEEE Std. 802.15.4 [63, 64] and scheduled access mode of the IEEE Std.
802.15.6 [65] or ETSI SmartBAN MAC [66]. The requirement for the usage
of contention-free methods is that the sink node assigns dedicated time slots
for each sensor node. The sink node does not have information about which
nodes have a packet to transmit, and therefore, the channel resources may be
wasted. In an ideal contention-free case, collisions will not occur if the nodes
are perfectly synchronized and follow the schedule.

The described GWR-MAC protocol principle is suitable for different types
of application, since it defines a bidirectional wake-up procedure between the
sensor nodes and the sink. In addition, it enables the usage of different channel
access methods for the transmission period. The described GWR-MAC is a
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general-level framework for short-range networks that take advantage of the
wake-up radios. It depends on the application scenario which mode of the
GWR-~-MAC protocol should be used. For example, in some applications, only
the source-initiated case may be used, and then only the sink node should be
equipped with a WUR. In some scenarios, there can be a need that only the
sink node must be able to wake up sensor nodes. In that case, the sink-initiated
mode would be used, and only the sensor nodes must be accompanied with
a WUR. Some application scenarios require both modes of the GWR-MAC
protocol. In such cases, all the network nodes must be equipped with a WUR
and data radio, as was illustrated in Figure 5.4. In recent years, WUR-based
MAC solutions have gained researchers’ attention and other similar type of
solutions, which can be used in a hierarchical network context, and have been
recently discussed and reviewed [29, 30].

5.3 Wake-Up Receiver Solutions

WUR designs have progressed substantially in the last decade, and they might
be utilized in various IoT applications in the near future. The current designs
consume power well below 100 W, which is already over hundred times less
than a typical commercial radio frequency (RF) transceiver designed for WSN
consumption. Low power consumption enables a node to listen the channel
constantly for years with a single coin size battery. But due to the tradeoff
between power consumption and sensitivity, sensitivities of WURs are usually
considerably worse compared with commercial RF transceivers. Consequently,
to reach the WUR and the RF transceiver of the node, more transmit power
is needed to transfer a WUS to the WUR than to transmit data to the RF
transceiver.

Receiver design always includes tradeoffs regarding, e.g., data rate, power
consumption, and sensitivity. The two main performance comparison met-
rics of the proposed solutions have been power consumption and sensitivity,
followed by data rate. In some works, energy per bit is also used as a com-
parison metric. However, utilized wake-up packet lengths are usually only few
bytes in size, so receiver’s active power consumption becomes more important
than energy per bit. Also due to the small size of the wake-up packet, it is
transmitted reasonably fast even with low data rates. Later, we discuss in
detail the different receiver architectures that can be used for WUS detection.
Furthermore, future research directions will be outlined.

5.3.1 Wake-up receiver architectures

Data receivers typically use direct conversion architecture, but due to the
challenges of flicker noise and DC offset, they are rarely used in WURs.
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Typical wake-up receiver architectures: (a) RF envelope detection, (b)
uncertain-IF, (c) matched filter, (d) injection-locking, (e) superregenerative
oscillator, and (f) subsampling.

Also common superheterodyne receiver architecture has been proposed to be
used as a WUR. However, in those solutions, duty-cycling is often employed,
and active power consumptions of different superheterodyne solutions are
significantly more than in WURs based on other architectures. Because of
the demanding requirements of power consumption and sensitivity, receiver
designers have proposed many different receiver architectures for WUR
purposes. Figure 5.7 shows the block diagram of most common architectures,
which are based on RF envelope detection (RFED), uncertain-intermediate
frequency (IF), matched filter, injection-locking, superregenerative oscillator,
and subsampling.

Being the most straightforward option for energy detection, the RFED
architecture is the most commonly used solution. In the RFED-based
receivers, local oscillator is not needed since the envelope of the RF signal
is detected and the signal is therefore directly down converted to baseband.
The envelope is detected from a wide bandwidth. Therefore, the incoming
signal is band pass filtered to ensure low noise at the envelope detector input.

Accurate RF synthesizers typically consume too much power to be used in
WURs. The uncertain-IF receiver architecture utilizes synthesizer that con-
sumes low power at the cost of poor frequency stability. After the signal is
down converted, the signal is located in a wide frequency range. Wideband
amplification is typically used to improve signal-to-noise ratio (SNR) followed
by envelope detection.
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Majority of WURs use narrowband WUSs even though in-band interfer-
ence is a major challenge for receiver architectures that are based on received
signal power. With a spread spectrum technique, the signal is spread in fre-
quency domain, which makes it more resistant against interference due to
spreading gain that will be achieved by dispreading the signal at the receiver.
To dispread the spread spectrum signal energy efficiently, e.g., passive surface
acoustic wave matched filter can be used. Low-power consumption is achieved
at a cost of sensitivity due to high insertion losses of the surface acoustic wave
matched filter.

Receiver based on injection-locking architecture has an oscillator that locks
to a received carrier frequency if it is close to the oscillator’s natural oscilla-
tion frequency. If injection locking does not occur, but the carrier frequency
disturbs the oscillator, it will be seen at the oscillator output. This is called
injection polling. Hence, injection-locking receivers are usually used to detect
frequency shift keying (FSK)-modulated signals.

The superregenerative receiver is based on power detection. Oscillation
start-up time in a superregenerative oscillator correlates with the received sig-
nal strength. By detecting time difference between oscillation start-up times,
a simple low-power receiver that has large gain can be built. Superregenera-
tive oscillator architecture block diagram shown in Figure 5.7¢ has a low noise
amplifier (LNA) at the front end, because it is needed to isolate feed through
from oscillator to antenna, and it also amplifies the signal. It depends on
superregenerative receiver characteristics that how much the oscillator emits
to surroundings. If emission is larger than regulations allow, isolation must
be implemented. LNA can be added at the front end of other architectures
as well, which would give gain at the cost of power consumption. Typically,
in WURs, amplification is rather done at IF than in RF because it is more
power friendly.

Subsampling-based receiver architecture down converts the signal with a
discrete-time sampler instead of with a continuous-time mixer. Input signal
is mixed with harmonic components in the discrete-time sampler, producing
replicas in multiple frequencies that gives more freedom to select an appro-
priate IF.

Different WUR designs are compared in Figure 5.8, where the trade-
off between sensitivity and power consumption is clearly illustrated. At the
moment, there is no superior architecture that would be clearly more suitable
for WUR purposes in comparison with other solutions.

5.3.2 Future research directions

WUR sensitivities vary from —40 dBm to around —90 dBm in designs that
have active power consumption less than 50 W, whereas typical commercial
short-range transceiver usually has a sensitivity of at least —95 dBm. There-
fore, there is still work to be done to reach the gap between WURs and data
transceivers. If the wake-up range is lower than the data radio range, the
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usage of wake-up signaling will require higher node density in the network or
higher transmit power. The gap becomes even larger issue if one would like to
integrate WURs to low power wide area network (LPWAN) sensor nodes. In
LPWAN, wireless communications range outdoors can be more than 10 km
[67], and in indoors, one base station can cover a large real estate [68], whereas,
in a traditional WSN communication, range of the sensor node is usually some
tens of meters [69]. Figure 5.9 shows the main differences between the WSN
and LPWAN. An application for LPWAN, where utilizing the WUR would be
beneficial, could be, e.g., remote patient monitoring. Sensor nodes can be con-
figured to report periodically patient’s well-being directly via a remote base
station, which enables that patient does not need to carry gateway device. In
normal conditions, sensor nodes can be configured to transmit patient’s vital
data to the base station couple of times per day, but if the patient’s physical
condition has some alarming signs, and doctor needs data more frequently,
the WUR usage enables that the reporting frequency could be changed with
low latency. It is expected that this kind of situation occurs rarely; there-
fore, it is assumed to be more energy efficient to use nodes that are equipped
with WUR instead of using duty-cycling based MAC protocol. To achieve 10
km range with transmit power according to regulations, commercial LPWAN
transceivers are operating in sub 1 GHz bands, and they are designed to be
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FIGURE 5.9
Main differences between the WSN and the LPWAN.

highly sensitive. For example, SX1272 transceiver by Semtech [70] achieves
a sensitivity of —137 dBm at a data rate of 300 bps. Semtech is part of the
LoRa alliance [71], which is targeting to standardize solution for the LPWAN.
Another important player in the LPWAN field at the moment is Sigfox [72].
Sigfox’s technology-compliant transceivers, such as the AX5043 by Axsem [73],
have similar performance than the SX1272. Most of the WURs found from the
literature have much higher data rates, from 100 to 350 kbps. One direction
for future WUR research could therefore be the sensitivity improvement at
the cost of data rate. Since the length of the wake-up packet is usually in the
order of few bytes, the WUS can be transmitted sufficiently fast even with
low data rates while maintaining energy efficiency.

The world is rapidly evolving into a networking society where more and
more wireless devices communicate with each other. Gartner, a technology
research and advisory firm, estimated in 2014 that there will be 26 billion
ToT-based devices in 2020 [74]. ABI Research, a technology market intelligence
firm, estimated the number of devices to be 30 billion [75] and Cisco estimate
is that 50 billion devices and objects will be connected to IoT by 2020 [8].
These estimates show that the IoT market will be huge. Assuming that most
of the devices will be wireless, the number of radios can be even higher since
a device might be equipped with multiple radios. More wireless devices mean
that there will be more interference, but on the other hand, new millimeter
wave bands will be exploited that will ease the situation. More interference
will be harmful, especially for the RFED architecture, since it is based on
energy detection. This should be taken into account while planning future
research activities related to WURs.
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WUS generation and transmission are often neglected in the WUR design
and energy efficiency performance evaluation. However, since OOK is the most
common modulation method being used, it can be generated with most of the
commercial transceivers. Also, data rate can be usually configured to match
receiver’s rate. In LPWANSs, the base stations are already being installed all
around the world by SigFox and Lora alliance; therefore, the hardware changes
would be expensive. To make WURs as a widespread technology in the future,
integrating WURs to existing and future IoT networks should get more atten-
tion in the research.

|
5.4 Energy-Efficient Target Scenarios

5.4.1 Application scenarios

The hierarchical architecture is scalable for various application scenarios that
are deployed using heterogeneous devices. However, wake-up radio-based hier-
archical architecture is targeted especially to applications that require com-
munication rarely and in addition require a low latency reaction to events.

A very good example is an area surveillance network. In that case, the
motion detection sensor (e.g., passive infrared) nodes are continuously mon-
itoring the environment to detect intruder movements in the sensing area.
Once the event is detected, sensor nodes must be able to report event rapidly.
In the energy-efficient hierarchical architecture case, it means that the next
layer in the hierarchy must be awakened with a very low delay. If the event is
detected to be critical, the highest layer also will be awakened and an alarm
will be generated to the user through the backbone. Another example is struc-
tural monitoring of, e.g., bridges or buildings. In that case, the condition of
the monitored structure can be queried rarely. On the other hand, the sensor
nodes can send alarm if some critical changes have been detected. Also in that
case, the sensor nodes can perform continuous monitoring and wake up the
higher layer node only when required to enable long lifetime for the network
nodes. Hierarchical wake-up radio-based architecture can as well be utilized
for WBAN and industrial applications. In WBAN case, the wake-up radios
could be equipped, for instance, to implants and on-body nodes that must have
very long lifetime once installed into human body. In industrial applications,
WUR-based nodes can be installed to monitor, e.g., pipe valves or certain
parts of engines. For military and critical infrastructure scenarios, there are
also many use cases for hierarchical WUR-based network architecture, since
there is a need for different types of longtime monitoring applications, e.g., for
surveillance, reconnaissance, and security purposes. Figure 5.10 summarizes
example applications and communication and sensor technologies that can be
used in their implementation.
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FIGURE 5.10
Examples of hierarchical WSN architecture application areas and techniques.

5.4.2 Energy efficiency comparison of
wake-up mechanisms

This section introduces an energy efficiency comparison of WUR- and DCR-
based wake-up mechanisms discussed in Section 5.2.2. The intelligent hier-
archical operation is assumed for both WUR and DCR approaches, i.e., the
lower-layer devices of the hierarchical architecture are performing continuous
sensing and will wake up the higher layers when required. At first, the compar-
ison is done with different duty-cycle and event-frequency values in a typical
surveillance scenario for critical infrastructure protection, which corresponds
with the case of subnetwork 2 in Figure 5.2. For both approaches, source-
initiated communication is assumed, i.e., the focus is on the scenario where
the sensor nodes have sensed something and trigger the wake up of the higher
layer. The used analytical model can also be applied to other WSN scenarios
with layered hierarchical architecture, but in that case detailed assumptions
must be adjusted to match the particular application under evaluation. As an
example of that, energy comparison results for a two-tier WBAN case using a
sink-initiated GWR-MAC will also be introduced in this section. In addition,
in the end of the section, the results of WUR design tradeoff effect to energy
consumption will be discussed.
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In the DCR approach, each layer’s low-power transceivers need to wake up
and sleep according to a predefined schedule. It is assumed that the nodes in
each network layer have low-power radios (e.g., IEEE Std. 802.15.4-based) for
duty cycling to enable the wake-up mechanism. In the DCR-based network
case, the transmitter sends a DE message to inform the node at a higher layer
that it should stay awake. If a higher-layer node receives a DE message during
the duty cycle listening, it will stay on, send an ACK message, and wait for a
data transmission.

In the WUR-based network, WUSs are used to activate the other layers
when needed. The GWR-MAC protocol introduced in Section 5.2.3 is used in
the WUR-based networks. In the surveillance network case, the lower layer
transmits the WUS, and the higher-layer node sends back a beacon message,
as described in the GWR-MAC protocol’s source-initiated mode definition.
Then the lower-layer nodes can send their data to the higher-layer node. The
same GWR-MAC wake-up procedure is used for the EL to wake up the IL
and in turn the IL to wake up the AL. In the WBAN example case, the sink
node transmits a WUS to a sensor node when it needs to be awakened to
receive a message. Once awakened, the sensor node will send ACK back to
the sink. The sink node will then send data (or control) message back to the
sensor node(s).

Authors have originally proposed an analytical model, which can be used
to compare the energy efficiency of the GWR-MAC-based and conventional
duty-cycle MAC (DCM)-based networks as a function of number of events
in a hierarchical network for surveillance scenario [23].The energy efficiency
comparison takes into account the energy consumption of the node’s core com-
ponents: microcontroller unit, transceiver, and sensors. A low-power microcon-
troller typically has the active, standby, and sleep modes. The transceiver has
the transmit (Tx), receive (Rx), idle, and sleep modes. The active Tx and Rx
modes are the most energy-consuming parts. Therefore, it is important to put
the nodes into sleep mode when possible. The sensing component consists of
sensors and analog-to-digital (A/D) converters. The sensing component has
different modes that affect energy consumption, e.g., sensor warm-up, active
mode, and settle time of the A/D converter. The dominating energy consump-
tion factors of each transceiver’s components are taken into account: wake-up
signaling, data transmission, and reception; MCU; and sensor active mode cur-
rent consumption. The relevant energy consumption characteristics, affecting
the WUR and DCR energy efficiency comparison, are then addressed. How-
ever, energy consumption during network initialization and run-time manage-
ment (e.g., communication required for synchronization and routing) are not
taken into account.

The energy efficiency equation for the WUR and DCR network comparison
is defined as [7, 23]

min(E(e, A, ¢, 5))

n(ga)‘atvﬁ): E(€ Mt ﬂ)

(5.1)
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where F is the network energy consumption over time period ¢, € is the number
of events during ¢, A is duty cycle, and § is bit error probability. In this case,
the event means that nodes have a data packet to send for a hub about the
sensed event. In eq. (5.1), the minimum of F is calculated over the duty-cycle
value set A = [0, 1]. Note that A =1 corresponds to the WUR case, since the
receiver is listening the channel continuously. The metric introduced in eq.
(5.1) defines the maximum energy efficiency to be one and enables comparison
of the WUR- and DCR-based networks.

The total energy consumption during the operation time, ¢, as a function
of number of events and bit error probability, for WUR-based network layers
(EL, IL, and AL) can be calculated as

Ewur(et,8) = EFX(t) + Exicu(e, 1) + Brx,wus(&,t, 8) + EwaitBo(e, 1)

+ Erx,pe(e,t) + Ec(t) + ETyp(e,t, B) + Ea(t)
Ewur(e,t, B) = EF(t) + Exicu(e: t) + Erxowus(e,t, 8) + Erxpo(e, t)

+ Eyait,Bc(€,t) + Erx,Bc(e, ) + Erx,wus(e,t,8)  (5.2)

+ Ec(t) + Eax(t) + Erep (6,1, 8) + Eigy p(e. £, )
Egir(e,t, 8) = Extéul(e,t) + Erxwus(e,t, 8) + Erxol(e, t) + Eo(t)

+E61k( )+ETXD(€7t7B)+ERXD(€ ﬁ)a

where Bty wus is the energy consumption of WUS transmissions, Frx wus is
the energy consumption of WUS receptions, Erx pc is the energy consumption
of beacon transmission, Fyait,Bc is the energy consumption of beacon listening,
Erx,Bc is the energy consumption of beacon receptions, Ec is the constant
energy consumption of WUR, and Ej is the energy consumption of the clock
needed to maintain the time synchronization. EY is the energy consumption
of sensing, Eyjcy is the energy consumption of MCU, EF, i, and ER, , and
are the energy consumption of data transmissions and receptions, respectively,
calculated separately for each layer (i.e., z is EL, IL, or AL).

The total energy consumption during ¢, as a function of number of events,
duty-cycle percentage and bit error probability, for DCR-based network layers
(EL, IL, and AL) can be calculated as

Efér(e; A t, 8) = EXM(t) + Ehiu (e, 1) + BRY po(A 1) + Eax(t)
+ EXcpr(e,t, ) + Erype(et, 8) + Exp(e,t, B)
Ebcr(e, A\t B) = EXM(t) + Eyjey(e,t) + Eg?c,Dc()\at) + Ee(t) (5.3)
+ ERipe(: 1, 8) + Etxpe(e,t, 8) + Exy pr(e, ¢, B)

+ EIIXI)J(,BC(57 t7 ﬁ) + E’Il"I;(,D(E7 ta 6) + E%{[)‘(,D(E7 ta 5)
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where A is the duty-cycle percentage, Ef, p¢ is the energy consumption of
channel listening according to the duty cycle, Ef, pp and ER, pp and is the
energy consumption of DE message transmission and reception, respectively,
when z is EL, IL, or AL. Depending on the duty-cycling based MAC protocol
features, the DE message can be replaced, e.g., by using a preamble before
the data packet.

By multiplying the energy consumption of different layers nodes at WUR-
based network (eq. 5.2) and DCR-based network (eq. 5.3) with the number of
nodes at each layer, the network total energy consumption during operation
time, ¢, can be easily derived. Interested reader can find more details about
the network energy consumption derivation from Refs. [7, 23].

Figure 5.11 shows network total energy consumption comparison results,
which are calculated using the parameters chosen to represent typical values
for nodes equipped with WUR, IEEE Std. 802.15.4, and IEEE Std. 802.11b
communication interfaces and sensors, as described for the surveillance sce-
nario. The number of nodes at the EL is 100, and the number of nodes at the
IL is 10, i.e., there is in average 10 sensor nodes assumed to be associated with
one IL node, which acts as a coordinator node for the sensor nodes. It can be
seen that, in the WUR-based network, energy consumption is drastically lower
with the whole range of studied duty-cycle values when the event frequency
is low. For the lowest number of events case, the energy consumption gain
of the WUR approach is more than two orders of magnitude in comparison
with a DCR with A = 5%. For the highest number of events per hour, DCR
has energy consumption gain of 12% with the smallest duty cycle percentage
value. More details about the analytical model, parameters, and results can
be found in Ref. [23].

In Refs. [28, 76], authors have shown that hierarchical architecture and its
analytical energy efficiency model introduced in Ref. [23] can also be applied
for WBAN scenario. Further, in Ref. [69] the wake-up radio and DCR-based
network energy consumption comparison is discussed in WBANs case. WUR
and DCR energy efficiency comparison results, which are calculated using four
different WUR parameters, are shown in Table 5.1. Typical state-of-the-art
performance values are used in WUR1 and WUR2 for power consumption and
sensitivity. WURS3 sensitivity is set to be the same as for DCR transceiver [77].
In the WURA case, the assumption is that sensitivity can be improved by using
very low data rate while remaining at very low Rx mode power consumption.
In the calculations, it has been assumed that data packet payload is 255
bytes and communication is error free (8 = 0). More details about the used
analytical model can be found in Ref. [28].

The energy efficiency comparison results for WUR- and DCR-based
WBANS as a function of number of events per hour is presented in Figure 5.12.
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TABLE 5.1

Parameters Used for Different Radios in the Energy Efficiency Comparison

IoT and Low-Power Wireless

Duty cycle (%)

Radio Sensitivity Tx Power

WURI1
WUR2
WURS3
WURA4
DCR

(dBm)

—70
—80
-95
-95
-95

(dBm)

—10
—25
—25
—25

Data
Rate

200 kbps
200 kbps
200 kbps
300 bps

971 kbps

Power Consumption

Tx Mode
[77] (mW)
52.2
33.9
25.5
25.5
25.5

Rx Mode

5 uW

10 uW

50 uW

5 uW
56 mW [77]

It can be observed that the GWR-MAC-based network outperforms the DCM-
based network’s lowest duty cycle (A = 0.5%) case when the number of events
is less than 12 per hour. When compared with DCM network with A = 3%, the
GWR-~-MAC-based approach is more energy efficient if the number of events
is below 60 per hour. The results for different WURs shows that WUR’s Rx
mode power consumption has remarkable effect to the total energy efficiency,
since it is continuously listening the channel to detect WUSs. The WURI1-
based network features lowest sensitivity for WUR. However, it is the most
energy efficient when € < 12, even though it requires highest power used by
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Energy efficiency comparison for WUR-based and DCM-based hierarchical
network.

the transmitter. WURS3 case has the highest Rx mode power consumption,
which leads to drastically lower energy efficiency if events occur rarely. This
observation highlights the importance of constant mode power consumption
(Rx mode) minimization for WURs. All the studied WUR cases lead to higher
energy efficiency than DCR approach when the number of events is less than
12 per hour. When the number of events increases above 12 per hour, the
energy consumption of data communication starts to dominate in the net-
work overall energy consumption, and the difference between WUR’s energy
efficiency is not visible anymore. Furthermore, it can be observed that if sen-
sitivity of WUR can be improved by decreasing the data rate that will lead to
energy-efficient solution for very rare event cases. When the event frequency
increases, the longer transmission and reception duration will cause lower
energy efficiency in comparison to higher data rate WUR solutions. From the
results of Figure 5.12, it can be concluded that the WUR-based approach is
drastically more energy efficient than duty-cycle based approach when the
event frequency is low.

In Ref. [76], a dual-radio solution has been proposed combining an ultra
wideband (UWB) communication and WUR (UWB-WUR) for WBANs. A
dual-radio approach for asymmetric communication links is based on WUR
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usage so that sensor nodes will include IR-UWB in transmit-only mode for
data transmissions (uplink), and WUR is used for control message receptions
from the hub node (downlink). Solution enables that idle listening will not
occur at the sensor nodes, which presumably can improve energy efficiency,
especially when the downlink traffic does not occur often. Therefore, the solu-
tion introduced in Ref. [76] takes advantage of sink-initiated wake-up pro-
cedure which was introduced in Figure 5.6. Energy consumption and energy
efficiency of the UWB-WUR solution has been studied by the authors in
Ref. [76]. Results will be shortly introduced and more details of the energy con-
sumption calculation can be found in Ref. [76]. Figure 5.13 shows the energy
consumption comparison for UWB-WUR approach and the DCR approach
based on duty cycling in the WBAN case. Results are given for different duty
cycle values between 0.3% and 2.5%, and error-free transmissions have been
assumed for both approaches. It can be observed that UWB-WUR, approach
consumes less energy until the number of wake ups per year increases to
approximately to three per minute. After that point, the DCR network with
the lowest duty cycle consumes less energy.

Total network energy consumption per year (J)

108

0.
Duty cycle percentage (%) 0o 10° Number of wake-ups per year

FIGURE 5.13
Energy consumption comparison of UWB-WUR based approach and duty-
cycling based approach for WBAN.
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Energy consumption comparison for a Tx-Rx link when using different param-
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Figure 5.14 shows energy consumption comparison for a link where Tx
node sends a WUS to a receiver node (WUR). For the WUR, different param-
eter settings are used to find out how the energy savings that can be achieved
by performing tradeoff between WUR data rate and sensitivity. Three dif-
ferent WUR settings are evaluated in the results of Figure 5.14: (1) WUR
with data rate R = 1 kbps and required transmitter’s power consumption
Pry = 12 mW; (2) WUR with R = 50 kbps and Ppy = 24 mW; and (3)
WUR with data rate R = 200 kbps and Ppy = 45 mW. The rationale behind
these parameter values is that low data rate WUR can be designed to be more
sensitive. Therefore, for more sensitive WUR solution, a lower transmit power
is required to achieve successful WUS detection. For example, in Ref. [77],
it is shown that the transmitter’s power consumption is halved when output
power is reduced by 25 dBm. In the aforementioned WUR settings, the sen-
sitivities vary so that the setting (1) corresponds to most sensitive receiver
and setting (3) to the least sensitive. The results of Figure 5.14 are calculated
for a single link, taking into account Tx and Rx energy consumption. From
the results of Figure 5.14, it can be observed that when the number of wake
ups is more than 10 per hour, the energy consumption of wake-up link with
lowest data rate performance starts to increase. The rationale is that, since
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the data rate is low, the WUS transmission and reception take more time,
and their contribution to energy consumption starts to be remarkable, even
the required transmission power is lowest for that WUR parameter setting. It
can be observed that when the number of wake ups is high, the highest data
rate wake-up link consumes least energy, even the required transmit power is
highest for that WUR setting, because it has the lowest sensitivity. Therefore,
the results of Figure 5.14 illustrate that it is important to take into account
the WUR design factor to minimize the energy consumption that depends on
how frequently the wake ups are needed in the particular network. Further
details of the model that can be used to calculate the results of Figure 5.14
can be found in Ref. [76].

5.5 Summary

Hierarchical architecture for WSN and WBAN, which can be used to pro-
vide data to IoTs, was discussed in this section. Introduced architecture is
designed to enable the deployment of multiple technologies in the same net-
work. Therefore, it can be used for different types of monitoring scenarios, e.g.,
sensor networks for monitoring of environment and building structures, as well
as for many other types of WSN and WBAN applications. Functionalities for
different layers are designed so that the network can fulfill its requirements
with low-power operation. Energy efficiency is achieved by utilizing a wake-
up signaling that can be used to activate the layers only when required. A
generic wake-up radio-based MAC protocol designed for hierarchical architec-
ture was introduced. GWR-MAC protocol includes a bidirectional wake-up
procedure and data transmission period for which channel access method can
be selected depending on the application characteristics. Different WUR, archi-
tectures were introduced and future research directions were outlined. Archi-
tecture’s energy efficiency performance results were shown for a typical area
surveillance scenario and WBAN case. Results show that WUR-based net-
works have a remarkable potential to improve energy efficiency, in comparison
to traditional duty-cycle operation, in the case of low event rate applications.
Comparison for different WUR, parameter settings is also made in this sec-
tion to illustrate the WUR’s data rate and sensitivity tradeoff effect to energy
consumption. The DCR approach was found to be more energy efficient only
when sufficiently low duty cycle is combined with a high number of events.
However, in many practical solutions, the duty cycle is fixed and must be
large enough to handle the worst-case traffic. Duty cycle should be changed
dynamically when the event frequency changes to save energy. Furthermore,
the very low duty-cycle operation would require very strict synchronization
to enable that transmissions would be done exactly at correct times accord-
ing to the duty cycle. Strict synchronization maintenance will cause additional
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energy consumption. The wake-up radio research area is still quite unexplored
and has gained researchers attention in recent years. Therefore, the purpose
of the hierarchical architecture with GWR-MAC protocol is to enable more
efficient usage of WURs in WSNs and WBANS, and to foster future research
and development.
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The advancement of Complementary Metal Oxide Semiconductor (CMOS)
technology has resulted in a sharp increase in the time resolution of digi-
tal circuits and a rapid deterioration of the performance of mixed analog-
digital circuits arising from a shrinking voltage headroom, worsening device
match, deteriorating linearity, and disturbances coupled from neighboring dig-
ital blocks. Time-mode signal processing where information is represented by
the difference between the occurrence of two digital signals offer a viable and
technology-friendly means to combat technology scaling induced challenges
encountered in the design of mixed analog-digital systems. Time-to-digital
converters (TDCs) that map a time variable to a digital code are the most
important building blocks for time-mode signal processing [1]. Although the
deployment of TDCs in time-of-flight measurement dates back to 1970s [2, 3],
the applications of TDCs in mixed-mode signal processing such as analog-to-
digital converters (ADCs) [4—6] and phase-locked loops (PLLs) [7, 8] emerged
recently. TDCs can be loosely classified into sampling TDCs such as delay-
line TDCs [9-11] and noise-shaping TDC's such as gated ring oscillator (GRO)
TDCs [5]. Sampling TDCs suffer from a low time resolution due to the absence
of a noise-suppressing mechanism capable of lowering quantization noise to
below gate delay. Although a high resolution can be obtained using vernier
TDCs [9, 10, 12, 13] or pulse-shrinking TDCs [14, 15], both are at the expense
of excessive silicon area and power consumption. Noise-shaping TDCs achieve
a high time resolution by displacing a portion of in-band quantization noise to
frequencies outside signal band. TDCs with a high time resolution are pivotal
to applications such as all-digital PLLs (ADPLLs), where TDCs function as
a phase detector. As the quantization noise of TDC phase detectors directly
affects the overall phase noise of ADPLLs, minimizing the quantization noise
of TDCs within the loop bandwidth of ADPLLs is critical.

This chapter deals with all-digital noise-shaping TDCs. Section 6.1 exam-
ines all-digital open-loop noise-shaping TDCs, including GRO TDCs, gated
relaxation oscillator TDCs, and switching ring oscillator (SRO) TDCs.
Section 6.2 studies all-digital closed-loop noise-shaping TDCs. Time registers
including gated delay cell (GDC) time registers, switched delay unit (SDU)
time registers, gated delay line (GDL) time registers, and gated discharge
path (GDP) time registers are investigated first. It is followed by an in-depth
investigation of all-digital time adders including GDC time adders, SDU time
adders, GDP time adders, unidirectional GDL (UniGDL) time adders, and
bidirectional GDL (BiGDL) time adders. All-digital time integrators that are
built upon GDC time adders, SDU time adders and ring oscillators, GDP
time adders and registers, and BiGDLs are investigated. Finally, the design
and simulation results of an all-digital 1-1 Multi-Stage Noise Shaping (MASH)
AY, TDC utilizing differential GDP time integrators and an all-digital first-
order AY TDC utilizing differential BiIGDL time integrators are presented in
Section 6.3. The chapter is concluded in Section 6.4.
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|
6.1 All-Digital Open-Loop Noise-Shaping TDCs

Open-loop noise-shaping TDCs provide first-order noise shaping without
employing a negative feedback loop. Three open-loop noise-shaping TDCs,
namely GRO TDCs, gated relaxation oscillator TDCs, and switched ring oscil-
lator TDCs, are investigated in this section.

6.1.1 Gated ring oscillator TDCs

A GRO TDC is a ring oscillator whose operation is gated by time variable 77,
to be digitized, specifically the oscillator will oscillate when T;, = 1 and halt
oscillation when T;, = 0 [5]. The GRO can be either a generic static CMOS
inverter ring oscillator or a voltage-controlled ring oscillator. In both cases, 75,
only affects the state of oscillation and has no impact on the frequency of the
oscillator. Since the number of the oscillation cycles of the oscillator during
T;, = 1 is proportional to the duration of Tj,, it can be considered as the
digital representation of T, and hence performs time-to-digital conversion.
Note that one can also keep T;,, unchanged while letting the control voltage of
the oscillator be the signal to be digitized. In this case, the GRO functions as
an ADC. The number of the oscillation cycles during 7T}, = 1 can be recorded
using a resettable counter, whose content is readout at the falling edge of T;,
and reset during T;, = 0, as shown in Figure 6.1. The counter is essentially
a phase quantizer with quantization error 2x. Increasing the frequency of the
oscillator improves the resolution of the TDC. Both multipath [16] and active
inductors [17] are effective in achieving this. The former speeds up oscillators
by preskewing the load capacitor of the delay stages of the oscillators, whereas
the latter shortens the charge/discharge processes of the load capacitor by
means of resonance.

T,, [k-1] T, [k
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FIGURE 6.1

Gated ring oscillator TDCs with counter-based phase readout.
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GRO-based TDCs possess a key characteristic of first-order noise shaping.
To illustrate this, consider a GRO-based TDC. During T3, = 0, since the delay
stages of the oscillator are isolated from both supply voltage and ground rails,
the output voltage of the delay stages of the oscillator remains unchanged,
provided that the effect of the leakage of pn-junctions at the output nodes,
charge injection from gated transistors, and disturbances coupled with neigh-
boring devices is negligible. The residual phase of (k — 1)th sampling cycle,
denoted by e¢(k — 1) and in the form of the charge of the load capacitor, is
carried over in its entirety to kth sampling cycle and becomes the initial phase
of kth sampling cycle, i.e., e;(k) = ef(k—1), where subscripts ¢ and f identify
the initial and final conditions, respectively. The net phase accumulation in
kth sampling cycle is composed of two parts: (i) Kot that accounts for the
number of oscillation cycles of the oscillator during T;, = 1, where K., is the
voltage-to-phase gain of the oscillator and (ii) ef(k) — e; (k) that accounts for
the difference between the phase inherited from the previous sampling cycle
and the residual phase of the current sampling cycle. Since e;(k) = ef(k — 1),
we have

e5(k) — ei(k) = ex(k) — ep(k —1). (61)
Thus
¢(k) = Kucovin + [ef(k) — ef(k —1)] = Kp yeovin + [e(k) —e(k —1)]. (6.2)

Note that we have dropped subscript f in (6.2) with the understanding that
e(k) is the quantization error of kt. It is seen from (6.2) that only the difference
between two consecutive quantization errors affects the output phase. Quan-
tization error is therefore first-order shaped. GRO-based TDCs perform noise
shaping without a negative feedback loop, thereby enabling them to perform
rapid digitization [18].

The resolution of GRO-based TDCs can be improved if the logic state
of the stages of GROs is utilized. Although increasing the number of stages
of GROs improves the resolution of GRO-based TDCs, the larger the num-
ber of the stages of GROs, the worse is the gate delay mismatch. Since gate
delay mismatch manifests itself as phase uncertainty, it is subject to the con-
straint of phase continuity and is hence first-order shaped. GRO-based TDCs
are vulnerable to the effect of leakage of pn-junctions at the output nodes of
delay stages, charge injection from gated transistors, and disturbances cou-
pled with neighboring devices. These effects constitute skew errors [19-21].
Among them, charge injection from gated transistors is most critical. This is
because the duration of T, = 0 is typically small due to oversampling. As a
result, the effect of charge leakage and disturbances coupled with neighboring
devices during T;,, = 0 is rather insignificant. Reducing the dimension of gated
transistors, though minimizing charge injection, slows down the oscillator and
worsens time resolution.
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Vernier-gated ring oscillator TDCs.

To improve the resolution of GRO-based TDCs, vernier architectures pop-
ular in delay-line, TDCs can be used [22]. A vernier GRO TDC consists of
two GROs with slightly different oscillation frequencies. The front edge of T;,
[start (STR)] is applied to the slow GRO while the rear edge of T;, [stop
(STP)] is routed to the fast GRO, as shown in Figure 6.2. When the front
edge of T;, is asserted, the slow GRO will start to oscillate. The fast GRO
will start to oscillate only when the rear edge of Tj, arrives. Since z; leads y;
initially, we have D; = 0. Once the rising edge of the fast GRO catches up
with that of the slow GRO, D; = 1 will be set and time-to-digital conversion
will end. To prevent D-type Flip Flop (DFFs) from entering a meta-state,
each DFF has a built-in set-reset latch functioning as a time amplifier that
stretches the time difference between the front and rear edges of Tj;,, such
that no violation of the timing constraints of DFFs will occur [23].

The conversion time of GRO-based TDCs is bottlenecked by the latency
of counter-based phase quantizers. To improve conversion time, the output of
GROs, which is phase, can be converted to frequency using digital differentia-
tors, as shown in Figure 6.3 [24]. For an N-stage GRO, the number of 0 — 1
transitions within one oscillation period of the oscillator is N. To capture all
N 0 — 1 transitions, the period of sampling clock T should be set slightly
smaller than Tgro/2 where Tgro is the period of the GRO. Note that the
output of the TDC is represented by the number of 0 — 1 transitions of the
output of the oscillator per sampling period. As phase quantization occurs
before differentiation, quantization error is processed by the differentiators,
leading to first-order noise shaping of the quantization error.
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Gated ring oscillator TDCs with frequency readout.

6.1.2 Gated relaxation oscillator TDCs

Unlike ring oscillators that are sensitive to supply voltage fluctuation, relax-
ation oscillators exhibit a low sensitivity to supply voltage uncertainity as the
charging currents of the capacitors of these oscillators are from current refer-
ences [25]. First-order noise-shaping characteristics intrinsic to GROs are also
possessed by gated relaxation oscillators [26]. We use the two-capacitor relax-
ation oscillator shown in Figure 6.4 to illustrate this. Whether the oscillator
oscillates or not is dictated by the gating signal Tj, to be digitized. Since
the charge of capacitors C1 and C2 will be held unchanged when T;, = 0,
the residual phase of the oscillator in (kK — 1)th sampling cycle is retained
and carried over in its entirety to kth sampling cycle in a similar way as
that in GRO-based TDCs, leading to first-order noise shaping. Unlike GRO-
based TDCs where the load capacitance of delay stages is comparable with the
capacitances of gated transistors, the capacitance of gated relaxation oscilla-
tors is typically much larger when compared with that of gated transistors.
As a result, the effect of charge injection from gated transistors, the leakage of
pn-junctions at the output nodes, and disturbances coupled with neighboring
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FIGURE 6.4

Gated relaxation oscillator TDCs with phase readout.
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FIGURE 6.5
Switched ring oscillator TDC with frequency readout.

devices becomes negligible. Since the frequency of gated relaxation oscillators
is typically much lower when compared with that of GROs, these TDCs are
not particularly suitable for applications where oversampling ratio is high.

6.1.3 Switched ring oscillator TDCs

As pointed out earlier, GRO-based TDCs suffer from skew errors arising from
the leakage of pn-junctions at output nodes of GRO-based TDCs, charge
injection from gated transistors, and disturbances coupled with neighboring
devices. Konishi et al. showed that if the OFF state of a GRO is replaced
with another oscillation state where the output voltage of the oscillator is well
defined, skew errors are minimized, as shown in Figure 6.5 [21, 27]. Because
the charge of the load capacitor of the oscillator at the end of (k — 1)th
sampling cycle is carried over in its entirety to the next sampling cycle, first-
order noise-shaping intrinsic to GROs is also possessed by SROs. Since SROs
oscillate in both states, gating error arising from the inability of GROs to
emerge from a holding state instantaneously is reduced. The price paid is
additional power consumption as the oscillator oscillates in both T}, = 1 and
Tin = 0 states.

6.2 All-Digital Closed-Loop Noise-Shaping TDCs

The absence of a negative feedback mechanism in the preceding open-loop
noise-shaping TDCs makes them less resilient against the effect of process,
voltage, and temperature uncertainty. Further, first-order noise shaping is
often inadequate for applications where a large signal-to-noise ratio is required.
It is well understood that AY operations offer desirable characteristics such
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All-digital AX time-to-digital converters.

as less sensitive to the effect of process, voltage, and temperature uncertainty
and high-order noise-shaping capability. TDCs utilizing AY. operations so as to
possess these attractive characteristics are desirable. An all-digital time inte-
grator whose input and output are both time variables is needed, as shown in
Figure 6.6. Integrating a time variable T}, performs

N N—1

/ Ton(r)dr 3 Tonln] = Ton[N] + 3 Tinl]. (6.3)
n=1 n=1

It is seen that time integration consists of two separate operations, namely
k k—1

time addition that performs Z Tinlj] = Tinlk] + Z T;n[j] and time registra-
j=1 j=1

k
tion that stores Z T;in[j] and releases it upon a read request. In this section,
j=1

we study all-digital time registers. It is followed with an in-depth investigation
of all-digital time adders. All-digital time integrators utilizing time adders and
time registers are explored. Finally, the design and simulation results in two
all-digital AYX TDCs.

6.2.1 All-digital time registers

Time registers store a time variable and release it upon a read request. In this
section, we study four all-digital time registers, namely GDC time registers,
SDU time registers, GDL time registers, and GDP time registers.

6.2.1.1 GDC time register

Figure 6.7 shows the simplified schematic of the time register utilizing GDCs
[28]. The time register consists of two identical GDCs and two static inverters.
It has two control commands : H (hold) that withholds time input 7}, and
RD (read) that readouts the stored time variable. Each GDC is composed of
a 2-to-1 multiplexer, a DFF, and a gated inverter. The GDC has two control
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Time register using gated delay cells.

signals: T (trigger) and H (hold). The operation of the GDC is briefly depicted
here: Upon the reset of the DFF (RST = 1), the gated inverter is enabled. If
H = 0, the output of the inverter is set by its input. Otherwise, the inverter
is disabled and the output of the inverter is held.

Let us now examine the operation of the GDC time register. Let Trg be
the amount of the time for the voltage of the capacitors to drop from Vpp to
Vbp/2. When T;, = 1(IN+ = 1/IN— = 0), since the read command RD = 0,
GDC will be enabled. C1 starts to discharge and v.; drops with time. When
IN— = 1, GDC1 will enter a holding state and v.; will remain unchanged.
For GDC2, since H=T =0 and RD = 0, we have C2 fully charged. When
RD =1, for GDC1, with T =1 we will have Q = 0. As a result, GDC1 will
resume discharge and v.; will continue to drop. When v.; drops to Vpp/2,
vo1 = 1 will be set. For GDC2, C2 starts to discharge and v.; drops. When
it dips below Vpp/2, vee = 1 will be set. It can be shown from the timing
diagram that T,,; = T;,. Time variable Tj,, is thus stored indefinitely and will
be readout when read command RD is asserted.

6.2.1.2 Switched delay unit time register

Bakhshian and Roberts showed that the SDU shown in Figure 6.8 can be
used as a time register [29 30]. To store time variable T;,, Reset command
RST =1 is asserted before the arrival of T};,, = 1. The capacitors of SDUs are
charged to Vpp. During T;, = 1 (IN+ = 1 and IN— = 0), the capacitor of
SDU1 discharges while that of SDU2 remains charged. When IN— = 1 arrives,
the discharge of the capacitor of SDU1 will be halted. To readout the stored
data, RD = 0 is asserted, forcing SDU1 to resume its discharge process and
SDU2 to start its discharge process. When the voltage of the capacitors drops
below Vpp/2, OUT+ = 1 and OUT— = 1 will be set. For SDU1, we have
Tin + x = Trpg while for SDU2, we have x 4+ T, = Trg, where z is defined
explicitly in the figure. It follows that T,,; = T3,. Time variable T}, is stored
and will be readout when read command RD is asserted.
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Time register using a unidirectional gated delay line. When RST =1 is
asserted, vy, n = 0V.

6.2.1.3 UniGDL time register

Figure 6.9 shows the simplified schematic of UniGDL time registers proposed
by Kim et al. [31, 32]. The time variable T}, to be stored is the gating signal of
the UniGDL that is reset initially, e.g. v1,.. v =0 V. When T}, = 1, “1” will
propagate from the beginning of the GDL for duration T}, = 1. When T},, = 0,
the voltage of the load capacitor of the delay stages will remain unchanged.
To readout the stored time variable, read command RD is asserted, resuming
the propagation of “1” until it reaches the end of the delay line. The duration
from the assertion of RD to the time instant at which “1” reaches the end of
the delay line, denoted by T4, is given by T}.cqg = Trs —Tin, where Trg is the
amount of the time for “1” to propagate from the beginning to the end of the
GDL when the gating signal is present all the time. When compared with
GDC time registers and SDU time registers, UniGDL time registers feature a
simple configuration, subsequently low power consumption and a small silicon
area. It should be noted that the output of UniGDL time registers is the
complementary of T, rather than T;, itself. To extract T;,, prior knowledge
of Trg is needed.
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Time register using a gated discharge path.

6.2.1.4 Gated discharge path time register

Figure 6.10 shows the simplified schematic of a time register with a GDP
[33]. The capacitor is fully charged initially by reset command RST. The time
variable to be stored is the gating signal of the discharge path. The capacitor
will discharge when T;,, = 1 (IN+ = 1/IN— = 0) and discharge will be halted
when IN— = 1. To readout the stored time variable, read command RD is
asserted. Note that IN+ = 1 is required during the readout operation. When
the voltage of the capacitor drops below Vpp/2, Ve = 1 will be set. Let
Trgs be the time for v, to drop from Vpp to Vpp/2 with the discharge path
activated all the time and 7;..4 be the time from the assertion of read command
RD to the time instant at which V,., = 1 is set. It can be shown from the
timing diagram that T;.cq = Trs — T}y Similar to UniGDL time registers, the
output of GDP time registers is the complementary of T;, rather than T;,
itself. To extract Ty, prior knowledge of Trg is needed. One convenient way
is to set the duration of IN+ and IN— to 27rg, as shown in the figure. In this
case, the stored Tj, is given by the time variable bordered by the rising edge
of vreq and the falling edge of IN+.

6.2.2 All-digital time adders

Time adders perform the addition of two time variables. In this section, we
study five all-digital time adders, namely GDC time adders, SDU time adders,
GDP time adders, UniGDL time adders, and BiGDL time adders.

6.2.2.1 GDC time adder

The GDC time register studied earlier can be used to construct a time adder,
as shown in Figure 6.11 [28]. The time adder consists of two identical GDCs
and two static inverters. The operation of the time adder is depicted using
the timing diagram shown in the figure. The load capacitors of the two GDCs
are precharged to Vpp before the start of an addition operation. When the
front edges of T;,1 and T}, arrive, both capacitors will start to discharge and
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Time adder using gated delay cells.

the voltages of the capacitors will drop with time. Discharge processes will be
halted when the rear edges of Tj,1 and T;,2 arrive. To readout the result of
the addition of T},1 and Tj},2, read command RD is asserted and the discharge
processes of the capacitors resume. When the voltage of the capacitors drops
below Vpp/2, vo1 = 1 and v,e = 1 will be set. The output of the addition is
given by the time interval bordered by the rising edge of v,; and that of v,s.
In order for the time adder to function properly, T;n1, Tino < Trg is required,
where Trg is the time for the voltage of the capacitor to discharge from Vpp
to VDD/Q.

6.2.2.2 SDU time adder

Time addition can be performed using the SDU time adder shown in
Figure 6.12 [29, 30]. To add time variables T}, and Tj,2 that are nonoverlap-
ping, reset command RS = 0 is asserted before the arrival of time variables,
allowing the capacitors of both SDUs to be charged fully. When T;,; = 1
arrives (IN1+ =1 and IN1-1 = 0), we will have A =1 and B,C = 0. Since
T;n2 = 1 has not arrived yet, W1,2 = 1. The capacitor of SDU1 starts to dis-
charge while that of SDU2 remains charged. When IN1— =1, A\B,C =1 will
be set. The discharge of the capacitor of SDU1 will be halted. When Tj,5 = 1
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Time adder using a switched delay unit.

(IN24 = 1 and IN2— = 0), we will have W1 = 1 and W2 = 0. SDU1 will
resume its discharge process while the capacitor of SDU2 will remain charged.
When IN2— = 1, the capacitor of SDU2 will start to discharge. When the
voltage of both capacitors drops below Vpp/2, OUT+ = 1 and OUT— =1
will be set. For SDU1, we have T;,1 +t; = Trs where Trg is the time for the
capacitor to discharge from Vpp to Vpp/2. One can show from the timing
diagram that T, = Tipn1 + Tino-

6.2.2.3 GDP time adder

Figure 6.13 shows a time adder using GDPs [33]. The time adder consists of
two identical GDPs that discharge the same capacitor. The gating signals of
the GDPs are the time variables to be added. The capacitor is fully charged
by reset command RST before addition. The capacitor will discharge when
Tin1 = 1 or T;o = 1 and retain its charge when the gating signals are absent.
When the voltage of the capacitor v, drops below Vpp/2, Vium = 1 will be
set, marking the end of the addition operation. Let Trg be the time for v,
to drop from Vpp to Vpp/2 with only one of the two gated discharge paths
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FIGURE 6.13
Time adder using gated discharge paths.
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activated and Ty, be the time from the assertion of read command RD to
the time at which Vj,,, = 1. It can be shown from the timing diagram that
Tin1 + Tine = Trs — Tsym- To extract Tsym, the knowledge of Trg is needed.
If the width of IN1+ = 1 is set to 2TFrg, Tijn1 + Tine will be the time from
the rising edge of Viyn, to the falling edge of IN1+. It should be noted that
only positive time variables are permitted. This is because IN1,24+ must arrive
before IN1,2— in order for the circuit to function properly.

6.2.2.4 UniGDL time adders

The uniGDL shown in Figure 6.9 can function as a time adder that performs
the addition of two nonoverlapping positive time variables T;,1 and Tj,2, as
shown in Figure 6.14 [31, 32]. Its operation is briefly depicted here: When
Tin1 = 1, “1” will propagate rightwards for duration Tj,;. During T},; = 0,
the logic state and voltage of the output of the delay stages remain unchanged.
When T;,2 = 1, “1” will continue to propagate for duration T;,2. Propagation
will be halted when Tj,2» = 0. To readout the sum of the addition, read
command RD is asserted and the propagation of “1” resumes. The addition
operation will end when “1” reaches the end of the delay line. Let Trg be the
time for “1” to propagate from the beginning to the end of the delay line with
the gating signal present all the time. Since x = T;,,1 + Tjp2, the duration from
the assertion of RD to the time instant at which “1” reaches the end of the
delay line is given by Trg— (Tin1+Tinz). If cascading two identical time adders
as shown in Figure 6.9, we will have T,y = Trs — [Trs — (Tin1 + Tino)] =
Tin1 + Tina.

6.2.2.5 BiGDL time adders

UniGDL time adders can only perform the addition of two nonoverlapping
positive time variables. To perform the addition of two nonoverlapping time
variables whose polarity is arbitrary, let us consider the BiGDL line shown
in Figure 6.15. Each stage consists of two identical GDCs and is capable of
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Time adder using a unidirectional gated delay line. When RST = 1 is asserted,
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propagating signals in both directions with the same gate delay, depending
upon the polarity of Tj,, [34, 35]. A total of 2N +1 identical biGDCs are needed
for an output range —N7 < T,+ < N7, where 7 is the gate delay. The voltage

of nodes N+ 1, ..., 2N +1 is initialized to Vpp while that of nodes 1,..., N
is initialized to 0 V. As a result, T,,; = 0 corresponds to v; = ---vy = 0V
and vy+1 = -+ = vany+1 = Vpp. In addition, the leftmost node is connected

to Vpp while the rightmost node is grounded, ensuring “1” will propagate
rightwards when T;, > 0 and “0” will propagate leftwards when T}, < 0.

Figure 6.16 shows the simplified schematic of a BiGDL time adder and its
timing diagram. The operation of the time adder is briefly depicted here : Time
variables T;,1 and T;,2 to be added are nonoverlapping and their polarity is
arbitrary. Assume T}, arrives first. The sign block exacts both the value and
sign of Tj,1, denoted by |T;n1| and Sign(Tj,1), respectively, and route them
to a 1-to-2 demultiplexer with Sign(T;,1) as the demultiplexing signal and
|Tin1| as the demultiplexed. If T;,; > 0, “1” will propagate rightwards for
duration |Tj,1], otherwise, “0” will propagate leftwards for duration |Tjp1].
When T;,2 arrives, its value and sign will be determined by the sign block.
“1” will continue to propagate rightwards for duration |Tj,a| if Tjna > 0 or
leftwards for duration |Tj,2| is Tine < 0. To readout the result of the addition
operation, the polarity of the result of the addition Tj,; needs to be determined
first. If T,,+ > 0, the rightmost “1” will be located in the right half of the
gated delay line, otherwise, it will be located in the left half of the gated delay
line. Since v1 = ... = vy =0 and vy = ... = Vonyy1 = 1 initially, we will
have vy = 1 if Tyue > 0, vyg2 = 1 if vor < 0, and vy = 0 & vy4q1 = 1 if
Tout = 0. Once the polarity of T,,; is determined, the following operations are
carried out:

1. If T, > 0 (Figure 6.16a), we will have Sign(T,,:) = 1. RD is asserted
and “1” propagates rightwards until v;1 = 1. Let Trg be the time for
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Bidirectional gated delay line time adder. (a) Tjn1, Tinz > 0. (b) Tjn1 > 0,
Tinz <0, and [Tip1| > |Tinzl, (¢) Tiny > 0, Tine < 0, and |Tin1| < [Tinz|.

vy4+1 = 1 to propagates rightwards until v; = 1. Since a = kTj,1,
b = kT;,2 where k is the slope of the voltage of the load capacitor, we
have a+b = k(Tjn1+Tin2). As aresult, x = (a+b)/k = Tjp1+Tina. The
interval from the assertion of RD to v; = 1 yields Trs — (Tin1 + Tin2)-

2. If Tyt > 0 (Figure 6.16b), we will have Sign(7,,:)=1. RD is asserted
and “1” propagates rightwards until v; = 1. Since a = kT, b =
—kT;no, we have a + b = k(Tin1 — Tin2). As aresult, v = (a + b)/k =
Tin1 — Tinz- The interval from the assertion of RD to v; = 1 yields
Trs — (Tznl - ,TMLQ)

3. If Tyt < 0 (Figure 6.16¢), we will have Sign (Tpy,:) = 0. RD is asserted
and “0” propagates leftwards until voy41 = 0. Since a = kTj1, b =
—kTin2, we have a + b = k(Typ1 — Tin2). As atesult, z = (a +b)/k =
Tin1 — Tinz. The interval from the assertion of RD to vy = 1 yields
Trs — (Tin1 — Tin2)-

6.2.3 Time integrators

Integrating a time variable accumulates its value recursively. The accumula-
tion process consists of two separate operations : time addition that performs
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k k—1 k
Z Tinli] = Tinlk] + Z T;n[j] and time registration that stores Z T;n[j] and
j=1 j=1 j=1
releases it upon a read request. This section studies all-digital time integrators
realized using GDCI time adders, SDUs and ring oscillators, GDP time adders
and registers, and BiGDLs.

6.2.3.1 Time integrator using GDCs

The preceding GDC time adder and register can be utilized to construct an
all-digital time integrator. Figure 6.17 shows the simplified schematic of such a
time integrator [8]. The time integrator consists of two back-to-back connected
time adders that are operated in a time-interleaved manner to perform time
accumulation or integration.

6.2.3.2 Time integrator using SDUs

If an SDU is placed in a ring oscillator, as shown in Figure 6.18, the period
of the oscillator can be altered by changing the duration of the absence of
the write command of the SDU [30]. To illustrate this, let the delay of the
inverters be 7;,, and the high-to-low propagation delay of the SDU be 75py.
The low-to-high delay of the SDU is assumed to be the same as that of the
inverters. Consider the discharge process of the capacitor. When v, drops
below Vpp/2, vi; will start to rise. When v1; exceeds Vpp/2, va; will start
to drop. Continuing this process, we arrive at the time at which vy; exceeds
Vbp /2. If the write command of the SDU is present, v, will drop, otherwise,
ve1 will remain unchanged and start to drop only after the duration of the
absence of the write command.

Let us consider two identical ring oscillators, each consists of an SDU
and three static inverters. The output of the time integrator T, is the time
difference between the rising edges of the output of the oscillators. An SDU
time adder is employed to add the time variable Tj,, to be integrated and the
output of the time integrator. A logic circuit (not shown) is used to ensure that
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the time difference between W1* and W2 is Tyt (n). As a result, Tpue[k+1] =
Tout[k] + Tin[E]. Time integration is therefore performed. Since Ty, is defined
as the time difference between the rising edges of the two oscillators, the range
of the time integrator is upper bound by the period of the oscillators. Note
that not only mismatches between the oscillators give rise to timing errors,
phase accumulation intrinsic to oscillators is another source of timing errors.
The need for four SDUs and two ring oscillators makes the time integrator
less attractive for low-power applications.

6.2.3.3 Time integrator using GDP time adder and register

Time integration can also be performed using one GDP time adder and one
GDP time register, as shown in Figure 6.19. We briefly depict its operation
here : At the assertion of reset command RST, the output of the time adder
Vsum and that of the time register V,.., are set to zero. When T}, [1] arrives, the
load capacitor of the time adder will start to discharge. Since read command
RD1 of the time adder is asserted Trg after the rising edge of IN1+ and
the time duration bordered by the rising edge of RD1 and that of Vg, is
the complementary of T;,[1], e.g., Trs — Tin[1l], the time interval bordered
by the rising edge of Vi, and that of IN1+ is Tj,[1]. For input port 2 of
the time adder, since V;..4 is 0 for the most part of the integration cycle, the
discharge path associated with input port 2 of the time adder is disabled. As
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Time integrator using a gated discharge path time adder and a gated discharge
path time register.

a result, towards the end of the first integration cycle, the output of the time
integrator is given by Tuut[l] = Tin[1]. Note that T,y is the time interval
bordered by the rising edge of Vi, and that of INI+. In the second half of
the integration cycle where IN14+ = 0, T}, [1] is fed to the time register. With
RD3 asserted Trg after the rising edge of IN3—, the time interval bordered by
rising edge of V,.., and that of the second integration cycle of IN1+ is T;,[1].
It is evident that the time register not only stores T;,[1] but also releases it
to the input port 2 of the time adder just before the arrival of the rising edge
of the second integration cycle. In the second integration cycle, T;,[1] is fed
to the input port 2 of the time adder. It is followed by T;,,[2] fed to the input
port 1 of the time adder. The time adder performs Ty [2] = Tin[1] + Tin[2]-
The result is the time interval bordered by the rising edge of Vs, and that
of IN1+. It is fed to the time register in the second half of the integration
cycle. This process continues and integrating T;,[k] is performed. Since it is
based on the GDP time adder and register, only positive time variables can
be integrated. The need for explicit addition and registration operations per
integration increases power consumption and integration time.

6.2.3.4 Time integrator using BiGDL

The BiGDL studied earlier can be used as a time integrator with no constraint
on the polarity of the time variable to be integrated. Time variable T;,, to be
integrated is the gating signal of the BiIGDL. Integrating T, is performed via
the propagation of “1” in the BiGDL. The output of the time integrator is a
thermometer code 1...10...0 with the location of the rightmost “1” set by
the output of integration. If the rightmost “1” is on the right side of the middle
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Bidirectional gated delay line time integrator.

node (node N+1), T,,,; > 0, otherwise, Ty, < 0. To integrate T;,, an absolute-
value block that generates both the value and polarity of T, denoted by |T;,|
and Sign(T;,), respectively, is employed, as shown in Figure 6.20. Both IN+
and IN— are delayed by 7, where 7 > |T},,| + Tprr. Such a delay is necessary
as the sign of T}, is determined by sampling IN+ using IN—. If T;,, > 0 (IN+
leads IN— by Tj,), by the time that the sign signal is generated, the signals
to be multiplexed are already available. However, if T;, < 0 (IN— leads IN+
by T;y), the sign signal is generated even though the rising edge of IN+ might
have not arrived yet. The polarity of T}, sets the direction of the propagation
of “1” while its value sets the distance of propagation. If T}, is smaller than
the minimum width of the gating signal T4¢c, which is the minimum amount
of time required to switch on the gated transistors, the GDL will not function.
A constant time offset T, is therefore added to T}, before a gating operation
with Tps > Tyate- To integrate Tj,, “1” propagates rightwards for duration
Tin + T, first performing the integration of T;, + T,s and then leftwards for
duration 7, performing the integration of —T,s, thereby yielding the result
of the integration of Tj,. Since the left-shift operation can only be carried out
after the right-shift operation is completed, the left-shift operation is delayed
by T4, where Ty > Tys + |Tin,mas|- The edge aligners generate nonoverlapping
commands RS and RS for right-shift and LS and LS for left-shift.

The output range of the time integrator is the time delay of half the BIGDL
and can be made large once the delay line is sufficiently long. In reality, it
is constrained by power consumption, silicon area, and gate-delay mismatch
induced nonlinearity. The time integrator enjoys rapid integration and low
power consumption accredited to its simple configuration.
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6.3 All-Digital AYX TDCs

In this section, an all-digital 1-1 MASH AX TDC utilizing GDP time integra-
tors and registers and an all-digital first-order AY TDC utilizing differential
BiGDL time integrators are presented.

6.3.1 1-1 MASH AY TDC using GDP time
integrator and register

Figure 6.21 shows the configuration of a differential GDP time integrator.
It comnsists of two single-ended GDP time integrators. Note the polarity of
the time variable to be integrated in the two single-ended time integrators
differs. The 1-1 MASH AY TDC shown in Figure 6.21 consists of two identical
AY TDCs. The quantization error of the coarse TDC is extracted from the
output of the differential time integrator of the coarse TDC. The value of
Trpo is determined based on the maximum output of the time integrator of
the coarse TDC.

A differential sinusoidal time input of frequency 415 kHz and amplitude
50 ps is fed to the TDC. The sampling frequency is 25 MHz. The TDC was
designed in an IBM 130 nm 1.2 V CMOS technology and analyzed using
Spectre from Cadence Design Systems with BSIM4 device models. The spec-
trum of the TDC is plotted in Figure 6.22, together with that from behavioral
analysis. It is seen that the TDC exhibits second-order noise shaping. Also
observed is that the in-band noise floor of the TDC is approximately 20 dB
higher when compared with that of the ideal TDC, arising from the imper-
fections of the TDC. The signal-to-noise ratio of the TDC is 38.66 dB over
48—415 kHz. The Effective Number of Bits (ENOB) of the TDC is 6.13 and its
resolution is 1.45 ps.

6.3.2 AY TDC with differential BiIGDL time integrator

Figure 6.23 shows the simplified schematic of a AY TDC utilizing differential
BiGDL time integrators. The gating signals are T, = Tps 4 [T | and T, =
Tys — |Terr]. To integrate T.r.., “1” propagates rightwards to integrate T, +
|Terr| and leftwards to remove the result of the integration of T,. Ty is required
for reasons given earlier. The shift block generates right-shift commands (RS
and RS) and left-shift commands (LS and LS). Similar operations are carried
out for integrating 7., as well. The quantizer will output 1 if 7}7, leads

T, .. and 0 otherwise. Each BiGDL has 32 stages. Since the leftmost stage is
connected to 1.2 V and the rightmost stage is connected to 0 V, only 15 stages
on each side of the middle node are used for time integration. The location
of the rightmost “1” is determined using the logic preceding the DTCs. Once
it is determined, T,,; is obtained using DTCs for time quantization. The A3

TDC was designed in an IBM 130 nm 1.2 V CMOS technology. The input of
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FIGURE 6.22
Spectrum of 1-1 MASH time-mode AY TDC with GDP time integrators and
registers. 1024 samples with Hanning window (Copyright ©IEEE).

the modulator is a sinusoidal time signal of frequency 231 kHz and amplitude
430 ps. The sampling clock is 25 MHz. Figure 6.24 shows the spectrum of
the TDC. For comparison purpose, the spectrum of the same TDC with a
single-ended BiGDL time integrator is also shown. First-order noise shaping is
evident. Also observed is a second-order harmonic tone that is greatly reduced
with the differential BIGDL time integrator. The Signal to Noise + Distortion
Ratio (SNDR) of the TDC is 34.6 dB over frequency range from the corner
frequency of flicker noise to the second harmonic.

6.4 Conclusions

This chapter began with a close examination of open-loop noise-shaping
TDCs. GRO TDCs, gated relaxation oscillator TDCs, and switched ring oscil-
lator TDCs were studied. GRO-based TDCs suffer from inherent skew errors
caused by clock feedthrough of gating signals, charge injection from gated tran-
sistors, and disturbances coupled with neighboring devices and gating errors
arising from their inability to emerge from a holding state instantaneously.
SRO-based TDCs are largely immune from skew errors and less affected by
gating errors at the expense of more power consumption. Although gated
relaxation oscillator TDCs are less prone to skew errors, they are unsuitable
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for applications constrained by a large oversampling ratio. The second part
of the chapter focused all-digital closed-loop noise-shaping TDCs. All-digital
time registers including GDC time registers, SDU time registers, UniGDL time
registers, and GDP time registers were investigated. Mismatches existing in
GDC and SDU time registers affect performance. UniGDL time registers fea-
ture a low silicon area and a virtually unlimited range. GDP time registers
can only handle positive time variables. All-digital time adders including GDC
time adders, SDU time adders, GDP time adders, UniGDL time adders, and
BiGDL time adders were investigated. The characteristics of these time adders
are similar to those of the corresponding time registers. GDP time adders only
operate on positive time variables. The same hold for UniGDL adders. Over-
lapping between time variables is not allowed in UniGDL and BiGDL time
adders. BiGDL time adders permit both positive and negative time variables.
All-digital time integrators realized using GDC time adders, SDUs and ring
oscillators, GDP time adders and registers, and BiGDLs were investigated.
SDU time integrators are power hungry as each SDU time integrator is made
of four SDUs and two ring oscillators. Mismatches between the ring oscillators
also affect performance. Further, the output range of SDU time integrators
is limited by the period of the oscillators. GDP time integrators do not per-
mit negative time variables. Since one time adder and one time register are
needed, these time integrators are also power hungry. BiGDL time integrators
consume the least amount of power and silicon area and are capable of per-
forming rapid time integration. Finally, the design and simulation results of
an all-digital 1-1 MASH A TDC with differential GDP time integrators and
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an all-digital first-order AY TDC with differential BiGDL time integrators
were presented.
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7.1 Introduction to CMOS Power Amplifiers
for Wireless Applications

The continuous advancement of semiconductor technologies, especially com-
plimentary metal-oxide-semiconductor (CMOS) technology, has enabled an
exponential growth of the wireless communication industry. Future genera-
tions of wireless communication call for even further levels of integration, and
for now, the only circuit block that is rarely integrated in CMOS along with
other parts of the system is the RF power amplifier (PA). RF PA design
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involves handling large voltages and large amounts of current at radio fre-
quencies, which in the present wireless communication standards are in the
gigahertz range.

In this chapter, nonlinear effects of the PA as well as power-efficient CMOS
PA are systematically presented. An analysis of nonlinear effects proposes a
formal mathematical description of multitone nonlinearity and its relationship
with two-tone tests. A thorough analysis of a current mode digitally predis-
torted RF PA for a wideband code-division multiple access (WCDMA) appli-
cation standard is described and implemented in CMOS. The digital (gain)—
analog (current reduction) technique resolves the main tradeoff between power
efficiency and linearity.

7.1.1 Overview

Because of the exponential increase in the wireless communication market,
the trend has been towards lower cost and power radio frequency (RF)
transceivers. A typical transmitter is displayed in Figure 7.1.

PA is one of the major power consumers in the RF transceiver [1], and
the design and implementation of highly efficient CMOS. PA has been an
active research and development area during the last few years [2-4]. The
3-5 G communication standards use a high data rate and bandwidth-efficient
modulations that result in a high peak-to-average power ratio (PAPR); thus,
the use of linear transmitters is highly recommended. As a result of the high
PAPR in such modulations during orthogonal frequency-division multiplexing
(OFDM), the probability density function (PDF) of the transmitted power
will peak in the power back-off (PBO) region. However, the power efficiency
of linear PAs reaches its maximum performance at the peak output power
and drops drastically in the PBO region. The PA usually operates in the
low-efficiency region most of the time.

LO

Mixer Driver

DSP [ D/A I>>

[ Envelope detector and ]

Drain bias

supply modulator

FIGURE 7.1
Simplified schematic of a typical direct conversion transmitter.
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Envelope tracking [3-6] and PA segmentation [2, 7-15] are two efficient
enhancement techniques that have gained much interest recently. However, the
envelope tracking system is becoming less effective in advanced CMOS tech-
nologies as the power supply scales down, which is shown in Figure 7.1. The
relatively low drain-source voltage allowed by the technology limits the ben-
efits of this approach. Additionally, wide bandwidth standards require wide-
band agile switching regulators, which serve as a tradeoff between regulator
power efficiency, switch size, component rating, and switching ripple [5].

On the other hand, the use of on-chip transformers in segmented PAs
can result in unreliable impedance matching. These segmentations must be
accompanied by a tunable impedance matching network that makes these
solutions sensitive to process—voltage—temperature variations [11, 12]. The PA
based on digital-to-analog converter (DAC) switching used in polar PAs is an
interesting approach to be further exploited in this chapter’s design.

This chapter describes the design of a 1.9 GHz linear-segmented PA. To
improve the efficiency in the PBO region, a combination of PA segmentation
and digital signal processing are employed. The PA sections are directly con-
nected to the output impedance matching network equipped with class AB
common-mode feedback (CMFB) mechanism to reduce common-mode vari-
ations when (de)activating the PA segments. The digital prewarping scheme
improves the signal-to-noise ratio of the solution under PBO conditions.

This chapter is organized as follows. Section 7.2 provides a thorough anal-
ysis of the nonlinear effects of PAs, especially a closed-form analysis of the
relationship between multitone adjacent-channel leakage ratio (ACLR) and
two-tone intermodulation distortions. In Section 7.3, the digitally aided archi-
tecture is described in detail, and an in-depth analysis of the impact of linearity
due to timing mismatch is carried out. The design of the PA building blocks
is presented in Section 7.4, and the measurement results and discussions are
presented in Section 7.5. Finally, the conclusions are presented in Section 7.6.

|
7.2 Nonlinear Effects of Power Amplifier

7.2.1 Linearity limitations

Conventional modulations, such as frequency modulation, frequency-shift key-
ing, and Gaussian minimum-shift keying have their information stored in the
frequency and/or phase variations—not in the envelope amplitude, and thus
do not require linear power amplification. If a signal’s envelope amplitude
varies then linear amplification is required [16]. Multicarrier modulations such
as OFDM present amplitude variations that need to be preserved throughout
the transceiver chain; therefore, linear PAs are required. OFDM has found
its popularity in wideband digital communications such as the wireless local
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access network, digital television, and fourth generation long-term evolution,
due to its multicarrier nature that enables more reliable transmission and
reception compared with single-carrier schemes [17]. Lack of PA linearity
would result in distortion of the amplified signal, which results in unwanted
components in frequencies apart from the desired designated frequency bands.

7.2.2 Multitone nonlinearity

Linearity is one of the major concerns in current and near future wireless com-
munication systems. The requirements on spectral leakage, often in the form
of an ACLR, are usually the most demanding specifications for RF-integrated
circuit design. Because of the nonlinearity of the RF front-end, the shape of
the input signal is not preserved, which means the spectrum is not limited to
the desired bandwidth. This effect is termed spectral regrowth [18, 19] and is
quantified by ACLR, which is defined as the ratio of the integrated power in
the adjacent channel to the power in the transmitted channel [20].

Because of the quasirandom nature of signals used in communications, it is
not easy to analytically relate ACLR to PA design parameters. Multitone sig-
nals are similar to the band-limited signals used in communication systems in
the frequency domain, but its simulation is still relatively expensive. Depend-
ing on the number of tones at the input source, it may not be well-supported
by the simulator [21]. This subsection presents an analysis that relates a mul-
titone ACLR to two-tone, third-order intermodulation distortion (IMD3) of a
nonlinear system, which enables a quick estimate of the PA spectral regrowth
using a fast two-tone simulation in the early design phase.

Consider an input signal that consists of N identical tones evenly spaced
in the frequency domain:

N
Vin = Vq Z cos [wo + (n — 1) Aw]t (7.1)

n=1

where Aw denotes the angular frequency spacing. Rearranging (7.1) reveals
more clearly that the normalized input resembles a modulated signal:

v 1 [ >
i =3 <Z exp{j[wo + (n — 1) Aw]|t} + ZGXP {il-wo—(n—1) Aw]t})

) _ JiNAwt ) _ ,—jNAwt
1 piwot 1-e e*J"“’tl e
2 1— ejAwt 1— e—jAwt

ej%t 6_3% St

1 jwtejN%t @_jN%t—ejN%t
e € 0
2 t_ el



CMOS Power Amplifiers for Wireless Applications 187

—jwot @7jN%t ejN%t — ejNAzwt>
€

(7.2)

Clearly (wo + %Aw) is the center frequency of the frequency band from wy
to (wo + (N — 1) Aw), which can be viewed as the carrier frequency; hence,
the N-tone signal would have an “envelope” of

sin (N%t)

Venv = VU 7.3

¢ * sin (%t) (73)
Using the L’Hopital’s rule, it can be shown that
sin (N&«t

Venv,max = lim v ( 2 ) = Nu, (74)

t50 " sin (%t)

To calculate the root-mean-square (RMS) value of v;, composed of N equal-
magnitude tones, Parseval’s identity is used, leading to

21;5231 (;)2 . ﬁva (7.5)

Combining the results from (7.4) to (7.5), the PAPR of an N-tone signal is
computed as

Vin,rms =

Pmax veznv max 2
PAPR = _ enemad/2 (7.6)

2
Pan Uin,rms

where a normalized resistance of 1  is assumed; thus, a modulated signal
with a PAPR of 10 dB can be emulated by a 10-tone signal. Although the
frequency spectrum of a multitone signal may have a similar profile to that of
a modulated signal with similar PAPR, it is still different from the continuous
band-limited signal’s spectrum due to the discrete nature of its spectrum.
This is evident when the signals go through a nonlinear system, and a spectral
regrowth is observed. Even when two signals show similar ACLR, the spectra
can still have a different shape.

The second-order distortion would not contribute to tones in the adjacent
channels for high-IF narrow-band signals; therefore, only third-order distor-
tions are considered in analyzing multitone adjacent channel powers (ACP).
The third-order distortion output is

N N N
Gouts = g3V, = gaud (Z coswkt> (Z coS wﬁ) (Z coS wmt> (7.7)
k=1 =1 m=1

Next, the amplitude of each tone in the adjacent channel is calculated, and
the ACP is the sum of their output power. The analysis of this function is
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cumbersome, and the details can be found in Ref. [22]; This section is restricted
to only the most relevant results. If a two-tone signal with equal amplitude of
v, is applied to the PA, the IMD3 is expressed in decibels as

v§)2 (7.8)

It can be shown [22] that the ACLR of an N-tone signal that is applied to the
PA can be related to a two-tone IMD3 described by (7.8) as:

3
IMD3|;; = 10log (4 zi’

Pag;
ACLR oy = 101l0g P—d-] = IMD3 — 10log N + 10log F(N)  (7.9)
ch

F(N):% %(N—1)5+(N—1)4+2(N—1)3+(N—1)2+135(N—1)

Analysis in Ref. [23] assumes that the phases of all distortion components are
random. Such an assumption provides a lower limit of ACLR:

ACLR iy = IMD3 — 10log N + 10log G(N) (7.10)
where 1
GIN) =15 [4N (N? = 1) — 3 (N? — N mod 2)]

Therefore, in the design phase, a simple two-tone simulation can be used to get
IMD3, and from (7.9) to (7.10), one can obtain a rough idea of the multitone
ACLR range, which indicates what could happen in the corresponding ACLR
as a result of a modulated input signal that has a similar PAPR.

To verify the analysis, an RF PA was designed and fabricated in Taiwan
Semiconductor Manufacturing Company (TSMC) 40 nm CMOS. The linear
PA operates at 1.9 GHz, with a measured continuous-wave (CW) saturated
output power of Psat ~ 35 dBm and a power gain of 38 dB. For more details
on the design and implementation of PA, readers are referred to Section 7.4
and Refs. [14, 24].

Based on the two-tone test and thus the corresponding IMD3, (7.9) can
be computed and compared with simulation results. The results are shown in
Figure 7.2.

Note that, as a reference, the ACLR predicted by (7.10) is also included
in the plot. As expected, the simulation results are better than the results of
(7.9) but worse than that predicted by (7.10). As previously mentioned, the
purpose of this analysis is to provide a quick estimate of the ACLR at the
early design phase; therefore, a prediction of the ACLR range should suffice.

As a second testbed, an OFDM signal with a PAPR of about 9 dB is
applied to the PA and the output power spectrum is measured. The normalized
output spectrum is calculated in Ref. [22] and the corresponding simulation
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Simulated and predicted multitone adjacent channel leakage ratio (ACLR) as
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Multitone output spectrum: theoretical, simulated, and experimental results.

results are compared with the measured PA output spectrum, as shown in

Figure 7.3.

As expected, the theoretical calculations from (7.9) represent the worst
case, and the simulation results give a better nonlinearity performance.
The ACLR turns out to be similar, which again validates the proposed
methodology. The simulated nine-tone ACLR is about —30 dBc, whereas the
measurement result is —33 dBc ACLR for the OFDM signal.
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7.3 Power Amplifier Architecture

Since most communication systems in 3G and onward have a Gaussian dis-
tribution power transmission PDF as a function of output power in dBm, the
architecture targeted in such communication systems partition the signal in a
linear-in-dB manner to maximize its effectiveness. The best power efficiency
in current PAs is utilized for large signals. Thus, the aim of the proposed
approach is to maintain the PA input signal’s large size; which requires digi-
tal prewarping techniques. The incoming signal is segmented into four regions
with adjacent regions, which differ in maximum voltage by 6 dB as shown in
Figure 7.4.

The four regions are distinguished by the values of the control phases
@1 — ¢3 These control bits correspond to the two most significant bits (MSBs)
of the baseband signal; thus, baseband signal power is identified in the digital
signal process. The control phases control the segments of the PA, and then

(a) Amplitude of original digital baseband signal
MSBs

11 | Region 4

01 ¢ /J\/\ / | Region 2

00 ¢ | Region 1
(b) Amplitude of segmented digital baseband signal

10

o1 4
00}
Digital
gain

g
il

44— 8 xX—Ppt— s X—t— 2 X —pa— ] x>

FIGURE 7.4
Correlation between control phases and baseband signal amplitude: (a) input
signal and (b) digitally segmented signal.
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correlate the PA current consumption and gain with the signal containing
the MSBs.

Figure 7.5 shows the conceptual schematic of the proposed system. Ignor-
ing the sign bit, the MSBs of the digital representation of the baseband signal
magnitude manage the segments while the least significant are converted into
analog format and then up-converted by the mixer. The PA and its driver are
divided into four sections in a binary fashion. The control bits ¢ — ¢3 drive
the PA sections through the drivers. If the signal strength falls in region ¢g; for
instance, the control phases ¢1 — ¢3 are zero, and then only the unswitchable
section manages the signal Si, (). To minimize the switches in the signal path,
the drivers are turned off by switching the connection to Vpp. DC coupling is
used to drive the PA sections, thereby avoiding the use of large capacitors that
introduce a significant delay in the signal path. The architecture is designed
such that when the drivers are turned off, the PA sections also shut off. As
a result, the drivers and PA sections are dynamically correlated with signal
power providing further power savings.

Because of the manipulation of segments, the PA power gain follows this
pattern, which makes the PA gain signal dependent on linear amplifiers.

An elegant yet efficient solution is to use digital gain equalization to over-
come this shortcoming. The signal strength is evaluated and amplified accord-
ingly in the digital domain such that the digital gain and gain attenuation due
to PA switching compensate each other, leading to a constant power gain fac-
tor across all operating conditions. A unique property of this approach is that
small signals are noise-free amplified in the digital domain, making them more
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phases ¢1{ (92| ¢3 Switchable network
Data inﬁ !
Digital gain
equalizer : I
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FIGURE 7.5
Simplified schematic of the proposed architecture employing three binary
weighted switchable arrays.
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tolerant to thermal noise due to the mixer, PA drivers, and PA sections. The
digital gain by multiples of two is an easy and cheap operation, since it only
requires a bit-shift to the left in the digital domain. If the digital gain equal-
ized signal reaching PA input is fully synchronized with the manipulation of
the PA sections, the PA output signal is smooth when transitioning across
different segments.

7.3.1 Timing mismatch analysis

One concern is the timing alignment of the RF signal path and the digital
control phase path. A simplified model of the system shown in Figure 7.6 is
used to capture the essence of the timing mismatch.

Let us consider the case of only one-bit control, ¢3. Suppose that there
is a timing delay of 7 seconds between the RF signal path and the con-
trol phase, i.e., the control signal arrives at the switch before the corre-
sponding RF signal reaches the PA cells. Assume a modulated input signal
Sin (t) = sBB (t) srr (t) = cos (wppt) cos (wrrt), where wpp and wgrp represent
the baseband and RF angular frequencies, respectively. For simplicity, the
amplitude of the input tone and gain of the mixer are chosen to be unity.
If all PA sections are active, then the output power is then described as
Sout—n (t) = AvpaSin (t), where Aypa is the PA gain. When the PA is par-
titioned at its halfway point, the PA output is Sout—n (t) = 0.5AvpaSin (£)-
However, the baseband equalizer recognizes that the signal power is small
and amplifies it by 6 dB; s;, (¢) is then a pre-equalized version of the original
baseband input signal and can be expressed as follows:

. (t) _ { 2SBB (t) SRF (t) if —0.5 < Sgp (t) <0.5 (7.11)

SBB (t) SRF (t) if —0.5 > Sgp (t) or Sgp (t) > 0.5

If the timing is perfectly aligned, while the magnitude of the baseband signal
is smaller than the threshold voltages, the PA gain reduces by a factor of
two. At the same time, the signal is digitally amplified by two, while in this
region, the overall gain remains constant since the digital amplification and

¢3‘r Vbp
psp —»

Input
signal
&
control
phases

FIGURE 7.6
Simplified model for timing mismatch analysis.
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PA attenuation are fully synchronized. On the other hand, if there is a timing
mismatch of 7 s between the time we manipulate the PA segments and the
signal traveling through the up-convertor and amplification chain, then the
operations are misaligned resulting in an error (glitch like) at the PA output.
The delay occurs when the signal travels through the DAC, the mixer, drivers,
and PA sections. If the PA sections are turned off earlier, the PA gain drops
by 6 dB and stays in this condition until the equalized signal reaches the gate
of the PA. This scenario is illustrated in Figure 7.7a, and the resulting error
signal is plotted in Figure 7.7b.

The RF component is not shown to simplify the plot. For the sake of
simplicity, let us denote 8 = wppt; then, the third Fourier coefficient of the
error signal can be calculated as follows:

™ 01,5 03,7

— 1 01,5+0+ 03,746+
a3:<GPA> (—2 [ cosfcos36dd+ [ cos@cos30d0> (7.12)

where 0; = wppt;, i = 1,2,3,4 and 6, = wp7. Calculation of the integrations
and then rearranging the expanded terms, and noting from Figure 7.7 that

0= 2,05 =2 05 = 4T 0; = 2T would lead to

_ <ﬁGm—PA
as = | ——=
2

> (; sin 20, sin (20, — ¢) —sin 6, sin (6, + qb)) (7.13)

where ¢ = tan™! (%) = 0.19 rad. If we assume that 6, < ¢, then (7.13)

reduces to the simpler yet intuitive result
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FIGURE 7.7

PA output waveforms (RF component is not shown for simplicity): (a) pre-
warped signal with and without timing delay and (b) error waveform due to
timing mismatch between ¢35 and Sj(t — 7).
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-
las| ~ <TBB> Gm—pa (7.14)

where Tgp is the baseband signal period. Since a; ~ G,—paSBB—pk in this
simplified analysis, the third-order intermodulation distortion due to the tim-
ing mismatch IMD3 is proportional to ﬁﬂﬁ. For a baseband signal of 10 MHz
(Tsg = 1077 s), the delay error 7 must be under 1.3 x 10~ s to maintain
IM3 under —40 dB. Timing mismatches in the other three PA segments add
similar effects and increase the PA sensitivity to time delay mismatches.

To reduce the nonlinearity caused by the timing mismatch, a delay cell is
added to the system to reduce the timing mismatch. The delay cell includes a
replica of the preamp, but it acts as a digital driver. Extensive simulations in
a WCDMA system, where the channel bandwidth is 3.84 MHz, showed that
timing mismatch of 100 ps would result in a PA neighbor channel leakage
power under —40 dB. Thus, it is highly recommended to use 100 ps delay as
a cap for delay mismatch.

7.4 Power Amplifier System Design

The critical design of the proposed system is the switching scheme, which is
applied to both the PA sections and their drivers. The PA design details are
described in this section.

7.4.1 QOutput stage design

Figure 7.8 shows the schematic of the PA stage. Cascode configuration is used
to improve its reliability and stability. The common-source transistors are
standard thin oxide transistors that have lower input capacitance and higher
transconductance; the common-gate transistors have thick oxide to withstand
larger voltage swing. The transistors are optimized for linearity, and their sizes
are also included in Figure 7.8.

The maximum RF current is expected at this stage; thus, extra care is
needed in the design layout. Multiple pads for the output and ground nodes
are used, and the ground pads of this stage are not shared with the remaining
parts of the chip. The transistors are organized in clusters employing common-
centroid techniques to facilitate the connectivity and to minimize transistor
mismatches. The PA transistors are DC connected to the PA drivers; thus,
no additional switches are required to enable or disable these sections. When
M, transistors are switched on/off, a significant common-mode step in current
occurs that may produce significant common-mode ringing. To alleviate this
issue, a fast class AB CMFB circuit (not shown in Figure 7.8) is allocated at
the PA output.
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FIGURE 7.8
Schematic of the PA output stage; the core consists of 1536 replicas.

7.4.2 PA drivers

The schematic of the driver stage is shown in Figure 7.9. It consists of a
differential pair with resistive load, a switch controlled by the control code,
and a CMFB loop. Direct coupling between the driver and the PA stages
reduces the switching delay. When the switch is opened, the driver’s output
common-mode voltage moves down very quickly, putting the differential pair
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FIGURE 7.9
Conceptual schematic of the driver stage.
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transistors in the triode region. The common-mode voltage drops and then
breaks the loop during this condition, which helps to quickly turn down the
preamplifier outputs. When the switch is closed again, the output voltage of
the driver moves toward Vpp and is only limited by the time constant Ry, Cpa .

Since the load resistors Ry, are small, the time constant is small, and fast
low-to-high transition is achieved. As soon as the common-mode level exceeds
the reference voltage, the loop tries to reach its steady state; then, settling time
of the CMFB is a function of the loop properties. Therefore, the use of fast
CMFB is a must. Open-loop gain, closed-loop bandwidth, and stability are all
important parameters to be considered when designing the CMFB loop [14].

7.4.3 Output impedance matching network

For the output impedance matching circuit, a multisection network was imple-
mented. Figure 7.10 shows a half representation of the matching network.
Cp and Lyy,q stand for the drain capacitance and the bond wire inductance,
respectively. The parasitic capacitance at the package on the PCB is accounted
for in Cj. The transmission line with a length d and characteristic impedance
Zg is formed by a microstrip line consisting of the PCB trace and the ground
plane underneath. Ry, represents the input impedance of a balun, which is
25 Q for a half circuit. The optimal impedance Rt is determined by maxi-
mum linear output power design specification.

The load—pull simulations further allow us to optimize the choice of Rr.
The component values can be determined by hand calculations, the Smith
chart, or existing software packages. The summary of the component values
is given in Table 7.1.

Two important design specifications for the output matching network are
bandwidth and insertion loss. The matching circuit used in the proposed sys-
tem is effectively a multisection design, and its bandwidth is sufficient for

Lpna d
Zy
g o N
PR s e

FIGURE 7.10
Two-section impedance matching network.

TABLE 7.1

Impedance Matching Network Component Values

Ch C; Cs Li,q Transmission Line
(pF) (pF) (pF) (pH) W (mil)  d (mill)
10 15.9 3.27 400 150 244
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WCDMA applications. To ensure robustness, the insertion loss of the output
matching is simulated under process variations, as shown in Figure 7.11.

The worst case of the simulated insertion loss is around 1 dB when all
component values are shrunk by 30%. However, this is the less likely case,
since nonidealities usually result in additional parasitic components, making
the effective component values larger. If all component values increase by 30%,
the insertion loss is simulated to be only 0.2 dB.

The @ of the bond wire inductance affects the output matching network.
This effect manifests itself in higher insertion loss at the frequency of interest.
As shown in Figure 7.11, the insertion loss at 1.9 GHz is simulated with
various () and L values of the bond wire inductance across all four modes
of operations. As can be seen, only at extreme conditions, i.e., inductance
increased by 30% and @ = 30, does the insertion loss exceed 1 dB. Even in
this case, since the output match adopts a multistage topology, there are many
other components that can help optimize matching.

As the PA switches on and off different transistor sections, the output
impedance of the transistor changes. However, the transistor is in either an
active region or a cutoff region, and the drain capacitance is mainly due to
the depletion region capacitance between the drain and the substrate plus the
gate-drain overlap capacitance. A 2 MHz sinusoidal baseband signal modu-
lated to the carrier frequency is input to the system; the transient waveforms
are shown in Figure 7.12. The top plot shows the original sinusoidal base-
band signal, along with a predistorted baseband that is to be input to the
PA. The peak voltage amplitude before and after impedance matching net-
work are 3.1 V and 10.7 V, respectively. The voltage transformation ratio
of 3.45 thus implies an impedance transformation ratio of 11.9, as desired
(Z1./Zr = 50/4.5 = 11.1). Notice that if the mismatches in segmented PA
are small, the AC current delivered to the matching network is smooth for
the entire power range. In practice, some glitches are present when switching
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FIGURE 7.11
Insertion loss simulation with process variations.
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Transient simulation results: (a) input signal before and after digital prewarp-
ing (top trace), (b) output signal at drain voltage (middle trace), and (c)
output signal after impedance matching network.

between segments mainly due to the unavoidable parasitic capacitors and tim-
ing offsets.

Also, the Soo of the PA in each mode of operation is simulated and mea-
sured. These can be found in Ref. [14]. Although there is some mismatch
due to nonidealities, it is manageable, and can be optimized by tweaking the
output matching network component values. Note that both simulation and
measurement show that Sss does not vary much across different modes of oper-
ations of the PA. This is because, due to the cascode topology of the output
stage of the PA, the output resistance of the PA is kept large when compared
with the transformed Rr; therefore, the variation in PA output resistance is
“absorbed” by the output matching network.

7.5 Measurement Results

The PA was fabricated in a TSMC 40 nm CMOS process, and Figure 7.13
shows the microphotograph of the chip.
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Microphotograph of the chip.

The chip area is approximately 2.88 mm?. A single-tone CW signal of
1.9 GHz was applied to characterize the PA in all four operation modes.
Figure 7.14 shows the measured gain, output power (Pour), and power-added
efficiency (PAE) as a function of the input power (Prn). The PCB and cable
losses are de-embedded in the performance. The PA’s output, Piqg and PsaT,
are measured as 31 dBm and 35 dBm, respectively. The average power gain is
38 dB, and the PAE at Pigp and Psat are 28.8% and 44.9%, respectively. As a
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FIGURE 7.14
Measured gain, output power, and PAE as a function of input at 1.9 GHz.
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comparison, the PAE of PA without the proposed power efficiency improve-
ment techniques was measured, and is presented in Figure 7.14 as the dashed
curve. At 7 dB backoff from Piqg, the PAEs of the PA with and without
segmentation are 21.3% and 8.1%, respectively.

A WCDMA baseband signal that is compliant with the 3rd Generation
Partnership Project (3GPP) standard [20] was generated, preprocessed in
digital, and up-converted to 1.9 GHZ with a bandwidth of 3.84 MHZ. The
baseband signal that is prewarped is generated in MATLAB and input to the
signal generator. Along with the baseband signal, the control phases are sent
out to decoders and digital-to-analog converters implemented on the PCB in
the measurement setup. According to [20], the ACLR at +£5 MHZ should be
kept below —33 dBc for cellular handsets to comply with the standards. The
measured output power spectrum is shown in Figure 7.15, with the PA under
test transmitting a maximum linear power of 31 dBm. Data analysis from
the spectrum analyzer shows the ACLR at a maximum power of 31 dBm or
—35.8 dBc.

The ACLR as a function of maximum output power was measured, and
the result is shown in Figure 7.16.

The linearity of the system was compromised in the PBO region, while
still meeting the specifications. Another linearity figure of merit is the error
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FIGURE 7.15
ACLR measured at maximum output power of 31 dBm.
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EVM as a function of maximum output power.

vector magnitude (EVM). For 3G WCDMA, the specification for EVM is less
than —15 dB (17%). The EVM as a function of maximum output power of
the PA is shown in Figure 7.17. At a maximum output power of 31 dBm, the
EVM is —21 dB (8.95%).

The phase error is measured as an indication of the PA’s AM/PM non-
linearity. The measured phase error can be under 2.5% up to 35 dBm output
power. Recently, reported linear PAs with segmentation technique to improve
PAE were compared with the proposed PA as shown in Table 7.2. The pro-
posed PA achieved a remarkable peak PAE as well as outstanding marks at
PBO regions.
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TABLE 7.2

Comparison with Recent Publications
Frequency Pgsar/par Vpp CMOS  Size Number PAE Increase at PBO

Reference (GHz) (dBm/%) (V) (nm) (mm?) of Modes 7dB 10dB 15 dB
[8] 2.4 23.1/42 1.5 130 5.48 2 3.3 4.3 3.6
[9] 2.4 27/32 12 130 2 2 54 4 3.4
[11] 2.4 23.1/42 3.3 180 0.88 2 8.7 8.7 7.2
12] 2 23/38 2.5 250 2.48 3 10 N/A  NJA
13] 2.45 31.5/25 3.3 65 2.7 3 10 5 N/A
2] 2.45 26.3/33 2 90 1.88 2 9 7 3
[15] 2.2 43 1.2 65 6.25 2 6.2 4 2.1
This work 1.9 35.3/44.9 2.5 40 4 4 13 7.36 9
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7.6 Conclusion

A 1.9 GHz segmented linear PA was designed and implemented in 40 nm
CMOS technology. The input signal is segmented and strategically amplified
in the digital domain while the PA is segmented, and its segments are properly
manipulated to maintain its power gain invariant with voltage while achiev-
ing significant power savings. The PA achieved a saturated /maximum linear
output power of 35/31 dBm with the corresponding peak PAEs of 44.9% and
28.8%, respectively. A fast yet efficient switching scheme that employs direct
coupling between PA sections and drivers was demonstrated, which enabled
the PA to improve the efficiency in the PBO region within a wideband com-
munication standard.
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8.1 Injection Locking

In the middle of the 17th century, a Dutch physicist, Christiaan Huygens, the
inventor of the pendulum clock, was first noticing an “odd kind of sympathy”
from two pendulum clocks on the wall, which swing in a synchronized form
no matter how these clocks began. This is what we called mechanic “injection
locking,” as sound pulses, generated from the movement of the pendulums,
travel through the wall from each other, and eventually force them to syn-
chronize [1]. A similar phenomenon can be observed in an electronic oscil-
lator when an incident signal, having different frequencies, is injected into
the oscillator. The process of the oscillator changing from the perturbation
to the steady-state condition is called injection locking, and it is graphically
interpreted in Figure 8.1. As we can see, Figure 8.1a is the spectrum of a free-
running harmonic oscillator, assuming a purely sinusoidal signal at the output;
Figure 8.1b exhibits an extra frequency component, wj,j, far from the locking
range, wr,, which is the maximum frequency distance from the free-running
frequency, w,, that the injection locking holds; Figure 8.1c shows that the w,
starts shifting towards the injection signal; and Figure 8.1d is the spectrum
when the oscillator is locked. The first examination of the injection locking
was provided by Adler [2] in 1946, where the locking range, Eq. (8.1), and
injection phase were detailed.

E1 Aw

o =200 (8.1)
where E; and E are the imposed voltage and the output voltage signal of
the oscillator, respectively, () denotes the quality factor of the LC circuit, and

> 9L
| T
0 @, 9] 0 @, winj @
(b) (d) ‘
0 @y W, © 0 Wo,= Wipj o)

FIGURE 8.1

Injection-locked procedure represented in the simplified spectrum diagram.
(a) Free-running, (b) wj,; deviates far from the locking range wr,, (c) under
perturbation, and (d) locked.
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wo and Aw are free-running frequency and the maximum frequency between
the injection frequency and the free-running frequency over which a lock state
can be established. Injection-locking techniques have been widely appreciated
in the design of wireless and wireline data communication systems, and have
drawn great attention. Literature [3-12] further explores the insights of injec-
tion locking and subsequently their uses in clock generation. For instance, the
phasor domain treatment of the injection-locking and pulling of oscillators by
Razavi provides the much needed insight of the locking and pulling processes
of oscillators [13]. The one-side locking range is shown in Eq. (8.2)

Wo Iinj 1

Aw =

= — _— (8.2)
2Q 1, L (1#)2

where I;,; and I, are the current of the incident signal and that of the LC
tank, respectively. If I;,;<<I,, Eq. (8.2) will be simplified to

Aw ~ o Ling.
“Eo0,

(8.3)

From Eq. (8.2), notice that the locking range is determined by the injection
ratio II—J and the quality factor of the oscillator. In addition, the difference
between the phase of the injection signal and the output of the oscillating
under injection is of great importance in the determination of locking range.
It was shown that the maximum locking range in the weak injection in which
I;in; < 1, is attained at 90° phase difference, leading to the zero crossing of
the incident signal reaches the peaks of the output.

8.2 Linear-Feedback Approach for Harmonic Oscillators

In this section, a linear-feedback approach is presented for injection-locking
techniques in harmonic oscillators.

8.2.1 Linear-feedback model of harmonic oscillators

Consider a typical negative feedback system with g setting to unity illustrated
in Figure 8.2, where

Vout . _ HO(jw)
w) =77~
Vi 1+ H,(jw)
Unlike an amplifier design, which is often given a sufficient phase margin at

the unity-gain frequency to avoid undesired overshoot at the output port, in
the self-sustaining autonomous system, an unstable feedback is expected. In

(8.4)
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Vin + Vout
—>(+) H,
Bk
L= 7

FIGURE 8.2
A negative feedback system.

other words, making the circuit perfectly to oscillate is the design goal. Pro-
vided a noise component at w, is injected to the circuit in which H,(jw,) =
—1, resulting in an infinite loop gain. The noise experiences a total gain of
unity and a phase-shift, 180°, returning to the subtractor as a reversed input
signal. As a result, the output of the subtractor is the amplified noise compo-
nent, which continues to grow. Therefore, an oscillating signal is attained at
Vout- If a negative-feedback system with its loop gain satisfies Barkhausen cri-
teria, |H,(jw,)| > 1 and ZH,(jw,) = 180°, the feedback system will oscillate
at w,.

8.2.2 Linear-feedback model of injection-locked
harmonic oscillators

The most widely recognized oscillators in the wireless communication systems
are inductor-based oscillators due to their superior phase noise performance
when compared with other types of oscillators such as ring oscillators. In this
section, we focus on the locking range of inductor-based oscillators.

Figure 8.3a shows the simplified schematic of an injection-locked cross-
coupled oscillator. The inverting buffer is inserted such that Barkhausen cri-
teria are satisfied. Let I;,; denote the incident current and Zr denote the
load impedance of the cross-coupled oscillator. Applying Kirchhoff’s Current
Law (KCL)at node 1, we have I, + It = I;n; and I, = —gm(Z7rIr), where
gm is the transconductance of the transistor. The injection-locked oscillator
can be represented by the block diagram shown in Figure 8.3b with I;,; the
input and I the output. Note that Figure 8.3b is a linear system when a
lock state is established as only one frequency, e.g. the frequency of the input
exists in the system. When the injection signal is absent, the oscillator is an
autonomous system that oscillates at w,, the self-resonance frequency of the
LC tank.

Let us consider Figure 8.3b. By the definition of injection locking, if the
injection frequency is w;n; = wo+Aw, and the oscillator has a steady-state out-
put in the locking state, the frequency of the oscillator is changed to w;y;, and

H,(w, + Aw)
1+ Hy(w, + Aw)

Ip(wo + Aw) = Linj(wo + Aw). (8.5)
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& (b)
R=L C

Ir I I 1
P [
1Y1, L hm——| H,
+V(*)gmv Iinj

FIGURE 8.3
(a) Injection-locked oscillators and (b) block diagram of injection-locked
oscillators.

In the case where Aw<w,, and applying Tylor’s expansion, it follows that

H,(w, + Aw)

OH,(w)

Iy (wo + Aw) =
1+H0(w0)+{ T ] Aw

Imj(wo + Aw) (86)

Provided H,(w,) = —1, after a few steps manipulation, we have the magnitude
of I,(wo + Aw) as
Hy(w, + A
Lo (wo + Aw)| ~ oo H AN p - AW, (8.7)
’BHo(w) ’ |Aw|
ow we

Utilize the definition of quality factor given in ref. [14], and we know H,(w) =
Ael?. Thus,

From Figure 8.3b, it is clear that
|1 (wo + Aw)| = |Hp(wo + Aw) || Ir(wo + Aw)|. (8.9)
It follows from Egs. (8.8) and (8.9) that

Wo

] = 5%

From preceding analysis, we consider harmonic oscillators as linear negative-

feedback systems that are perturbed by the “external noise”, the injection

signal, which is an alternative perspective view of injection-locked harmonic

oscillators. It provides an additional insight. More details can be found in

ref. [15]. As we can see, if the injection is weak, i.e., I;n; < I,, I,~Ir follows.

Equation (8.10) is analogous to (8.1) and (8.3) for the maximum value of Aw.

The way of increasing the locking range is either to make the injection signal
stronger or to lower the quality factor of the LC tank.

(8.10)

Iinj (wo + Aw)
I(we + Aw) |
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8.3 Linear-Feedback Approach for
Nonharmonic Oscillators

This section investigates the locking range of nonharmonic injection-locked
oscillators such as ring oscillators or relaxation oscillators whose output is
typically nonsinusoidal, revealing the existence of harsh nonlinearities in the
systems.

8.3.1 Linear-feedback model of nonharmonic oscillators

Before we get into the details of injection-locked nonharmonic oscillators, we
first develop a representation of nonharmonic oscillators. The output of an LC
oscillator is a sinusoidal signal, whereas that of nonharmonic oscillators is typ-
ically a square wave-like signal. Let the fundamental frequency of the output
of nonharmmonic oscillator be w, = 27/T. We know the purely sinusoidal sig-
nal has only one frequency component in the positive spectrum while a purely
square wave shown in Figure 8.4 can be represented by an infinite number of
frequency components, containing the fundamental and odd harmonics.
The output can be represented by

I, = Z Iy 0 (nwo)d(w — nwy), (8.11)

n=1,3,...

where §(.) is the discrete-time impulse also known as the unit impulse [16].
The preceding description shows that the spectrum of the square waveform,
consisting of a train of impulses at w,, 3wy, dwo, ... NW,, leads to a critical
observation: In the steady-state, the nonharmonic oscillator can be considered
as an assembly of a set of harmonic oscillators, having free-running frequency
at wy, 3wy, dwy, ..., thereby greatly simplifying the analysis of injection-locked
nonharmonic oscillators, as to be seen shortly.

Time domain Frequency domain
0,1
A I
> o, >
A ! 1”'1
I
N
o T2 T t ©, 30, 50,

FIGURE 8.4
Waveform and spectrum of harmonic and nonharmonic oscillators.



Injection-Locking Techniques 213

8.3.2 Linear-feedback model of injection-locked
nonharmonic oscillators

What happens if the nonharmonic oscillator is injection-locked to a sinusoidal
signal? Figure 8.5 shows a cadence spectre simulation of a nonharmonic oscil-
lator, e.g. a relaxation oscillator, locked to an external signal.

As expected, a sinusoidal, given sufficient injection strength, is injected to
a nonharmonic oscillator with its frequency in the locking range, the oscillator
frequency is shifted to the incident frequency. Further shown in Figures 8.6 and
8.7, not only is the fundamental harmonic locked but also the other harmonics
of the oscillator are changed to 3wiyj, 5Winj,..., accordingly.

This observation reveals that the single-tone input of the nonharmonic
oscillator will affect the input of the representing harmonic oscillators. As
explained in Section 8.2.1, injection locking for a harmonic oscillator can be
modeled as a linear-feedback system. The injection-locked nonharmonic oscil-
lator with an incident signal at w,;, therefore, can be represented by a set
of injection-locked harmonic oscillators, each with a single-tone injection at
Winj, Winj, dWinj,-.., as shown in Figure 8.8.

We note that this representation is analogous to Volterra series based anal-
ysis of nonlinear circuits. It has been demonstrated [17-21] that a periodically
time-varying nonlinear circuit can be represented by a set of periodically time-
varying linear circuits of the same topology but different inputs set by the
nonlinearities of the circuits. Nonharmonic oscillators fall into the category of
periodically time-varying nonlinear circuits, such that they can be analyzed
using Volterra series approaches.

Magnitude (dB)

1 | 1 1 1 1 1 1
300 350 400 450 500 550 600 650
Frequency (MHz)

FIGURE 8.5
Spectrum of free-running frequency and injection locked frequency for the
1st-harmonic.
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FIGURE 8.6

Spectrum of free-running frequency and injection locked frequency for the
3rd-harmonic.
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FIGURE 8.7

Spectrum of free-running frequency and injection locked frequency for the
5th-harmonic.

The foregoing discussion proves the feasibility of using a set of injection-
locked harmonic oscillators to represent an injection-locked nonharmonic
oscillator, which is only valid when the oscillator is locked. We introduce the
open-loop gain, H, ,(nw,), of the harmonics of the oscillators, and make use
of a similar approach that is used to obtain the locking range of a harmonic
oscillator. We have
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inj —i

|Single—tone to multi—tonel

FIGURE 8.8
Representation of injection-locked nonharmonic oscillators with a single-tone
injection.

—4ingl,1
aIjl-ol
A
( dw )% v

After a few steps of algebraic manipulation, we can get the output power of
the oscillator

—Linj1,3
<8H03) 3Aw
ow 3,

I, ~

5(w - wmj) +

I(w — Bwing) + - -

(8.12)

D=l +1;+1:+..., (8.13)

where

The summation of the expressions in Eq.

w, L - w 212 -
2 _ o mj, o mj,
(Aw)* = (2@1) 2 + (2@3) 2 + ... (8.14)
Define 7
_ Wo inj,n
|Aw,| = <2Qn) . (8.15)

Equation (8.15) shows that I, is the total output current of the harmonic oscil-
lators. Equation(8.15) thus quantifies the contribution of nth-order harmonic
oscillator I;;, to the overall locking range of the nonharmonic oscillator.
Equation(8.14) can be written as

|Aw| = (8.16)
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where Aw is the single side locking range of the injection-locked nonharmonic
oscillators with a single-tone injection. Equation (8.16) reveals the relation
between the locking range of the harmonic oscillators and that of the nonhar-
monic oscillators. If the harmonic oscillator is injection locked to an external
signal, only fundamental frequency will be taken into account. And Eq. (8.16)
is simplified to Eq. (8.10) for weak injection e.g. I;;,; < I,. Readers are referred
to [22-24] for more details.

8.4 Injection-Locked Frequency Divider

Frequency dividers are common building blocks in the transceivers of wire-
less and wireline data communication. For instance, Figure 8.9 illustrates a
sliding intermediate frequency Radio Frequency (RF)receiver in which a sec-
ond intermediate frequency is employed. A way of generating a divided-by-2
clock is to use frequency division. In a phase-locked loop (PLL), consisting
of a phase-frequency detector, a charge pump, a voltage-controlled oscilla-
tor (VCO), and a frequency-divider, depicted in Figure 8.10, the frequency
divider is a crucial component with respect to power consumption. Frequency
dividers can be implemented using static/dynamic logic [25,26], current-mode
logic (CML) [27,28], Miller dividers [29,30], and injection-locked oscillators,
including ring oscillators and resonant-based oscillators [4,31,5,32-48]. Power
dissipation and maximum operation frequency dictate the choice of a fre-
quency divider topology. In this section, a number injection-locked frequency
dividers are examined.

8.4.1 Frequency divider

The rapid down scaling of the footprint of Complementary metaloxidesemicon-
ductor (CMOS)transistors, and the aggressive reduction of the supply voltage

%Y

X Q

e

FIGURE 8.9
Divide-by-2 wireless receiver.
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FIGURE 8.10
A phase-locked loop.

have greatly impacted on the performance of clock circuits. The attributes
of flip-flop or latch logic lend themselves to be the most widely adopted
frequency dividers in PLLs, as shown in Figure 8.11. They are particularly
suitable for the applications at low-to-intermediate frequencies. As they are
edge-triggered, altering two states through the negative feedback, they have
a wide range of operation frequency, covering from near DC to circuits’ band-
width. One of the critical drawbacks of this type of frequency dividers, how-
ever, is their high power consumption due to the need for complete charging
and discharging in every clock cycle.

Current-mode circuits, also named as “current-steering” circuits, where
information is represented by the branch currents of the differential pair, offer
high speed, low noise sensitivity from power supply, and inherently differential
outputs. Therefore, CML is an attractive candidate of implementing frequency
dividers. A CML D-latch circuit is shown in Figure 8.12a. The circuit senses
the complementary inputs through a differential pair, which is controlled by a
pair of clocks. The outputs are latched through a regenerative pair. It basically
has two modes, namely sensing mode and latched mode. In the sensing mode:
CK is active, and the tail current, I; is steered to the transistors, M; and
M,. The voltage signals at node X and Y are amplified differentially. Once
the CK is inactive, and CK goes up, transistors M; and My are turning off
but My and M5 are turning on. The CML circuits enters the latched mode
in which the positive feedback loop formed by M, and Ms; regenerates the

(a) (b)

Ckout
b Q 0 I I I

2 N

FIGURE 8.11
(a) D flip-flop and (b) timing diagram.
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(2) (b)
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FIGURE 8.12
(a) CML latch and (b) divide-by-2 circuit.

difference between voltages at X and Y until one transistor turns off, and the
other transistor take the whole I;. Two CML latches form a negative feedback
loop such that a divide-by-2 is realized, as shown in Figure 8.12b.

There are two concerns for CML frequency dividers in low-voltage high-
speed applications: (i) The stacking of three transistors, M;, M3, and the
tail transistor is a major hindrance in preventing CML from being used in
applications where supply voltage is low. (ii) Operation frequency is severely
limited by the capacitance at the drain of the differential pair and the latch.
To alleviate the voltage headroom problem, the tail current transistor can be
removed, and the transistor pair, which is handling CK and C'K, can be used
as a pair of tail current to provide the constant current. To increase operation
frequency, shunt peaking (inductive peaking) that offers larger bandwidth
through resonating out the parasitic capacitance can be used.

Apart from conventional RS latches, true single-phase clocking (TSPC)
logic is another logic topology of edge-triggered sequential circuits [49], as
shown in Figure 8.13. Once the clock, CK, is high, Ms shorts M; and Ms.

M;

Mg

FIGURE 8.13
TSPC flip-flop.
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As a result, the first stage becomes an inverter, delivering D to nodes x and
y, while the second stage is disabled because M5 is a P-type metal-oxide-
semiconductor (PMOS). When CK is low, the second stage transfers the
stored value to nodes m and n, and the first stage is disabled. A divide-
by-2 is obtained using a negative feedback loop between the input and the
output. In comparison with CML logic, TSPC has two attributes: (i) it does
not consume static power and (ii) it operates at high frequencies without
dissipating an excessive amount of power. TSPC logic, however, might fail at
low frequencies due to charge leakage.

Miller dividers consist of a mixer, a feedback loop, and a low-pass filter
(LPF), which absorbs the parasitic capacitance, resulting in relatively high
operation frequency, depicted in Figure 8.14a. The development of Miller
dividers is to use a Gilbert multiplier to implement frequency component gen-
eration. Figure 8.14b depicts the feedback model of Miller dividers, where the
mixer is referred to the Gilbert cell and the LPF is associated with the load of
the circuit. Provided C'K operates at w;,, and the output frequency is divided
by 2, e.g. win/2. The output of the mixer includes wjy, /2, 3w;, /2, etc. With a
properly defined cut-off frequency, the LPF suppresses frequency components
higher than w;, /2, only picking up w;, /2 component at the output, which is
sent back to the input of the mixer. Notice that the circuit does not oscil-
late, which is the key difference between Miller dividers and injection-locked
frequency dividers.

8.4.2 High-speed low-power injection-locked
frequency divider

Increasing demand for high-performance, low-cost, and low-power wireless
transceivers has been the driving force for injection-locked prescalars in the
design of frequency synthesizers. In Section 8.1, we saw that the oscillators
are able to be locked to a frequency that is close to the free-running frequency
of the oscillator. Oscillators can also lock to an incident whose subharmonic
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FIGURE 8.14
(a) Miller divider and (b) model.
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is close to the free-running frequency of the oscillators, leading to injection-
locked frequency dividers. Table 8.1 tabulates some injection-locked frequency
dividers emerged recently.

A simple LC-based frequency divider is illustrated in Figure 8.15, consist-
ing of a cross-coupled transistors, a tail-current transistor, and an inductor. In
the absence of the injection signal, the oscillator operates at w, (free-running
frequency). For frequency division of 2, we expect that the oscillator is locked
to the injection frequency, win; = 2w,. The question is which node should be
used as the injection node. Due to the high impedance of the gate, the injec-
tion signal can be applied to the gate of M3. In addition, the signal at node P
also exhibits frequency 2w,. Considering M; and M, forms a single-balanced
mixer, switching ON/OFF with respect to w,, the output of the mixers shows
the frequency component at w, + 2w,. Because the LC circuit is designed to
select w,, w, + 2w, is therefore suppressed depending on the selectivity of the
load [7]. The topology was demonstrated in a 0.5 pm CMOS process with
supply voltage, 1.5 V. The oscillator was operating at 1.6 GHz. The mea-
sured locking range, centered at 3.2 GHz, was more than 190 MHz with the
power dissipation 0.45 mW. It was increased to 370 MHz by increasing the
tail current to 800 pA [4].

Wu and colleagues [32,51] incorporated shunt-peaking technique to
improve the locking range without consuming more power. Equation (8.3)
shows that to increase the locking range, one can either lower the quality factor
of the oscillator or increase injection ratio, e.g. the ratio of injection signal I;;,

TABLE 8.1

Comparison of injection-locked frequency dividers.

Ref. Year Tech. Div. Freq. Locking Power

(nm) ratio (GHz2) range (GHz) (mW)

[36] 2007 180 8 6.5-18 3.055 3.6
[37] 2008 90 2 55 19.2 0.8
[38] 2009 90 2/4  51-74/82.5-89 - 3
[39] 2011 90 5 59.4-63.5 4.1 3.75
[40] 2010 180 5 39.36-42.1 0.74 18
[41] 2016 180 3 17-19.1 - 18
[50] 2016 180 3 4.88-11.9 4.1 6.67
[42] 2015 180 3 8-13 1.6 4.9
[43] 2015 180 3 20.4-23.8 34 3.9
[44] 2013 65 4 58.5-72.9 14.4/21.9 2.2
[45] 2017 180 4 8.8-12.7 3.9 3.6
[46] 2011 130 4 13.5-30.5 - 7.3
[47] 2011 350 4 2.4 0.41 3.63
[48] 2016 180 2 2.6-8.37 - 6.57
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to oscillation signal I,s.. The former results in degrading the phase noise of
the frequency divider and subsequently the overall phase noise of the PLL
while the latter consumes more power. Wu et al. showed that the lock range is
determined by the strength of the internal injection signal power rather than
the external injection signal power. The larger the internal injection signal,
the larger is the locking range. The parasitic capacitance at a drain of Ms,
however, attenuates the injection signal at this node, subsequently reducing
the locking range. Shunt-peaking technique used in amplifier design to boost
internal injection signal is widely adopted, shown in Figure 8.16. A shunt
inductor L, is utilized to resonate out the capacitance at the drain of My,
including Cgyq, Cap, and Cgeries such that a wider signal bandwidth can be
achieved.

In analogy with the design of a tuned amplifier, a variant frequency divider,
derived from Figure 8.15, is depicted in Figure 8.17. Reference [32], on the top
right, included an inductor, Lo to resonate out the parasitic capacitance, Ct,
which was the total capacitance of Cyg3 ap3,gs1,952, at Win;. In other words,
L, provided short circuit to the other harmonics of w,, except for the sec-
ond harmonic of the w,, the same frequency as the injection frequency. This
divide-by-2 circuit was verified in 0.35 pm CMOS process. Wafer measure-
ments proved that with the shunt-peaking inductor, the locking range was
1.49 GHz with 9 GHz injection signal. The power dissipation was 1.12 mW
with the supply voltage of 1.2 V. On the other hand, without L,, the locking

(b)

Vout /\/\/

FIGURE 8.15
A differential LC-based frequency divider: (a) schematic and (b) signal at Vi,:
and Vp.

FIGURE 8.16
A tuned amplifier.
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FIGURE 8.17
Enhanced Locking range topology. Top right: [32], bottom right: [51].

range was 0.84 GHz, 0.65 GHz narrower than the former. The circuit topology
was further demonstrated in ref. [51], a divide-by-3 frequency divider, where a
differential pair was incorporated to couple the injection signals to the source
of M 2. We can model a mild memoryless nonlinear system as

y(t) = aqx(t) + agx(t)? + azz(t)® + ... (8.17)

Equation (8.17) implies that the frequency component, 2w,, from the second
term, which multiplied by 3w,, results in 2w, + 3w,. The output is conditioned
by the selection circuit so as to keep w, at the output. If we set the injection
frequency, winj, as 3w,, since the output is operating at w,, divide-by-3 can
be attained. In Wu’s design, a shunt inductor, L,, was employed to increase
the injection power at 3w, to have wider locking range. Measurement results
around 1 GHz locking range, centered at 16 GHz, was achieved.

We have seen that the injection signal in the divide-by-2 circuit can be
applied to the gate of the tail transistor. The inefficient injection attributed to
the relatively large tail transistor and subsequently the large parasitic capaci-
tance results in a narrow locking range. A direct injection, where the injection
signal is applied to the drain of a cross-coupled transistor, either in series
or in parallel, features more efficient injection, shown in Figure 8.18. Con-
sider M;,; as a mixer, switching ON/OFF at 2w,, and if the oscillator runs
at w,, the production of the two inputs of the mixer leads to w, + 2w, at
the differential outputs of the oscillator, where the high-frequency compo-
nent is filtered out by the LC circuit. Tiebout [33] demonstrated an improved
injection approach with a differential injections in the current reuse LC oscil-
lator in which a symmetric cross-coupled P-type and N-type metal-oxide-
semiconductor (P/NMOS) pair was performed. The design was based upon
0.13 um CMOS process with 3 mW power consumption, achieving divide-by-
2 at 15 GHz, 40 and 50 GHz. Using a similar circuit as Figure 8.18, where
the PMOS cross-coupled transistors were substituted by a single PMOS to
minimize the parasitic capacitance due to the large size of PMOS, Wu and
Yu [52] provided a design guidance in terms of how to choose a proper over-
drive voltage of the single injection transistor and how to tradeoff amplitude
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FIGURE 8.18
Direct injection-locked frequency divider.

of output signals for a wider locking range. They stated that maximizing the
overdrive voltage of the injection transistor, M;,;, gave rise to a wider locking
range. The divide-by-2 circuit was verified by simulation and measurement.
A locking range from 66.4 to 76 GHz was achieved at relatively low current
level, 4.4 mA.

Higher division of the prescaler is more preferable in PLL to lower
the dynamic power consumption, proportional to the operation frequency.
Figure 8.18 with single injection configuration, divide-by-4 was proposed by
Yamamoto and Fujishima [53]. Observe that M;,,; exhibits a nonlinear relation
between I, and Vi, and it can be formalized by Eq. (8.17), up to the third-
order. It is well known that gain compression of the transistor is attributed
to the negative a3 in the strong inversion. This nonlinearity is the basis of
implementation of divide-by-4 function. w, at one port became 3w,, multi-
plied by win; = 4w,. Higher harmonics were mostly filtered out by the LC
tank, and only the fundamental tone, w,, at the other port was extracted. To
make stronger nonlinearity, M;,; was biased in the weak inversion. Simulation
showed the 3rd-order harmonic increases with V.. The circuit was fabricated
in CMOS 90 nm process. 12% locking range was measured with maximum
input frequency, 71.6 GHz. The power consumption is 2.75 mW, comparable
to [33] but with higher input frequency.

An improvement, employing a 4th-order LC, was made by Wu and Luong
[44], to boost the harmonic component of the mixer so as to enhance the
lock range, which is critical for the first stage of the dividers to robustly
track the output of the VCO. Figure 8.19 is the simplified schematic. The
cross-coupled transistors, M 2, provided current to sustain the oscillation at
Wo. One injection transistor, M, ;, in a same fashion as [53], operating at the
subthreshold region, converted the injection signal at 4w, to the corresponding
current. The mixing product from M;,; consisted of fundamental and 3rd-
order harmonic components of w,, associated with the 3rd-harmonic mixing
and fundamental mixing, respectively. The novelty of this design was the top
part of the oscillator, which was a 2nd-order LC tank in Figure 8.18, but
was substituted by a 4th-order LC filter. The frequency response of this filter
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FIGURE 8.19
Direct injection-locked frequency divider with boosted 3rd-order harmonic.

showed intended two peaks at w, and 3w,. The inductance of L; 2 and Cj 2
was determined based on the peak ratio of Z(jw,)/Z(j3w,), setting to close
to two-third to avoid detrimental perturbation on w, from 3w,. By properly
sizing the transistors, the locking range was improved significantly. The design
was implemented in the 65 nm CMOS process. The measurement showed that
the lock range was 21.9%, from 58.53 to 72.92 GHz while consuming 2.2 mW.

Another promising divide-by-2 frequency divider shown in Figure 8.20 was
demonstrated by Luo and Chen [37]. The authors proposed a dual-direct injec-
tion to increase locking range. Comparedwith conventional direct injection fre-
quency dividers, this frequency divider routes the injection signal to the node
where 2w, can be observed through a coupling capacitor. In particular, a 2nd-
order LC tank of self-resonant frequency at 2w, was connected to the node.
Therefore, a double injection was obtained without consuming more power.
Theoretically, the locking range of double-direct injection is twofold that of

FIGURE 8.20
Dual-direct injection-locked frequency divider.
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single-direct injection. The frequency divider was designed in 90 nm CMOS
process and achieves ~42.3% locking range at 45 GHz with only 0.8 mW
power dissipation.

Other topologies were also proposed to increase the locking range. For
instance, Chen and Tsao [38] utilized double mixers to demonstrate both
divide-by-2 and divide-by-4, leading to 37% lock range with 3 mW power con-
sumption. Kuo et al. [46] proposed a modified CML+direct injection cascode
divide-by-4 structure, taking advantages of both designs to obtain 77% lock
range from 13.5 to 30.5 GHz with 7.3 mW power consumption. In this design,
since the first stage was the direct injection divide-by-2 circuit, therefore,
the 2nd-order harmonic was used to mix with the injection frequency at 4w,.
Through the second divide-by-2 stage, the modified CML divider, the function
of divide-by-4 was performed. It is important to note that the power consump-
tion is 2-3 times higher than that of other frequency dividers due to CML
frequency-divider (FD) stacked on injection-locked frequency divider (ILFD).

Table 8.1 shows that odd-division frequency dividers are of great interest
when compared with their even-division counterparts. Odd number modulus
prescalers consume more power and necessitate more design effort when com-
pared with even number modulus prescalars. For example, to form a divide-
by-3 FD, at least two D flip-flops with some extra logic gates are needed
whereas one D flip-flop has the full function of divide-by-2. In Figure 8.21, the
common-source node of the injection pair exhibits even harmonics of oscilla-
tion frequency, i.e. 2wy, 4w,.... The mixing product of injection frequency and
the frequency at node p gives rise to the desired frequency, w,.

Hsieh et al. [54] presented a differential injection to implement division
of 3. The simplified circuit is shown in Figure 8.21a. The design was com-
pleted in a 65 nm CMOS process with a supply voltage of 1 V. The injection
frequency was measured from 58.6 to 67.2 GHz, a divide-by-3 signal at the
output was observed. Figure 8.21b shows two improved designs. High division
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FIGURE 8.21
Direct injection for odd division: (a) [54] (b) [40] and [39].
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can be obtained by making use of harmonic boosting technique at the common
node of the injection transistors. A dedicated series LC tank in ref. [40] tends
to shunt 2nd-order harmonic to the ground such that only strong 4th-order
harmonic was left. As a result, divide-by-5 with 735 MHz locking range can
be observed. The other design [39] was to use microstrips to create a A\/4 and
A/2 open stub at the common node of M;,;1,2. The transmission line termi-
nation seems more efficient than that of LC tank. Drastic improvement with
regard to lock range, 4.1 GHz, was obtained. The power consumption was in
an acceptable range, 3.75 mW.

8.5 Injection Locking in System Clock

To ensure a reliable communication between base stations and mobile devices,
there has been a stringent constraint on the frequency of the timing reference.
PLL is a dominant choice in the wireless communication systems because
of its robustness. It is, however, generally preferred from a low-power point
of view to obtain the system clock locally using an on-chip oscillators. In
particular, the bulky and power-hungry crystal, the source of the reference
clock in PLL, is necessitated to be obviated in ultra-low-power applications.
Much simpler injection-lock based approaches to generate timing references,
thereby fulfilling the low-power goal, are preferred [55,11,56-58]

Kocer and Flynn [55] implemented a fully integrated transponder for long-
range telemetry applications, where a subharmonic injection-locking technique
was adopted. An incident frequency of 450 MHz was injected to the transceiver
in which a cross-coupled LC oscillator with cascaded PMOS transistors to
provide current sources was running at 900 MHz as a timing reference. Since
the design was a power-harvest system, the supply voltage was more prone
to be unstable and varies with the time. It is therefore of great interest to
stabilize the system clock. Because of the property of the injection-locked
oscillator, the phase noise dropped to —113 dBc¢/Hz from —94 dBc/Hz when
it was locked to the “clean” external RF signal. The design was based upon
0.25 pm CMOS process, achieving 7 Mbps data rate.

Bae et al. [57] specialized in body channel communication (BCC), using
vertical electrodes through human bodies, having a high conductivity than
that of air, to transmit data between Tx and Rx instead of antennas or induc-
tors. BCC outperforms narrowband and ultra-wide band schemes with respect
to energy efficiency attributed to the high conductivity of human body. Mea-
surement results of BCC showed that So; performed similar to that of band-
pass filters covering frequency band 40-120 MHz for which signal transfer
experiences less attenuation. Due to less restrictions on the frequency stability
of medical sensor devices in temperature range between 257 and 457,
external crystal oscillators were eliminated and subsequently replaced with an
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open-loop digital controlled oscillator. The major drawback, however, are the
low frequency stability of the oscillator, showing more than 10,000 ppm, and
frequency variation over time without calibration. Drawing the phase noise
close to the “clean” signal source is the unique characteristic of injection-
locked oscillators. Injection locking, therefore, was utilized. The RF signal
is provided by the base station and conveys the calibrating signal periodi-
cally to stabilize the system clock of the transceiver. Digital calibration with
100 kHz/code resolution was performed. The design was implemented using
180 nm CMOS process. With double frequency-shift-keying (FSK) modulation
scheme, the data rate was tested at 1 kbps—10 Mbps.

8.6 Injection Locking in Ultra-Low-Power Receivers

Emerging wireless sensor networks (WSNs), a component of Internet of
Things, bring autonomous and intelligent environmental monitoring to indus-
trial operations, the natural environment, smart cities, smart homes, and med-
ical healthcare, to name just a few. IEEE 802.15 group provides a number
of short-range, low-power wireless scenarios, e.g. wireless body sensor net-
work, Bluetooth, and ZigBee. Unlike other wireless communications, these
applications are specialized in short-range, low-date rate, ultra-low-power con-
sumption, and small footprint. For instance, operating at subgigahertz, 402—
405 MHz, medical implantable communication service has been proved by
Federal Communications Commission for years. The demand for date rate
ranges from tens of kb/s to Mb/s with significantly less restriction of sensi-
tivity. Thus, some techniques that are not applicable to high data rate access,
e.g. 802.11, WCDMA, etc., become feasible and have enjoyed popularities in
the past decades. It is well known that modulation schemes have a signifi-
cant impact on transceiver architectures and transceiver architectures trade
energy efficiency for spectral efficiency. In our discussion, the former is more
in favor attributed to the aggressive demand for the expansion of the life-
time of devices. There have been three modulation schemes widely appre-
ciated in ultra-low-power transceivers, namely on—off-keying (OOK), FSK,
and phase-shift-keying (PSK). Noncoherent architectures outperform coher-
ent demodulation as less power-hungry blocks are employed. Among nonco-
herent architectures, frequency/phase-to-amplitude conversion cascaded with
an envelop detector approach is attractive due to low complexity and low
power consumption. Superregenerative receivers and injection-locking based
receivers have drawn attention from industry and academia. Since the core
of demodulation is an oscillator and because of their similarity of operation
mechanism, superregenerative and injection-locking techniques are discussed
in this section briefly. Table 8.2 summarizes recently developed receivers. It
is noticed that amplitude modulation is widely adopted in superregenerative
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TABLE 8.2

The state-of-the-art ultra-low-power receiver. (SR: Superregenerative; IL:
Injection locking)

Ref. Year Process Mode Freq. Data Power Sens. Mod.

(nm) band rate  Cons. (dBm)
(GHz) (Mbps) (uW)
61] 2005 - SR 1.9 0.005 450  —100.5 OOK
59] 2007 130 SR 24 0.5 2800 -90 OOK
62] 2009 90 SR 0.402 0.12 400 -93  OOK
63] 2016 40 SR 09 1 320 —-87  OOK
60| 2010 180 SR 2.4 2 315 —70 BFSK
64] 2010 90 IL 0.3 1 120 —-34 BPSK
65] 2011 65 IL 0.75 5 228 —43  BPSK
56| 2011 180 IL 0.92 ) 420 —73 BFSK
66] 2014 180 IL 0.435 10 1770 —63  BPSK
67] 2014 130 IL 0.915 3 250 —63 BFSK
58] 2015 180 IL 0.08 0.312 45 —62 BFSK

receivers, whereas frequency modulation is more suitable for injection-locking-
based receivers. This distinguishable preference stems from the characteristics
of the oscillators. Section 8.6.1 discusses the fundamentals of superregenera-
tive architectures. Chen et al. [59] and Ayers et al. [60] are the two case studies
in this section. Section 8.6.2 shows injection-locking-based receivers.

8.6.1 Low-power super-regenerative receivers

Categorized into noncoherent receivers, superregenerative architecture guar-
antees low complexity and consequently low-power consumption. Instead of
incorporating an low noise amplifier (LNA), a mixer and a set of amplifiers,
in superregenerative architectures, an oscillator, controlled by a periodically
“quenched” signal, is deployed after a more relaxed LNA to eliminate the
need of the mixer and the amplifiers. The first superregenerative receiver was
invented by Armstong [68], 95 years ago, in 1922. It was immediately adopted
in wireless applications due to the large gain provided by regenerative mech-
anism. The poor sensitivity, however, is the main reason that it was replaced
by the superheterodyne architecture later, which was invented by the same
person. Recently, with the advent of emerging ultra-low-power applications,
the superregenerative achitecture becomes one of the candidates to reduce
cost and power consumption. It is most widely used to demodulate OOK
signals [61, 59, 62, 69, 63]. Some recent designs prove that advanced modula-
tion schemes such as FSK and PSK can also be implemented based upon the
superregenerative architecture, [60-71].

Figure 8.22 depicts the architecture of a superregenerative receiver, con-
sisting of an isolation low noise amplifier, a VCO, an envelop detector, and



Injection-Locking Techniques 229

a comparator. The main purpose of first stage is to reduce coupling between
the oscillator and the antenna. The large signal generated by the oscillator
tends to radiate to space through substrate and wire coupling to the antenna.
Therefore, there is a need for isolating the antenna from the following stages
while amplifying weak RF signals.

The key component of the receiver is the oscillator, best understood by a
one-port mode in Figure 8.23 [14]. The LC tank consists of an inductor L, a
capacitor C, a resistor representing the loss of the tank, and an active device
that provides a negative resistance to compensate for the loss of the tank. We
know that the oscillator starts amplifying thermal noise at any node of the
circuit and subsequently oscillating once g, > 1/R. On the other hand, if
gm < 1/R, the active device does not provide sufficient energy to compensate
for the loss of tank such that the oscillation dies out. These two conditions
are defined as “operation mode” and “quenched mode” in superregenerative
receivers. The transconductance of the oscillator in this case becomes time
varying, controlled by the quench signal. The response of the oscillator is
triggered either by internal thermal noise or by external excitation.

Given the incident signal, A sinwt, the output voltage of the LC tank can
be found by solving the differential equation:

LNA VCO Comp.
l TN Env. Bit
MW 1 - detector f —
Quench
signal
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e
|
FIGURE 8.22
Superregenerative receiver.
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FIGURE 8.23
One-port mode of the oscillator.
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dVs

Asi =
sin(wt) = C pr

1
+ GV, + I / V,dr, (8.18)

where G = 1/R — g,,. Solving for V,, [60],

A sin wt

V, = e “(Aj coswgt + Ag sinwgt) + )
(A coswat + Az sinwat) VGZ + (Wl — 1jwL)?

(8.19)

where a = G/2C is defined as a damping factor. The damping frequency wy
is /w? —a?. And w, = 1/\/@

The exponential term in Eq. (8.19) represents the natural response of the
oscillator. It is independent of the incident signal, and it describes the transient
behavior at wg. The second term describes the voltage response due to the
input signal. If the oscillator is in the quenched mode, Barkhausen criteria
does not hold, giving rise to two results: (i) oscillation is not able to be built
up and (ii) previous oscillation dies out. Therefore, the first term is negligible
and the second term dominates the output voltage of the LC tank. If the
oscillator is in the oscillation mode, the exponential term becomes dominant,
the output voltage grows exponentially in time. Under this condition, injection
signal leads to a different startup time. For instance, if an OOK-modulated
signal is injected to the oscillator in the oscillation mode, bit “1” causes the
oscillation to start up much faster than that of bit “0”. The time difference
is then captured by the envelop detector and the comparator. The number of
bits “1” at the output of the comparator is used to determine the received
signal to be either “1” or “0”. After this is done, the quench signal is active
to let the oscillator die out. The operation periodically occurs as shown in
Figure 8.24, where t5 > t;. In practice, the quench frequency is either aligned
with or above the symbol rate. One may notice that in Figure 8.22, there are
different types of quench signals. The shape of the quench signal is tightly
associated with the selectivity and maximum data rate. More insights of the
circuit behavior can be found in ref. [72].

Off Off Off Off
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FIGURE 8.24
Response of the oscillator according to the quench signal and OOK signal.
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8.6.1.1 (@ enhancement superregenerative receiver

Preceding discussion shows that the demodulation of the superregenerative
receiver is realized by observing the different time-to-oscillation in the oscil-
lation mode. In other words, the startup time of the oscillator indicates the
strength of excited input signal. Ideally, if only the desired signal is received by
the antenna, the super-regenerative architecture will be a perfect solution for
any wireless data access. Unfortunately, in practice, incoming signal is often
accompanied by in-band or out-of-band interferences due to more crowded
frequency bands in the lower gigahertz. Even worse, the interferers are several
tens of decibels stronger than the desired signal. As a result, the oscillator is
more prone to the external “noise” signal, resulting in poor sensitivity and
low bit-error-rate (BER).

Chen et al. proposed an Q-enhancement approach to improve the selec-
tivity, as shown in Figure 8.25a [59], One may notice that the second term
in Eq. (8.19) is in the form of a 2nd-order band-pass filter with the center
frequency at the free-running frequency of the oscillator and the quality fac-
tor @ = R/\/L/C. We also know that the selectivity of the band-pass filter
depends on the value of Q. The quality factor of on-chip spiral inductors is
usually smaller than 10. Therefore, the overall @ of LC tank is limited by the
quality factor of the inductor. To have a high selectivity, Q must be improved.
This was achieved using adjustable g, to compensate the loss of the tank while
still keeping the oscillator not to oscillate, i.e. making g,, close to 1/R, but
gm < 1/R still holds. In the proposed design, the quench cycle was designed

sys.o IHUHUUUUUU U UuuuL
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FIGURE 8.25
(a) Simplified architecture of QQ enhancement superregenerative receiver and
(b) timing diagram of the quench signal.
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to have two phases: (i) @ enhancement duration and (ii) superregenerative
duration. Each of the quench signal has 10 cycles of the system clock, 5 MHz.
The first four clock cycles were reserved for Q enhancement mode. During
this duration, the bias current of the cross-coupled oscillator was configured
lower than the critical current, I..;, which was the minimum required current
to build up the oscillation, such that the oscillator was treated as a 2nd-order
band-pass filter with an enhanced ). The bias current was precisely generated
from a digital-to-analog converter (DAC) with an least significant bit (LSB)
size of 2 uA. The next five clock cycles were used to set the oscillator in the
superregenerative mode in which the oscillator was operating at 2.4 GHz to
detect the OOK signal. The oscillator decayed in the last clock cycle. Figure
8.25b shows the timing of the quench signal.

The design was implemented in a CMOS 130 nm process, covering fre-
quencies from 2.35 to 2.53 GHz. The measurements showed that the adjacent
interferer rejection was 30 dB at 10 MHz offset and 10 dB at 3 MHz offset,
leading to estimated @ of 1400. The minimum selectivity was —90 dBm at
500 kbps while it was deteriorated to —60 dBm at 1 Mbps. The entire receiver
drew 2.4 mA current in average with 1.2-V supply voltage.

8.6.1.2 BFSK superregenerative receiver

Due to the nature of self-sustaining autonomous systems, time-to-oscillation
is subject to excitation strength, resulting in distinguishable bit “1” and “0”
from OOK modulation. OOK modulation combines the low power and low
cost, and low data rate as well. To improve receiver performance and energy
efficiency, binary-frequency-shift-keying (BFSK) modulation can be consid-
ered as one of the underlying solutions. We know that digital signals are
modulated to two frequencies in BFSK:

y(t) = acoswit + bcoswat, (8.20)

where a,b = 0,1 or 1,0, and wy 2 = 27 f; 2 are two carrier frequencies. The
difference of w; and ws is dependent on modulation index. To demodulate
FSK signals, the receiver in general incorporate a PLL to implement coherent
demodulation.

Ayers et al. [60] demonstrated a superregenerative-based BFSK receiver by
periodically alternating the center frequency of the oscillator between f; and
f2. Unlike Chen’s design, the power-hungry building block, PLL, was elimi-
nated as the loose frequency tolerance was adopted. In addition, there was
no isolation amplifier to decouple the strong signal from the oscillator to the
antenna for the sake of low energy consumed. Since the receiver was directly
connected to the antenna, which exhibits a 50 2 impedance, a matching net-
work was performed in the quenched mode when the oscillation was not built
up. In the operation mode, there is no need for the matching network. The bias
current of the oscillator was controlled by the output of a DAC, reserving five
bits for the quench mode and three bits for the operation mode. The receiver
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is shown in Figure 8.26a. To demodulate the BFSK signal, once the quench
signal was released, the oscillator was entering the oscillation mode where the
operation frequency was setting at f; first. The received signal was used as the
excitation to start up the oscillation. The time-to-oscillation was then recorded
by the digital logic after the envelop detector and the comparator. Then, the
quench signal forced the oscillation to be decayed, and the second frequency,
fo2, was set thereafter. The quench signal was released again, and the received
signal was detected in an analogous way to the prior detection, except that
the time-to-oscillation shows difference value. The key point here is these two
operations were completed within the same bit period. For instance, in Figure
8.26b, the first bit period, bit “0”, was associated with f;. The quench signal
turned ON/OFF twice in a single bit period, getting two time-to-oscillation
values to be stored. Only the corresponding frequency f; resulted in the
shorter startup time ¢;. Longer time-to-oscillation ¢5 indicated unmatched car-
rier frequency. Similarly, for bit “1” as the carrier frequency was fs, the faster
startup at fo frequency could be expected. The demodulation was depending
on finding out the smaller value in t3 and t4. We can also understand the
behavior from a sampling point of view. Each single bit has two sampled sig-
nals, and the information was stored in the sampled data for demodulation.
The design was implemented in a 180 nm process with supply voltage 0.6 V.
To overcome the narrow tuning range of the varactor due to the supply voltage
drop, a couple DC-DC converters were designed to enlarge the control voltage
of the varactor. A —70 dBm sensitivity was achieved at the data rate 2 Mbps
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(a) Simplified architecture of the superregenerative receiver for BFSK mod-
ulation and (b) timing diagram of demodulation (¢; < ta: bit “07, t4 < t3:
bit “17).
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while consuming 350 yW. At the data rate 250 kbps, the power consumption
was 215 W, and the sensitivity was —86 dBm.

8.6.2 Low-power injection-locking receivers

One of the major drawbacks of superregenerative receivers is low data
rate due to the mechanism of demodulation. Recently, FSK and PSK have
received more attention [70,71,60]. OOK modulation scheme is still dominant.
By contrast, injection-locking-based receivers offer a higher data rate while
consuming a comparable amount of power. Further, the complexity of the
superregenerative brings more design efforts than that of injection-locking-
based receivers. In particular, the generation of the quench signal affects the
performance of the receivers. Reference [72] has shed the light on the role of the
quench signal in the detection. It is crucial to generate an optimal waveform
to control the oscillator, thereby achieving better signal detection. In addition,
the circuits that are used to generate the quench signal also consume extra
power. All of aforementioned can be overcome by injection-locking techniques
deployed in the receiver to demodulate signals.

Figure 8.27 illustrates an injection-locked receiver, being composed of four
main building blocks, e.g. the LNA, the oscillator, the envelop detector, and
the 1-bit comparator. It is a typical noncoherent demodulator except the
inserted oscillator, which is the vital component of the architecture. Readers
may have noticed that, in comparison with Figure 8.22, the only difference is
the missing quench signal, turning the oscillator ON/OFF in the superregen-
erative receivers. With this observation, using the time-to-oscillation to detect
incoming signals is inapplicable to injection-locked receivers as the oscillator is
always running, leading to the loss of the timing information from the startup
of the oscillator. Thus, we have to figure out another way to discriminate the
modulated signals. In ref. [56], a feedback oscillator was analyzed to attain a
close-form expression for the output voltage of the oscillator. Equation (8.21)
shows that output voltage is proportional to the amplitude of the excitation
and the phase difference of oscillation signal and the incident signal.

\/VozsC + 2Vo5cVinjcosd + V3. (8.21)
VCO Com
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FIGURE 8.27
Injection-locked receiver.
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where 0 is the phase difference. Given Vi,; < Visc, and within the locking
range, Eq. (8.21) holds, which is the basis of frequency-to-amplitude conver-
sion. Figure 8.28 depicts how a injection-locked oscillator react if it is locked
to the BFSK signals. An example in Figure 8.28b shows a BFSK signal mod-
ulated at carrier frequency w; . The output voltage of the injection-locked
oscillator varies in response to locked two carrier frequencies, such that the
envelop detector generates two level signals.

8.6.2.1 BFSK body sensor injection-locked receiver

Emerging wireless body sensor networks offer seamless connection between
various places of patients, enhancing the healthcare services. The sensor types
must be wearable, injectable, and implantable. Among design challenges, a
limited power budget is crucial, e.g. less than mW for wearable sensors. We
have seen many PLL-based solutions in the superregenerative architecture,
which apparently are not suitable for these applications. In [56], Bae et al.
demonstrated a frequency-synthesizer-less, BFSK injection-locked transceiver.

Figure 8.29a depicts the architecture of the injection-locked transceiver.
The key building block is the injection-locked frequency divider, with
division of 2. In accordance with the earlier discussion, within the locking
range, the amplitude of the output voltage is proportional to the incident fre-
quency, which is the root of BFSK demodulation. According to Eq. (8.20), the
modulated signal in 900 MHz was first amplified by the LNA. A simple cas-
code and interver circuits offer a 30 dB gain, low noise performance, and good
reverse isolation. The amplified signal was injected into the gate of the biasing
transistor in the same fashion as that in Figure 8.15. As the natural frequency
of the LC oscillator was designed at 450 MHz, the divide-by-2 frequency was
obtained. To increase the locking range, the shunt-peaking technique [32] was
utilized to increase the internal injection power, thereby enlarging the locking
range. The output of the oscillator exhibited two DC levels associated with
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Frequency-to-amplitude conversion.
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FIGURE 8.29
(a) Diagram of [56]’s transceiver, and (b) envelope of frequency-to-amplitude.

two carrier frequencies. The envelope detector followed by the comparater was
therefore performing analog-to-digital conversion. In the transmitter side, the
oscillator was used as a digital-controlled oscillator to modulate the digital
signal. As the carrier frequency was in 900 MHz range, the common-source
node of the cross-coupled transistor in the oscillator was therefore used as the
output port. The signal was sending out through a switching power amplifier.

With the mitigated sensitivity, PLL and external crystal oscillator were
eliminated. The compensation for frequency drift due to process, voltage and
temperature (PVT), however, is still necessitated. Open-loop frequency cali-
bration was implemented by injection locking via the receiving path. The base
station sent out a clean carrier signal located at the center of the locking range
periodically. The digital-controlled oscillator first swept the code from lower
frequency to higher frequency until the status of the oscillator was changed
from pulling to locking. The code C; was recorded by the digital logic. Then,
keep increasing the code until the pulling occurs again. Record the code, Cs,
which is the upper bound of the locking range. The average of these two codes
was taken as the calibrated result with resolution of 100 kHz/code.

The design was implemented in a CMOS 180 nm process with 0.7 V supply
voltage. Operating at 920 MHz, the author claimed —73 dBm sensitivity was
achieved at 5 Mbps, only consuming 420 uW. Because of the use of LC-based
ILFD as the frequency-to-amplitude, it has a narrow locking range of 5 MHz.
The blocker measurements showed that, at 2.5 MHz offset, 10 dB rejection
can be obtained. All the inductors were off-chip low-cost inductors.
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8.6.2.2 BFSK body sensor injection-locked wake-up receiver

In WSNs or other applications that demand low-power, a promising solution
to reduce power consumption is to implement a duty-cycling protocol, where
there is a main receiver and a wake-up receiver. In such a sensor node, the
main receiver is turned ON/OFF depending upon the signal that is from
the wake-up receiver. This special timing scenario requests that the wake-up
receiver be always active while consuming a minimum amount of power as
only signaling is transferred from the base station [73]. The design challenge
again comes to the minimizing energy consumed by the wake-up receiver.

The same group from Korea Advanced Institute of Science and Technol-
ogy in ref. [58] presented an ultra-low-power wake-up receiver using dual-mode
injection locking demodulation. The realization of the wake-up receiver was
operating at 80 MHz, consisting of a receiving mode and a calibration mode.
The carrier frequencies were 72 and 80 MHz. Instead of detecting radio sig-
nal, in this design, BFSK signals were received from electrode. Unlike prior
work, injection pulling was adopted to demodulate the BFSK signals so as to
decrease hardware complexity. In other words, the frequency difference, Aw
= 82-72 MHz, was out of the locking range. In the design, data “1” and “0”
were modulated with 80 and 72 MHz, respectively. A 72 MHz carrier frequency
was associated with injection pulling, whereas 80 MHz was within the lock-
ing range. The characteristic of the amplitude of the injection pulling signal
played a key role in demodulation. In comparison with injection locking signal,
which has constant amplitude theoretically, the phase of injection pulling sig-
nal exhibited time-varying property and subsequently amplitude variation. As
a result, a constant DC voltage at the output of the envelop detector was the
condition of the determination of the FSK signal. Injection lock and injection
pulling signal are shown in Figure 8.30.

The BFSK demodulation was demonstrated in a CMOS 180 nm process.
To reduce area and the power consumption, an injection-locked ring oscillator
was designed. With the power consumption of 45 uW, 312 kbps data rate
was achieved. Once the receiver entered the calibration mode, information

FIGURE 8.30
BFSK demodulation in ref. [58]. Note, f; is injection pulling and f> is injection
locked.
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was stopped from the base station. Instead, a “clean” 80 MHz RF signal
was entering the receiver to stabilize the frequency drift of the oscillator due
to PVT.

8.6.2.3 BPSK injection-locked receivers

So far, we have seen OOK/FSK modulation schemes in superregenerative
receivers and injection-locked receivers. For the sake of high spectral efficiency
and high data rate, PSK is more preferable. BPSK can be found in numerous
wireless systems, for example, Bluetooth, RFID, and Global Positioning Sys-
tem (GPS). The digital bits are denoted by the phase changes, e.g. 180°, of the
carrier frequency instead of frequency and amplitude variations. It is, there-
fore, ideally very suitable for nonlinear power amplifiers in the transceiver.
But in practice, the pulse shaping filter is often inserted to limit signal band-
width, leading to a large change of the amplitude each time the phase makes
a transition. As a result, a linear power amplifier is usually inevitable [14]. For
receivers, coherent demodulation provided a 3 dB advantage in signal-to-noise
ratio (SNR) in comparison with noncoherent demodulation that requires more
complex architecture, subsequently high power consumption. The frequency-
to-amplitude property of injection-locked oscillators inspires new solutions for
low-power BPSK receivers.

The demodulation of injection-locked receiver was analyzed in ref. [74]
and demonstrated in ref. [75] using discrete components. References [64] and
[65] verified the design in a 90- and 65 nm CMOS process, respectively. Due
to the nature of differential pair with a tail current source, two divide-by-
2 injection-locked frequency dividers, designed to operate at f; and fo, were
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FIGURE 8.31
(a) The simplified BPSK receiver and (b) the output signal after the combiner.
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employed. Notice that f1 < 1/2fiy;, and fo > 1/2f;,; must be within the lock
range. Each time, digital transition induces a phase transition, 180°, which
must be compensated by the phase shift from two oscillators. One introduced
leading 90° while the other provided lagging 90°, which in total was 180°.
The output of the oscillator was combined after the oscillator. The amplitude
of the combination exhibited envelop variation from maximum to minimum
according to the phase shift of the dividers. A simplified receiver is shown in
Figure 8.31.

Short-range, low-rate applications necessitates power/area-conscious
design. Reference [64] proposed to use two ring oscillators to demodulate
BPSK signals. In addition, extremely low-power, 120 4W, 1 Mbps at 300 MHz
frequency band makes this design attractive for WSNs and implantable
devices. Low sensitivity, e.g. —34 dBm, was obtained. A similar design [65]
demonstrated 5 Mbps at 750 MHz carrier frequency. The sensitivity was
improved to —43 dBm with power consumption of 228 yW.

8.7 Summary

A comprehensive treatment of fundamental, circuit topologies, and perfor-
mance of injection-locking techniques was presented. We showed that a linear-
feedback model can be applied to analyze both harmonic and nonharmonic
injection-locked oscillations.

The implementation and the performance of injection-locked frequency
dividers were investigated. A number of reported designs were examined with
an emphasis on their advantages in comparison with conventional frequency
dividers. Injection-locked frequency dividers enjoy low-power, high-speed, and
flexibility.

Injection-locked oscillators as the timing reference of wireless systems to
substitute PLL were investigated. The crystal-less design is very attractive for
low-power and low-cost applications.

The use of injection-locking techniques in wireless transceivers was also
investigated. The demodulation of OOK, BFSK, and BPSK based upon
injection-locked oscillators or injection-locked frequency dividers were pre-
sented and their advantages over superregenerative receivers were explored.
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9.1 Introduction

This chapter reviews the key ideas and the main issues related to the
implementation of directly modulated phase-locked loops (PLLs) in digi-
tal radio-frequency (RF) transmitters in modern complementary metal-oxide
semiconductor (CMOS) processes. Unlike conventional Cartesian ones, digital
RF transmitters, relying on out-phasing (OP) or polar architectures, avoid

247



248 IoT and Low-Power Wireless

mixers and filters, and, therefore, enable low-power implementations in highly
scaled CMOS processes. Of course, using this approach, new issues arise: the
phase or the frequency of the carrier has to be digitised at high resolution and
stringent linearity specifications over a wide modulation bandwidth.

PLLs that are conventionally adopted for frequency synthesis in wireless
transceivers can be used to modulate the frequency or the phase of the carrier
in RF transmitters. The application of those frequency or phase modulators
is not only confined to communications based on frequency or phase modu-
lations of the carrier, such as, for instance, Gaussian minimum-shift keying
(GMSK) modulation. Even in the case of non-constant envelope modulations
such as quadrature amplitude modulation (QAM), polar or OP transmitter
architectures are based on low-noise, linear and wideband phase modulators.

When a closed-loop system, such as PLL, is used to generate the car-
rier and directly modulate its frequency, good linearity can be achieved.
Unfortunately, the PLL being a feedback system, has intrinsically a limited
bandwidth. Therefore, PLLs used as frequency modulators have an intrinsic
trade-off between modulation linearity and modulation rate. This trade-off can
be greatly relaxed by modifying the basic architecture of a PLL and exploiting
the power of background digital calibration methods.

This chapter is organised as follows: Section 9.2 describes alternative archi-
tectures of a RF transmitter, starting from the conventional Cartesian trans-
mitter to the polar and OP schemes. Section 9.3 deals with the possibile archi-
tecture of phase modulators to be used in a polar or OP transmitter, while
Section 9.4 introduces digital PLLs (DPLLs). Section 9.5 shows how a DPLL
can be used as a direct frequency modulator and compares the two main tech-
niques to achieve wide modulation bandwidth: the two-point injection and
the pre-emphasis scheme. Impact of the digitally controlled oscillator (DCO)
non-linear characteristic and means to linearise that block are discussed in
Section 9.6. Finally, a practical implementation of a low-power high-linearity
3.6 GHz frequency synthesiser, able to generate arbitrary phase and frequency
modulations (FMs), is described in Section 9.7.

9.2 RF Transmitters Based on Phase Modulators

The popular Cartesian transmitter whose block diagram is shown in
Figure 9.1a requires digital-to-analog conversion of the baseband signals, I(t)
and Q(¢t) and low-pass filtering to properly suppress spectral replica. More-
over, a 0/90 degree phase shifter is needed to generate the quadrature carriers
and analog mixers to upconvert the baseband signal. The signal after summa-
tion has in general a non-constant envelope. Therefore, it has to be amplified
by a linear power amplifier (PA) to limit spectral regrowth and signal-to-
noise ratio degradation of transmitted signal. The need for linear PAs greatly
limits the achievable power efficiency, because class-A or class-AB PAs with
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Simplified diagram of (a) Cartesian, (b) direct polar (DP) and (c) out-phasing
(OP) radio transmitter.

sufficient backoff have to be used. Polar and OP transmitter architectures are
being investigated and implemented in recent years to outperform the power
efficiency of Cartesian transmitters.

In a polar transmitter, as the one illustrated in the block diagram in
Figure 9.1b, the carrier generated by a local oscillator (LO) passes through a
phase modulator that provides the correct phase modulation to the carrier and
then, is fed to a highly efficient saturated PA, whose supply dynamically varies
following the signal envelope [1]. Unfortunately, given the non-linear relation-
ship ©(t) = tan™1[Q(t)/I(t)] between the signal phase, ©(t) and the Cartesian
components of the signal, I(¢) and Q(t), the bandwidth of ©(t) is much larger
than the original signal bandwidth. In typical modulation schemes, the band-
width scales up by a factor between 5 and 10. This obviously represents a
challenge for the phase modulator block. A variant of the polar transmitter
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concept is the original idea of the envelope-elimination and restoration tech-
nique as proposed by Kahn in 1952 [2]. The envelope-elimination and restora-
tion technique consists in extracting the amplitude and phase signals from the
modulated carrier and then re-applying them to the carrier in a polar fashion.
For this reason, the polar architecture in Figure 9.1b is sometimes referred to
as direct polar (DP) [3], since the carrier is modulated directly via its polar
components. In recent examples of DP implementations, that can be found in
ref. [4-7], a digitised amplitude signal, A(t¢), and phase signal, ©(t), directly
modulate the saturated PA and the phase modulator, respectively.

The OP scheme, originally proposed by Chireix in 1935 [8], is illustrated
in the block diagram in Figure 9.1c. Instead of a non-constant-envelope mod-
ulated carrier, two carriers with constant envelope and differently modulated
phases are generated and finally combined at the antenna. Doing so, the two-
constant envelope carriers can be amplified by means of two highly efficient
saturated PAs. Thus, this scheme is often referred to as linear amplification
with non-linear components [9]. As in the DP case, the OP scheme relies on the
use of saturated, or almost saturated, PAs that entail good efficiency. Similar
to the DP case, the non-linear relationship between the Cartesian components,
I(t) and Q(t), and the two phases, ©1(t) and O2(t), that modulate the two
carriers, makes the bandwidth of the phase signals much larger than the band-
width of the original components. Again, this represents a challenge for the
two phase modulators. Recent examples of high-performance OP transmitters
can be found in refs. [10], [11].

Among the reasons for the renewed interest in these techniques, the main
one is the inherently high efficiency of these architectures and the elimina-
tion of mixers and filters typically employed in Cartesian transmitters. This
is, however, only a part of the story. Another key point is that these archi-
tectures seem naturally suited to the digitally intensive approach to circuit
design discussed earlier. Both in DP and OP systems, the phase modulator
is typically driven directly by a digital control word, without the need for an
explicit voltage- or current-domain digital-to-analog converter (DAC) like in
the Cartesian architecture, and acts effectively as digital-to-phase converter.
The DP approach can be pushed even to a more digital implementation by
relying on a digital PA (DPA), where the amplitude of the PA output is con-
trolled by a digital word [12-14]. The net result is a higher efficiency of the
overall transmitter over a conventional Cartesian architecture.

9.3 Architectures of Phase Modulators

As discussed in the previous section, both polar and OP transmitters rely
on a wideband phase modulator. The two most typical approaches to the
design of a phase modulator are illustrated in Figure 9.2. The first one in
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Figure 9.2a can be referred to as direct phase modulation, and it is based on
the generation of a certain number of phases of the carrier with a constant
phase shift among them. The phases may be derived from the output of the
frequency synthesiser through frequency division, polyphase filtering or by
means of a regulated delay line. However, owing to power constrains, only a
limited number of phases (typically no more than few tens) can be practically
generated in those ways, while a fine-phase resolution (in the order of few
degrees) is often needed. The typical methods to refine phase resolution is
either to use an analog phase interpolator [5] or to digitally select one of
the phases via a multiplexer (MUX) and dither the phase selection signal by
means of a AY modulator [15], as shown in figure. The quantisation noise
introduced by the AY can be cancelled out by employing more advanced
structures as proposed in ref. [16]. Alternatively, the fine phase shift may be
achieved by relying on a tuned resonator [17]. More recently, the digitally
controlled phase shifter has been implemented by means of a digital-to-time
converter (DTC) [18].

The main advantage of the direct phase modulator is the high achievable
speed of the phase signal. On the other hand, one of the problems is that
the generation of several high-frequency phases of the carrier and the subse-
quent multiplexing operation cost high power dissipation, especially at high
frequency. The linearity of the modulator, which is affected by the mismatches
between the time shifts among the phases, is another critical issue [11].

Since the instantaneous frequency of the carrier is given by the first deriva-
tive of the carrier phase, the alternative way to implement a phase modulator
is shown in the block diagram in Figure 9.2b. The phase signal is differentiated
and, then, the result is used to modulate the frequency control word of a PLL.
This solution that can be referred to as indirect phase modulation, is in princi-
ple more power efficient than the previous one, since only one high-frequency
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signal (i.e., the LO signal) has to be generated at a time. Furthermore, it the-
oretically entails better linearity, thanks to the linearisation provided by the
PLL closed loop. The challenges of this approach are as follows: (i) the limited
achievable speed of the modulation and (ii) the wide range of the FM signal.

As regards the first issue, stability issues constrain the bandwidth of a PLL
to be lower than about one-tenth of its reference frequency, fr.f. Typically,
a bandwidth narrower than f,.s/10 is chosen to properly suppress the refer-
ence spur. Thus, to widen the achievable modulation bandwidth, it would be
desirable to increase the reference frequency of the PLL.

Concerning dynamic range, the phase signal in polar and OP transmitters
is in general unconstrained and can vary up to +x [rad]. This variation of
the phase may be required in just one clock period, being the clock period
equal to the period T,.; of the reference signal'. The step increment of the
phase signal can be equivalently produced by a pulse of angular frequency,
whose integrated value is equal to +7. The phase waveform as well as the the
equivalent frequency waveform are shown in Figure 9.3. If we impose that

OlkTref] — dl(k — 1)Thef] = £, (9.1)

then it follows that w[kT,cf] = £7/Trey, or equivalently, the frequency pulse
should be as wide as as

1 re
_ T

Af, =+ =
I e s 2

(9.2)

Hence, the larger the reference frequency, the wider the FM pulse and, thus,
the wider the required PLL tracking range. Moreover, any non-linearity intro-
duced by the PLL in the FM would degrade the phase of the carrier and would
increase the error-vector magnitude (EVM) of the modulation. Therefore, the
PLL needs a controlled oscillator covering the frequency range in (9.2) with
margin and tight linearity.

ref

FIGURE 9.3
Waveforms of phase- and frequency-modulation signal.

1Such a large phase variation in one sample period occurs for instance in an unfiltered
quadrature phase shift keying (QPSK)-modulated carrier.
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On this respect, it would be preferable to decrease the reference frequency
of the PLL, a requirement which is in contrast with the maximum achievable
speed of the modulation. We can conclude that in a standard PLL a trade-
off exists in the choice of the reference frequency and that the modulation
bandwidth of the PLL has to be traded with its linear modulation range.

The remainder of this chapter will be devoted to discuss the implementa-
tion of the second approach and, in particular, the main issues related to the
design of phase modulators based on digital PLLs (DPLLs).

9.4 Digital PLLs

The most widely adopted architecture for a frequency synthesiser is the ana-
log charge-pump PLL in Figure 9.4a. Though largely employed in industry
for their good performance, analog PLLs do not so easily take advantage of
today’s scaled CMOS processes. The charge pump dissipates non-negligible
power which cannot be reduced without impairing noise performance and
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FIGURE 94
PLL architectures: (a) analog and (b) digital.
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which represents a limit in low-power applications. It also adds non-linearity
to the loop, which worsens noise and spur performance. Besides, the analog
loop filter may require a relatively large capacitor to be implemented on chip,
in the order of nF.

CMOS technology scaling is changing the way electronic circuits are
designed. While intrinsic analog performance are degraded because of lower
voltage headroom and intrinsic gain of the transistors, digital-signal processing
techniques can be applied to boost those performance at insignificant power
and area overhead. Furthermore, the digital assistance of analog sub-blocks
reduces the overall cost of implementation and the required design time, as
it benefits from the design automation of digital sections. The natural way
to take advantage of CMOS scaling in the design of a PLL is to replace the
charge pump and the analog filter with a digital filter based on standard cells.
In this way, not only the filter benefits from scaling to new technology nodes
but also the noise sources associated to the charge pump and the analog filter,
as well as the non-linearity associated to the charge pump are removed. The
resulting system is shown in Figure 9.4b and is often referred to as DPLL
or all-DPLL (ADPLL). The relative time difference between the edges of a
reference signal and the frequency-divided output of a DCO is detected and
digitised through the use of a time-to-digital converter (TDC). The TDC out-
put is fed to a digital loop filter whose output is in turn used as the digital
tuning control of the DCO.

9.4.1 TDC-based PLL

As in analog PLLs for frequency synthesis, the modulus control of the fre-
quency divider is dithered by a digital AY modulator that quantises the fre-
quency control word (FCW) and realises a fractional-N division. Since the
phase error induced by AY, quantisation is a deterministic signal, it can be can-
celled out by subtracting it (after proper scaling) from the output of the TDC,
as shown in the block diagram in Figure 9.5 [9]. This technique, often referred
to as digiphase technique [20], was first introduced in analog fractional-N
PLLs [21], [22] and then applied to DPLLs [19], where the calibration of the
scaling factor (the a signal in Figure 9.5) is easily implemented by a digital
loop (the shadowed block in Figure 9.5). At steady state, the a gain tends to
the value that nulls the product between e and ¢ and, in turn, the correlation
between phase error and AY, quantisation error. This loop can be regarded as
a simplified implementation of a least mean square (LMS) algorithm [23].
Unfortunately, such an implementation of DPLL requires a TDC with
large number of bits, especially at wide PLL bandwidths. In fact, on one
hand, it has to accommodate the quantisation error introduced by the AX
and convert it linearly, and, on the other hand, should add no significant
intrinsic quantisation noise. The analyses and simulations reported in ref. [24]
show that the required number of TDC bits is as high as 10 to guarantee a
level of residual fractional spurs below —60 dBc, assuming a first-order AX
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modulator dithering the divider modulus control. Furthermore, the integral-
non-linearity of the TDC over this wide dynamic range must be as low as
one least significant bit (LSB). If a third-order AY modulator is employed,
the dynamic range of the TDC must be as wide as four DCO periods and
requires two additional bits. This numerical example leads to 12 equivalent bits
required to the TDC. Of course, flash-type TDCs satisfying these specifications
would produce excessive power dissipation. For this reason, different types of
TDC (such as the oversampling or pipeline) [25-30] have been proposed and
investigated, as well as several linearisation techniques [31], [32]. Although
considerable effort has been done to improve power efficiency, the TDC still
remains one of the main power hungry blocks of the loop.

9.4.2 DTC-based PLL

To solve this issue and improve PLL noise/power trade-off, a new class of
DPLLs has been recently introduced [33], [34]. The idea is to relax substan-
tially TDC specifications by adding a DTC in the PLL feedback branch. The
DTC allows to subtract the A3 quantisation error and, thus, reduce its ampli-
tude down to DTC resolution. As a result, the required dynamic range of the
subsequent TDC is reduced as well. In ref. [33], a TDC and DTC, both with
equivalent number of bits equal to four, are employed. In this way, the imple-
mentation of the TDC, its linearity requirement and power consumption are
greatly reduced. The DTC is implemented as a delay-locked loop with 16
delay elements whose delay is automatically tuned. A more drastic simplifi-
cation to TDC design and substantial improvement in the PLL noise/power
figure of merit was presented in ref. [34]. In that case, the resolution of the
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TDC is reduced to only one bit, as shown in the block diagram in Figure 9.6.
A single-bit TDC, also known as bang-bang TDC (BB-TDC), detects simply
which one of the two input signals leads or lags the other one. In practice, a
TDC with coarse mid-rise quantisation (whose characteristic is shown in the
upper plot in Figure 9.7) is employed to speed up lock transient. However,
even in such a case, only two levels of the TDC characteristic are exploited
when the PLL is in lock and, thus, the loop is equivalently controlled by a
bang-bang detector. The design of the TDC, which is implemented as a time
arbiter, is greatly simplified and power dissipation is substantially reduced.
Furthermore, having a single-bit output, the non-linearity issue is removed,
like it happens to the comparator of an analog AY. modulator. Of course, it
introduces a hard non-linearity in the loop, which potentially gives rise to
limit cycles and in turn unwanted spurs in the spectrum.

In this context, the presence of random noise has a positive effect. Under
proper conditions, it dithers the time delay detected by the BB-TDC avoid-
ing, limit cycles in the PLL. More specifically, as demonstrated in ref. [35],
when the random jitter induced by the thermal noise sources is larger than
the deterministic error induced by quantisation, the low-pass-filtered TDC
output (i.e. averaged in time (e)) as a function of the input phase error ¢ is
given by the integration of the probability density function p(¢). This result
is schematically shown in Figure 9.7. In the case of Gaussian phase error, the
(e) curve versus ¢ is given by an error function, whose slope around zero is
inversely proportional to the standard deviation o4 of the phase error. Thus,
in practice, the mid-rise quantiser in the presence of dominant random noise
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FIGURE 9.6
Block schematic of a DTC-based DPLL.
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at its input can be linearized, and its linear gain is inversely proportional
to the root mean square (RMS) value of the input jitter. As discussed ear-
lier, the linearisation of the hard-limiting TDC characteristic holds as long as
the random component of jitter dominates over the deterministic one. This
mode of operation is referred as to random-noise regime, and it is opposed
to the limit-cycle regime in which quantisation error dominates over random
jitter [36]. For an integer-N synthesised channel, the deterministic component
is produced by the limited DCO frequency resolution, and in turn by the
truncation of the filter output word. Thus, in practice, this condition can be
verified by improving DCO resolution [37].

By contrast, for a fractional-N channel, the quantisation is dominated
by the A3 modulator dithering the divider modulus control. The resulting
deterministic quantisation error that is as wide as a few multiples of Ty,
is always much larger than the typical random noise jitter at the input of
the detector. The latter cannot be increased, since it would raise the output
jitter as well. Thus, in the DPLL in Figure 9.6, instead of cancelling the AX
quantisation at TDC output, the cancellation is performed at TDC input
via the DTC. The DTC allows us to subtract the phase error induced by
the AY modulator, as in the PLL in Figure 9.5. Similarly, the amplitude of
the subtracted signal is automatically estimated by means of an LMS-type
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feedback loop. However, in contrast to that case, since the quantisation error
at TDC input is cancelled out, there is no need for a multi-bit TDC. We can
thus rely on a BB-TDC and yet get the detector to work in the random-noise
regime.

The main advantages of the DTC-based PLL architecture over the con-
ventional one are still the higher power efficiency and the lower design com-
plexity. The BB-TDC is implemented as a single flip-flop and the DTC as
a digital buffer stage with switched capacitor load. Thus, if we compare the
cascade of the BB-TDC and the DTC against a multi-bit TDC, we have a
single time arbiter instead of many. Furthermore, the DTC-based topology is
also favourable to the implementation of automatic pre-distortion algorithms
[33], [24]. This allows to adopt a segmented structure with scaled capacitor
banks used as load of the DTC, yet reaching very good linearity.

As a final point, it should be noted that the gain of the BB-TDC depends
on its input jitter, which in turn depends on the noise transfer function of
the PLL, that depends again on the BB-TDC gain. Even if this vicious circle
appears as a peculiar issue of the BB-TDC approach, it is only one particular
version of a very general and standard problem of PLLs. As a matter of fact,
the noise transfer function of any PLL depends on analog parameters (e.g. the
TDC time resolution when a multi-bit TDC is employed in a DPLL) that are
difficult to control with the required accuracy. This issue is solved by adopting
the automatic loop-gain control scheme disclosed in ref. [38]. This automatic
calibration normalises the loop gain so that the whole frequency response and
the bandwidth of the PLL are repeatable regardless of the spread of the analog
parameters, including TDC gain. This solution makes the phase noise profile
and the integrated phase noise (or jitter) independent of PLL parameters such
as TDC gain, but dependent on digital coefficients. This property will also be
useful in the following, when the PLL is used as direct-FM modulator with
pre-emphasis filter.

9.5 Digital PLLs for Wideband FM
9.5.1 Direct FM

To derive the transfer function of the DPLL in Figure 9.6, we may refer to
the linear phase model in the z-domain shown in Figure 9.8. This model is a
discrete-time model at reference rate. The phase-modulation signal p is differ-
entiated, and the result n is added to the FCW and fed to the AY modulator.
For the sake of simplicity, we considered a first-order AY¥ modulator, although
in practice a second- or higher-order AY. is employed. In the model of the AY,
the quantiser is linearised, and a proper quantisation error —gq(z) is added.
The output of the AY drives the modulus control of the divider. The latter is
modelled as a discrete-time integrator, whose gain is 27 /N. This follows from
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FIGURE 9.8
Equivalent model of the DTC-based DPLL in Figure 9.6.

the fact that if modulus control (MC) is incremented by one, a time delay
equal to the output period Ty, is added to the div signal and in turn a shift
of 2w /N is added to the phase. The DTC is simply modelled as a gain Kg;.
[rad/bit] and an adder that adds/subtracts a certain phase shift in the feed-
back branch. The TDC is modelled as a detector of the phase error with gain
Kige [bit/rad] and the DCO as an integrator with gain Ky, [rad/sec/bit].
This means that, as the DCO tuning word is incremented by one, the excess
phase increases by Tres - Kaco [rad] (after Ty [sec]). It is easy to verify that
after proper choice of the gain:

ag - Kgte = 27/N, (9.3)

this scheme allows to cancel out the effect of the AY quantisation —¢q. The
value of ag is set automatically in the background by the LMS loop (not shown
in this model).

On the basis of the phase model, let us derive the transfer function from the
phase-modulation signal p(z) to the output phase ¢oq+(2), which is given by

_ ¢out(z) — 9. Gloop(z)
p(2) 14 Gloop(2)’

F(z) (9.4)



260 IoT and Low-Power Wireless

being Gio0p the PLL loop gain:

Gloop(2) = T (9.5)

and KT
K = tdetrdcolfref 9.6
- (9.6)

At low frequency, the transfer function F'(z) is the desired one, that is a flat
transfer function, equal to 27. It means that increasing MC by one produces
a time shift at the output equal to one output period Ty, (i.e., 27 shift
in the phase). However, the bandwidth of F(z) is the bandwidth of PLL,
which is constrained to be much lower than f,.;. This is a severe limita-
tion, since in both polar and OP transmitters, the bandwidth of the phase-
modulation signal is typically larger than the signal bandwidth at RF. More-
over, PLL bandwidth is typically chosen to optimise the integrated phase noise
of a PLL and to filter out the reference spur. Therefore, conventional values
of bandwidths of PLL-based frequency synthesisers range between 100 kHz
and 1 MHz.

9.5.2 Two-point injection scheme

The modulation bandwidth can be substantially incremented by exploiting
the two-point injection scheme, originally proposed in ref. [39], and recently
adopted in ref. [40-42]. In this topology, the phase-modulation signal, after
being differentiated, is injected both into the divider (in the feedback branch)
and the DCO (in the forward branch). Applying this technique to the DTC-
based DPLL so far discussed, the resulting block scheme is the one sketched
in Figure 9.9.

Neglecting the DTC, the DTC gain adaption block and the DCO gain
adaptation block, that play no role in the system response, the phase model
of the system in the z-domain is shown in Figure 9.10. We will assume that
the gain g has reached a constant value gg. On the basis of this model, we
can calculate the new transfer function from p(z) to the output phase ¢out(2),
which is

Gloop(z) 1

¢out(z)
= =27 + go KK, coT’r‘E N
goKq T 1% Groon ()

TE) =20 = T Cloon(?)

(9.7)

and where G0, has the same expression (9.5) as in the previous system.

While the first term in (9.7) has a low-pass shape in frequency, the second
term, that comes from the DCO injection path, is high-pass. If we manipulate
(9.7) and impose that it is equal to 27 for all z:

K COT'V'S
Mot | Guyy()
1+ Gloop(z) ’

T(z) =2m- (9.8)
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DPLL with the two-point injection scheme for direct FM.
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Equivalent model of two-point injection scheme in Figure 9.9.
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we obtain that, as long as the following equality holds

go choTref -1
2w ’

(9.9)

T(z) becomes an all-pass transfer function, which allows the direct modula-
tion of wideband signals. The modulation rate is simply limited by Nyquist
theorem, since the system is sampled at fr.y. Hence, the maximum signal
bandwidth (at baseband) is limited to fref/2.

The validity of the previous equality (9.9) can be guaranteed by a proper
choice of the gain gg. Unfortunately, the DCO gain, Ky .,, is hardly control-
lable, as it varies over process and temperature, and over the synthesised
channel frequency. Any mismatch in the equality would result is a non-
ideal zero-pole cancellation in T'(z) and, therefore, in a linear distortion of
the signal.

To solve this impairment and guarantee the ideal all-pass shape of the sys-
tem response over parameter variations, the automatic regulation of g shown
in Figure 9.9 has been conceived. Its working principle can be understood by
relying on the model in Figure 9.10. Applying the superposition principle, we
can calculate the effect of n(z) on the error e(z):

Gloop(z) ) 1
1+ Gloop(z) choH(Z) '

6(2) = TL(Z) : (27rfref - gOcho) : (910)

From the previous expression, we therefore realise that the error induced by
the injection of n(z) is proportional to the gain imbalance (27 — goKgcoLrer)
between the two injection paths. In fact, if (9.9) holds, this difference is null.

Equation (9.10) also implies that the correlation between the error signal
e(z) and n(z) provides a measure of the gain imbalance. Thus, if we force this
correlation to be null, we will get perfect gain balance and all-pass-shaped
system response. The DCO gain adaptation in Figure 9.9 implements this
concept: the gain g will tend to the go value that nulls the correlation between
e and n (i.e., the product between e and n). This automatic gain adaptation
can be easily implemented in the digital domain with insignificant resources
or design effort.

9.5.3 Pre-emphasis scheme

A second architecture allowing wideband direct FM is the PLL with pre-
emphasis filter [43], [44]. The basic idea is borrowed from a classical concept
exploited in communications systems, and the block scheme is sketched in
Figure 9.11, where a multi-bit TDC is employed. The phase-modulation signal
p(z) after differentiation is fed to a digital pre-emphasis filter (DPF), which
amplifies the high-frequency components to compensate for the roll off of the
PLL transfer function. So, the total transfer function from p(z) to ¢ous(2) is
ideally an all-pass one.
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DPLL with pre-emphasis scheme for direct FM.

The loop gain adaptation circuit normalises the loop gain by estimating
a proper coefficient, h, and multiplying the digital signal at the TDC out-
put by 1/h. Neglecting, for a moment, that block, that play no role in the
system response, the phase model of the system in the z-domain is shown
in Figure 9.12. We will assume that the gain h has reached a constant value
ho. So, a multiplication by 1/hg is accounted for in the model in Figure 9.12.
According to the model, the transfer function from the modulating signal to
the output phase is

Tpe(2) = Hpe(2) - F(2), (9.11)

where H,.(z) is the transfer function of the pre-emphasis filter DPF. The
transfer function F'(z) has the same formal expression achieved in (9.4) for
the PLL, and reported here for convenience

_ ¢out(z) — o Gloop(z)

P& ==0 TE Groop(2)

(9.12)
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FIGURE 9.12

Equivalent model of the DPLL with pre-emphasis scheme in Figure 9.11.

Unlike the previous case, the loop gain of the system in Figure 9.12 includes

the coefficient 1/hg:

ho . 1— 21

where H(z) is the transfer function of the digital loop filter.
To derive the transfer function of the pre-emphasis filter, we first derive a

normalised expression of the loop gain. In practice, if we assume that the gain

ho in (9.13) is chosen to be equal exactly to K = (KigcKacoTrer)/N, the loop

gain can be written as follows

Gloop(2) = (9.13)

H(z)

Gloop,n(z) = 1_ .-

(9.14)

which only depends on digital parameters and is not affected by process,
voltage and temperature (PVT) variations or, in general, by spreads of analog
parameters. If we use a pre-emphasis filter with the following transfer function

H(z)

1+ Gloo n(z) 1+ 1—2—1 11—zt
Hyo(z) = pnE) ERLI 1, 9.15
pe(2) Gloopn(2) 111(2_)1 H(2) + ( )

then the PLL transfer function in (9.11) is flat and equal to 2. The most inter-
esting feature of this approach is that (9.15) is not affected by the typical ana-
log issues, such as mismatch or PVT spreads, because H(z) is a digital filter.

Of course, flat response of the PLL is achieved only when the value of the
coefficient hg equals K. This is the role of the loop gain adaptation circuit
in Figure 9.11 [38]. Its operating principle can be illustrated as follows. A
random signal s with high-pass-shaped power spectral density (PSD) is added
to the digital tuning word at the output of the digital filter. This sequence s is
essentially used as a training sequence to estimate the loop gain. Having s[k] a
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high-pass shaped PSD, we can assume that most of the power of the sequence
is concentrated at high frequencies, where the transfer function of the loop
filter H(z) is practically zero. In practice, this means we can consider the loop
as it was open and we can calculate the expression of the error e relying on
the equivalent model in Figure 9.13. Using this open-loop approximation, the
error e[k] at the output of the TDC induced by s[k] can be calculated just by
integration of s[k] (because of the DCO) and multiplication by the gains of
the DCO, divider and TDC:

e(z) = —K - - s(2). (9.16)

where K = (thchcoTref)/N-

In the presence of the earlier calculated component of the error e[k] corre-
lated with s[k], the loop gain adaptation circuit comes into play. The sequence
s[k] is first fed to an accumulator to match the DCO intrinsic integration.
Then, it is multiplied by ho and added to e[k]. Therefore, the resulting signal,
0, has a z-transform given by the following expression

1
1—271

0(z) = (ho — K) s(2), (9.17)
which is proportional to the difference between hg and K.

The rest of the loop gain adaptation circuit in Figure 9.11 is a standard
LMS loop. If the output of the LMS accumulator is exactly equal to K, i.e.
ho = K in (9.17), then the input of the LMS accumulator is null. That is, the
typical consistence condition of an LMS loop. The gain hg is then inverted, to
multiply the output of the TDC, as discussed earlier, and make the loop gain
insensitive to the analog parameters.

Pref e(z)

1<tdc I<dco (pom(Z)

¢dtc(z)

Z|=

FIGURE 9.13
Model for the description of the loop gain adaptation block.
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Two remarks are in order: First, this loop gain adaptation circuit can
be realised both for DPLL embedding a BB-TDC, as demonstrated in [38],
and for a DPLL employing a multi-bit TDC. Second, it is not necessary to
introduce a training sequence s. Actually, in most DPLLs, the output of the
digital loop filter is quantised by a digital AY¥ modulator, whose quantisation
noise is injected in the loop and has an intrinsically high-pass shaped PSD [38].
Therefore, the A¥X-DCO quantisation error can serve as a training sequence
for the loop gain adaptation circuit.

9.5.4 Two-point vs. pre-emphasis: A brief comparison

It is of interest to briefly compare the two techniques presented, to point
out the strengths and weaknesses of the two-point injection scheme and the
pre-emphasis approach.

A first issue concerns the transfer function of the DPF, Hp.(%), derived in
the ideal case in (9.15). Typically, H(z) is the transfer function of proportional-
integral filter. Hence, the resulting pre-emphasis filter cannot be realised in
practice because it would not be causal. Therefore, to obtain a physically
realisable filter, an additional high-frequency pole has to be added to the
filter [43]. Obviously, the additional pole will make the total transfer function
Tpe(2) depart from the ideal flat one at high frequency, and the maximum
achievable modulation bandwidth will be limited.

A more important aspect concerns the resilience of the two systems to
the error relative to the estimated calibration gains. In both cases, in fact,
to achieve wide modulation bandwidth, it is necessary to match two different
gains. In the two-point injection scheme, the gains of the low-pass and high-
pass paths have to be matched via the coefficient go, see (9.7). Similarly, in the
pre-emphasis case, the pre-emphasis filter has to compensate for the roll off of
the PLL transfer function via the coefficient hg. The problem is that in both
cases these coefficients essentially estimate an analog gain that can vary over
a wide range. This is in particular true for the DCO gain K .., which enters
both in the expression of gy and hg. The LMS algorithm in its basic version
estimates an average gain. Therefore, if the modulation signal produces a large
variation of the output frequency, the K4, can change substantially because
of DCO non-linear characteristic, and the estimated average gains, gg and hy,
cause an error in the output modulation.

It is possible to show that the impact of this error is the same in the two
techniques. Starting with the two-point injection scheme, we have that in the
ideal case it should be 27 = goKgcoTrer. Now, let us assume that Ky, varies
by a relative error ex. It is useful to rewrite (9.7), using Kgeo - (1 4+ €x) in
place of Kg4.,. This gives the following expression of the PLL transfer function

T(Z) _ ¢out(z) — 9. ( Gloop(z) 1

1 -
1 + Gloop(z) * ( + GK) 1 + Gloop(z)

2(2) ) , (9.18)
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The frequency responses relative to the two terms in the previous equation
are schematically shown in Figure 9.14a, where |G(f)] is the magnitude of the
second term in (9.18). At low frequency, the impact of the error is zero, since
Gloop(2) goes to infinite and the second term including the error goes to zero,
giving T'(z) = 2m. On the other hand, at high frequency, Gjoop(2) goes to zero,
and it is T'(z) = 2m(1 + €k ). In practice, this means that the error affects the
modulation spectrum only out of the PLL bandwidth.

Concerning the pre-emphasis scheme, we combine (9.11), (9.12) and (9.14),
and obtain the following new expression for the Tp.(2)

H(z) K
¢out(2) — 9. (1 + 1*271) ’ H

p(z) 1 + 1lziz_)1 : hﬁ()

Tpe(z) = (9.19)

To obtain a flat frequency response of the pre-emphasis scheme, i.e. Tp(z) =
27, we need to impose that hg = K. If we assume that the gain K departs
from its bias value by ex (with respect to K), rewriting the earlier expression
with K - (1 4+ €x) in place of K, we have

Cbonls) (1+ Hz), )~(1—|—EK)
Tpe(2) = e 27 - ( T U ten) (9.20)

The frequency response relative to the pre-emphasis case is schematically
shown in Figure 9.14b. In this case too, the impact of ex at low frequency
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FIGURE 9.14

Frequency responses for (a) two-point injection and (b) pre-emphasis schemes.
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is null, because the term H(z)/(1 — 27!) in (9.20) tends to infinity and
Tpe tends to 2m. At high frequency, H(z)/(1 — 2~ ') tends to zero and we
get Tpe(z) = 2m - (1 + ex). The impact of the error is therefore identi-
cal in the two schemes. In both cases, it entails no error at low frequency,
and it is proportional to the relative variation of the analog parameter at
high frequency.

Finally, it is interesting to compare the range required to the TDC block in
the two systems. We are assuming for the moment that a standard multi-bit
TDC range is employed in both cases. To this purpose, we can use the transfer
function linking the differentiated phase signal n(z) to the TDC output e(z)
for the two-point modulator in Figure 9.9 achieved in (9.10) and reported here
for convenience

Gloop(2) 1

€(2) = n(2) - @nfres = 90Kaco) 700 0y )

(9.21)

When go is ideally calibrated, it is go = 27 fref/Kaco and e(z) = 0 at every
frequency (the conclusion does not change substantially if a small variation
affects Kje0). The TDC, in this condition, essentially detects only thermal
noise and DCO quantisation noise. This result makes it possible to implement
a single-bit TDC, i.e. the BB-TDC, even when the two-point injection scheme
is adopted in DPLL.

In the pre-emphasis topology, instead, the range of the error the TDC
has to convert is substantially larger. Similar to the case of the two-point
injection scheme, it is possible to compute the TDC output induced by the
differentiated phase-modulation signal, n(z) in Figure 9.12, obtaining:

. Gloop(z) ' 1
1+ Gloop(z) KdCOH(Z) )

e(z) = n(z) - Hpe(2) (9.22)

Assuming that the pre-emphasis filter perfectly cancels the factor Goep(2)/
(14 Gioop(2)) in (9.22), the TDC output is then given by

n(z)
e(z) Ko H(2) (9.23)
In this case, the error e(z) is not zero for every frequency, but follows a filtered
version of the modulating sequence n[k]. This property was already pointed
out in ref. [43], for an analog charge-pump-based PLL. Therefore, in the DPLL
with pre-emphasis scheme, the TDC needs to account for an additional range
to accomodate this signal. This makes the TDC design more challenging and
increases its power consumption.

Intuitively, the loop filter transfer function H(z) can be approximated at
low frequency with that of a pure integrator. From (9.23), it follows that
the signal e[k] in the same frequency range is proportional to the first dif-
ference of n[k]. Considering, for instance, a typical FM signal featuring a

positive and negative swing around a central frequency, the first difference of
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n[k] would go from positive to negative values as well, substantially exploit-
ing a wide TDC dynamic range. Note that the DTC-based PLL scheme in
Figure 9.6 does not solve this problem, since the role of the DTC is to can-
cel out the quantisation noise introduced by the AY modulator, while the
error signal component evaluated in (9.23) comes from the pre-emphasised
modulation signal.

9.6 Automatic DCO Predistortion Scheme

The comparison between the two architectures of phase modulators presented
in the previous section has evidenced that the two-point injection scheme is
potentially more power-efficient with respect to the pre-emphasis one, since
the former allows using a BB-TDC, indisputably a low-power element when
compared with a high-resolution TDC. We will therefore focus on the two-
point approach for the rest of this chapter.

As we have already mentioned, one potential problem in a DPLL-based
wideband phase modulator that may compromise modulation accuracy and
degrade the EVM of the constellation is DCO non-linearity. To analyse this
issue, we have to take into account that an additional constraint in DPLLs
is the so-called frequency granularity induced by the finite number of bits
of the DCO [45], which introduces quantisation noise in the loop. For this
reason, the LSB of the DCO has to be sufficiently small to add insignificant
truncation error. In practical systems, DCO resolution should be in the order
of 10 kHz/bit, which can be achieved in modern CMOS processes. So, this
is typically not a serious issue when the DPLL is employed as a standard
frequency synthesiser. However, when the DPLL is used as a wideband mod-
ulator, the largest variation of the output frequency has to reach =£f,er/2,
to produce a phase variation up to £+ in one reference clock. Therefore, the
DCO full-scale range should exceed a 12-bit plus margin (if we assume, for
instance, fr.s equal to 40 MHz). Of course, it is not easy to guarantee a linear
tuning characteristic of the DCO over such a wide dynamic range.

The main source of non-linearity in the DCO characteristic is the mis-
match among the switched capacitors in the resonator. Hence, a thermo-
metric weighting of the capacitors should be preferred since it guarantees
the monotonicity of the characteristic or, equivalently, a low differential non-
linearity (DNL). Unfortunately, in this coding scheme, the number of connec-
tions increases exponentially with the number of bits, resulting impractical
in a DCO with 12 or more bits. Note that this problem is analogous to the
one encountered in the design of a DAC. A standard solution that guaran-
tees a good compromise between DNL and number of connections is to use
several thermometrically weighted banks of capacitors in the LC resonator of
the DCO.
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In Figure 9.15, we consider, as an example, the use of two banks of switched
capacitors that digitally tune the DCO. The fine-tuning bank is implemented
employing a unit capacitance C' driven by the digital word twg, while the
coarse one has unit capacitance M - C' (with M > 1) driven by tw;. This
design reduces the number of capacitors and thus the area occupation with
respect to a full thermometric coding approach. As the number of intercon-
nections goes down, the parasitic capacitance decreases and the tuning range
of the DCO increases as well. In addition to that, different types of capacitors
can be chosen for different banks and, in this way, the resonator quality factor
be optimised. As pointed out, this solution is somehow similar to the segmen-
tation employed in the design of DACs, although in that case the LSBs are
usually binary weighted.

Unfortunately, this segmentation does not assure the DCO characteristic
to be monotonic. In fact, as shown in Figure 9.15, also in the ideal case of
a perfect matching within each single capacitor bank, the gains of the two
banks, indicated as Kg.o0 and Kgco1, may be different. In other words, it is
not guaranteed that the LSB of the coarse bank is perfectly identical to the
full-scale range of the fine bank. This is induced by a mismatch between the
fine and the coarse banks of capacitors. A means to mitigate the impact of
this analog impairment is to design the coarse bank deliberately smaller than
Mz and to perform an automatic digital calibration that essentially predistort
the DCO tuning curve in the background. The idea is to modify the two-point
injection architecture, as shown in Figure 9.16. In the new scheme, two gains
go and gy are used to compensate for the mismatch between Kj..0 and Kgco1,
and make the gains of the two DCO paths equal. This operation can be seen

twg tw
bin-to-thermo bin-to-thermo
I 1|
% iMx
T 7T
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I<dcnO
N
f I<dc01

tw = twyM + tw,

FIGURE 9.15
Segmented DCO topology and resulting non-linear tuning characteristic.
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as a pre-distortion of the DCO tuning characteristic. We will refer to this
calibration block as DCO multi-gain adaptation circuit.

Neglecting for the moment the role of the LMS blocks in Figure 9.16, we
see that the FM signal n is scaled by the gain g; to generate the digital coarse
tuning tw;. The AY simply quantises this signal since the number of bits in
the product n-g; is clearly much larger than the number of bits of the switched
capacitor bank. The AY quantisation noise r is multiplied by the gain gy and
the resulting signal is added to the output of the digital filter to produce the
fine-tuning word twg. The operating principle of this scheme can be explained
with the help of the linear model in Figure 9.17. According to this scheme,
the error at TDC output (in the z-domain), e(z), can be written as a function
of n(z) and r(2):

e(z) = [n(z) (27 frep — 91K aco1) +1(2) - (90K aco0 — chol)j|'
Gloop<z) 1 (924)
1+ Groop(2) H(2)Kgeon'
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FIGURE 9.16
DPLL with two-point injection scheme and multi-gain DCO predistortion.
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Model of DPLL with two-point injection scheme and multi-gain DCO predis-
tortion.

As we found out in the plain implementation of the two-point injection scheme,
the error e(z) induced by the signal injection has to be null, to achieve an all-
pass frequency response. The same thing should be fulfilled in this scheme.
So, if we impose that e(z) = 0 in (9.24), we get

chol = gOKdCOO (925)

fref = glecol' (926)

Intuitively, the first condition in (9.25) implies matching between the overall
gains of the coarse, K 4,1, and the fine, ggK 4c00, banks of the DCO. Instead,
the second condition, in (9.26), implies matching of the overall gains of the
DCO path, g1 Kgco1, and the divider path, frcr.

Having said that, it is clear that an automatic calibration circuit is nec-
essary to regulate both gg and g; automatically and in the background. This
function is performed by the two LMS loops in Figure 9.16, in the same fash-
ion already described for the other calibration loops. From (9.24), we have
that e(z) is a linear combination of both n(z) and r(z). When the correlation
between e(z) and n(z) and the correlation between e(z) and r(z) is null, the
outputs of the two accumulators, gg and g1, are constant, implying that both
gains have reached the desired value. Of course, in a practical implementa-
tion, this multi-gain scheme can embed more than two capacitor banks to
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realise more than two levels of segmentations. Correspondingly, for each addi-
tional level of segmentation, one additional LMS calibration should be added
and an additional gain estimated. One example of practical implementation
is described in the following section.

9.7 Example of Practical Implementation

The block diagram of a practical implementation of phase modulator is
sketched in Figure 9.18 [42]. It is based on a DPLL with two-point injection
and the DCO predistortion schemes discussed earlier. The DPLL employs a
BB-TDC(or single bit), realised as a D-type flip-flop, and a DTC in the feed-
back path (as a consequence of the presence of the BB-TDC). The DCO is an
oscillator relying on an LC resonator segmented in capacitor banks.

The complete modulator, which is designed to synthesise carriers with fre-
quency tunable between 2.9 and 4.0 GHz from a 40-MHz reference oscillator,
embeds three additional blocks (not shown in Figure 9.18): a coarse frequency
loop, an automatic bandwidth control (already mentioned earlier) and another
digital circuit running in background that corrects for the delay mismatches
between the two injection paths [42].

In this implementation, the multi-gain adaptation block that compensates
for DCO non-linearity features three levels. The input FM signal n(z) is first
multiplied by a proper factor go, then it is quantised via a digital A¥ modu-
lator and fed to the coarse capacitor bank. The quantisation error of the first
A3 quantiser is then multiplied by a factor ¢g; and fed to the fine capacitor
bank. Finally, the residual quantisation error is multiplied by another factor
go and fed to the input of the voltage-mode DAC driving the bias voltage of
a metal-oxide-semiconductor (MOS) varactor. Let us assume that the gains
relative to the three DCO banks from the coarsest to the finest are Koz,
Kieco1 and Kgeo0, respectively. Following the previous discussion, it is easy to
demonstrate that an all-pass-shaped response of the whole modulator systems
is assured by the following equalities:

2 = gQKdCOZTref (927)
g1 chol = cho2 (928)
go - choO = chol~ (929)

Also in this case, while (9.27) expresses the balance between the gain of the
two injection paths (divider and DCO), the other two equalities, (9.28) and
(9.29), get the finer banks to have the same equivalent gain as the coarsest
one. The three conditions are satisfied by proper choice of the three gains, g2,
g1 and go, that are automatically regulated in the background by the three
LMS loop shown in Figure 9.18.
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FIGURE 9.18
Block schematic of practical DPLL with two-point injection scheme and auto-
matic DCO predistortion.

9.7.1 DTC design

The DTC is in principle a buffer stage, whose input-output delay is controlled
by varying its capacitive load. In practice, the required number of bits of the
DTC is equal to the required number of TDC bits in the conventional DPLL
architecture in Figure 9.5. As we have already observed, this number may
vary between 10 and 13 in high-performance wireless applications. Thus, as
for the DCO, a thermometric coding of the load capacitors of the DTC would
be impractical. A power-efficient implementation of the DTC at circuit level
is illustrated in Figure 9.19. It adopts a segmented architecture. The output
of the integer divider (labelled as div output) is resampled by a cascade of
three latches, which are clocked by the two outputs of the differential DCO.
Those outputs dco and dco are 180 degrees out of phase. In this fashion,
the time shift between the signals PO and P1 is equal to Ty.,/2, i.e., half
the DCO period. This value represents the coarser delay generated by the
circuit or, in other words, the delay corresponding to the most significant
bit, ag[k]. The analog MUX controlled by ag[k] selects one of the P0/P1
signals and drives the capacitive load. The latter is divided into two banks
of thermometrically weighted switched MOS capacitors: a fine and a coarse
bank of 64 capacitors each.
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FIGURE 9.19
Circuit schematic of the DTC block.

The two banks are controlled by a1[k] and as[k], respectively. To guarantee
the overlap between fine and coarse characteristics in the presence of PVT
spreads, the delay range of the finest bank covers with margin the resolution of
the coarse bank. Similarly, the total delay range of the coarse bank exceeds the
delay generated by the most significant bit (i.e. the Ty.,/2 delay). The digital
signals ag[k], a1[k] and az[k] are automatically regulated in the background by
three LMS loops [34], whose scheme is essentially the one just described earlier
for the segmentation of the DCO banks. In essence, the DTC control word
is further quantised by means of a digital A¥X modulator, whose quantisation
noise is exploited to regulate the following segmentation level.

The differential topology of the MUX circuit provides better immunity
to supply bounces and also features a reduced injection of disturbances in
the supply rail itself, if compared to a CMOS implementation. Clearly, with
respect to a simple CMOS inverter, the static power contribution of the dif-
ferential topology leads to a higher consumption.

9.7.2 Experimental verification

The modulator described in Figure 9.18 has been fabricated in a 65 nm CMOS
technology. The die photograph is shown in Figure 9.20. The area of the core
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FIGURE 9.20
Die photo of the phase modulator fabricated in a 65 nm CMOS process.

circuits (excluding pads used for testing purposes) is slightly larger than 0.5
mm? and includes the pad drivers and the reference oscillator driven by an
external crystal (XO). It is interesting to observe that most of the area is
occupied by digital circuits, realised with standard cells. In addition to the
described digital blocks, this section includes two different baseband signal
generators, for GMSK and QPSK modulation, respectively. The overall power
consumption (excluding XO reference oscillator and pad drivers) is 5 mW from
the 1.2-V voltage supply. The divider DTC and BB-TDC contributes for 2.2
mW, while the DCO burns 0.7 mW and the following buffer dissipates 1 mW.

The first test consists in the measurement of the output spectrum of the
DPLL when a fractional channel is synthesised but no modulation signal is
applied. This is instrumental to verify if the regulated DTC is really capable
to cancel the quantisation noise induced by the dithering of the division fac-
tor and enforce the random-noise regime described earlier. Figure 9.21 shows
the measured output spectrum for a near-integer-IN channel. In this case, the
fractional-N spur, that is visible in the spectrum, is unfiltered by the PLL,
because it is inside the PLL bandwidth. So, it reaches the highest value of
—52 dBc. The total RMS jitter, including random noise and fractional spurs
integrated from 3 kHz to 30 MHz, is 503 fs for this worst-case channel. Equiv-
alently, the integrated phase error is equal to —39 dB. The jitter perfomance
is at par with the state-of-the-art of analog PLLs, a clear signature that the
designed DPLL entails no degradation of noise arising from quantisation noise
or limit cycles. In other words, as desired, the BB-TDC behaves as a linear
block. The achieved jitter-power product, a common figure of merit for PLLs,
is particularly low, evidencing the benefits in terms of power efficiency of the
BB-TDC approach.

Then, the performance of the DPLL as a phase modulator is also tested. To
this purpose, two digital generators of modulation signals (QPSK and GMSK,
respectively) were also integrated on the same die. Figure 9.22a shows the
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FIGURE 9.21
Measured spectrum of the implemented DPLL for a near-integer-N synthe-
sised channel.

measured performance of the phase modulator (signal constellation, phase
trellis diagram, spectrum), when the 3.6 GHz carrier is modulated with a
20 Mb/s QPSK signal. Probably, the most important parameter to verify in
this case is the EVM of the modulation. In fact, the EVM accounts not only
for the phase noise but also for the distortion of the modulator. The measured
EVM is below 1.6% or —36 dB, again a very low value, considering the low
level of dissipated power. The efficiency of the modulator, that measures the
energy required for transmitting one bit, is equal to 0.25 nJ/bit. From the
value of the integrated phase noise (—39 dB) and the value of the measured
EVM (—36 dB), we can infer that there is a second source of EVM degradation
in the order of —39 dB or, equivalently, 1.1%. The latter can be ascribed to
a residual distortion of the phase modulator.

Similar EVM values are measured when the carrier is modulated with a
continuous-phase signal, such as a 10 Mb/s GMSK modulation. The measured
performance are shown in Figure 9.22b. The total RMS value of the EVM is
still —36 dB and the energy per bit is 0.5 is nJ/bit. For both modulations, the
efficiency and the EVM are much better than the figures obtained in phase
modulators based on analog PLLs or phase-switching technique.
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Measured performance of the phase modulator: (a) 20 Mb/s QPSK modula-

tion and (b) 10 Mb/s GMSK.
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9.8 Conclusions

In this chapter, we have shown how a DPLL can be designed to realise a low-
power, linear, wideband phase modulator suitable for wireless transmitters.
Both conventional TDC-based and recently proposed DTC-based DPLLs have
discussed and compared, showing that the adoption of the DTC together
with a BB-TDC allows lower power consumption at same jitter performance.
Moreover, the two main techniques to widen the modulation bandwidth of
a PLL, such as the two-point injection and the pre-emphasis schemes have
been analysed and compared. The two-point injection scheme while offering
the same degree of modulation accuracy enables the adoption of the BB-TDC
even when the DPLL is used as a phase modulator. A fabricated CMOS DPLL
employing both the BB-TDC with DTC and the two-point injection scheme
has been shown to achieve —36 dB EVM at 0.25 nJ/bit of efficiency. The
very good EVM and energy-per-bit achieved demonstrate that the digitally
intensive design approach for analog circuits is becoming more than just a
curiosity, at least for some important RF building blocks.
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10.1 Introduction

Today, wireless communication has changed the way people lived and turned
a mobile device into a necessary equipment in our daily lives. Due to a contin-
uous increase of demands for higher data rate, it challenges the design of low-
cost complementary metal oxide semiconductor (CMOS) process that would
satisfy stringent requirements in a small, low-cost prototype with low power
consumption. This has prompted research into new radio frequency integrated
circuits system architectures and design approaches. Increasing demand for
unlimitedly higher data rate in portable devices has driven the research com-
munity to seek for new wireless spectrums for a support of larger capacity.
Due to a congestion of frequency below 3 GHz, utilization of higher frequency
will enable higher data rates by larger bandwidth. Ultra-wide band also allows
the transmission of information over a wide bandwidth that is larger than 500
MHz. This application has been aimed for high data rate and short-range
communication while sharing bandwidth with other standards while provid-
ing minimal interference. This results to a strict requirement in output power
that limits its communication range. Therefore, the trend for future high-speed
wireless communication is toward the mm-wave region. In this chapter, we will
focus on the 60 GHz frequency band that offers wider channel bandwidth as
shown in Figure 10.1 [1].

Unlicensed 9 GHz bandwidth at 60 GHz has been standardized for
future wireless local area network known as WiGig and IEEE802.11ad to
cooperate with the present IEEE802.11ac for multi-Gbps short-range commu-
nications [2]. For the integration of portable devices of the next-generation
wireless communication, 60 GHz transceivers in a direct conversion archi-
tecture is more preferable due to low power consumption and small area
[3-8]. More importantly, to support high modulation scheme in Cartesian
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Bandwidth allocation for different spectrum bands [1].
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transceivers, it requires low I/Q mismatches, arisen from layout parasitics
and process, voltage and temperature (PVT) variations introduced by radio
frequency (RF) and baseband building blocks, in cooperation with low phase
noise from a local oscillator. Conventionally, I/Q gain and phase mismatches
can be calibrated by variable gain amplifier (VGA) and additional RF-path
phase shifter, respectively. However, VGA and RF-path phase shifter could
introduce undesired gain or phase shift when operating over wide bandwidth
at mm-wave frequency, which further require additional calibration [9]. Dig-
ital 1/Q calibration can be used for low-frequency synthesizers. However, it
is difficult to achieve fine resolution for mm-wave transceivers due to limited
resolution of digital-to-analog converter (DAC). An alternative approach is to
use a 60 GHz synthesizer for phase calibration, which has proved its effective-
ness by achieving as high as 20 Gb/s data rate as shown in Figure 10.2 [10].
Therefore, a 60 GHz frequency synthesizer should not only exhibit low phase
noise but also add the ability for I/Q calibration that relaxes requirements for
other building blocks. More importantly, solutions for low-power designs are
required to enable high-speed data transfer in mobile devices.

IoAacl
fﬁ DAC
_________ LA
I
20 GHz | Phase
PLL I shifter
______________ I
DAC
Variable
amplitude

FIGURE 10.2
Simplified block diagram of (a) 60 GHz receiver and (b) 60 GHz transmitter
with amplitude and phase calibration using 20 GHz PLL and 60 GHz QILO
as phase shifter.
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Phase noise performance of previously reported mm-wave and near-mm-
wave synthesizers [11-18] is usually in tradeoff with large power consumption.
Due to a degradation of quality factor of LC tank at mm-wave frequency, it
results in a degradation of out-of-band phase noise and large power [12-15].
Moreover, it requires a chain of high-speed dividers, which further increases
power consumption and requires independent tuning [13, 14]. An alterna-
tive method is to use a subharmonic injection technique based on a 20 GHz
phase-locked loop (PLL) and a 60 GHz quadrature injection-locked oscillator
(QILO), which can achieve good out-of-band phase noise due to better over-
all quality factor of tank. The QILO also adds an ability to adjust phase of
quadrature outputs for any I/Q mismatch that arises from other blocks when
integrated in the transceiver [10]. However, common constraints that limit
the feasibility of low-power mm-wave synthesizers for high data rates are high
in-band phase noise, due to high division ratio in PLL feedback path (Nprr,),
and large power consumption to maintain performance of high-speed building
blocks [11, 18].

In this chapter, low-power techniques in a high-performance mm-wave sub-
sampling frequency synthesizer are investigated. In Section 10.2, the architec-
ture of 60 GHz synthesizer is discussed. Then, it is followed by considerations
of I/Q mismatch and optimum tracking bandwidth to determine phase noise
requirements of IEEE802.11ac/ad. Section 10.3 presents an implementation
of a 20 GHz subsampling PLL (SS-PLL), which helps suppress the in-band
phase noise [19, 20]. The design and theoretical locking range of the proposed
dual-step-mixing injection-locked frequency divider (ILFD) [21] are analyzed
and compared with conventional ILFD. Moreover, design and analysis of gy,-
enhanced QILO using tail-coupling technique are discussed. In Section 10.4,
a 32 mW 60 GHz subsampling frequency synthesizer, which achieves a figure-
of-merit (FoM) of —236 dB, is demonstrated as a proof of concept. Finally,
conclusions are summarized in Section 10.4.

10.2 Requirements and Architecture Considerations
for Multi-Gbps Wireless Communications

10.2.1 Frequency synthesizer jitter and phase
noise requirements

The 60 GHz synthesizers require quadrature phases and frequency that could
cover four main channels, as well as those in between for channel bonding
capability. It should also interoperate with both 36 and 40 MHz reference
clock to cope with different symbol rates specified in various standards [2, 22].
More importantly, to support higher data rate, the system should satisfy the
phase noise and signal-to-noise ratio (SNR) requirement for higher modulation
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TABLE 10.1

Required TX EVM for Different Modulation Schemes in IEEE802.11ad [2]
Data Rate TX EVM

MCS Modulation (Mb/s) (dB) (spec)
9 7 /2-QPSK Single Carrier 2,502.5 —15
12 7/2-16QAM Single Carrier 4,620 —-21
17 QPSK OFDM 2,079.00 —13
21 16QAM OFDM 4,504.50 -20
24 64QAM OFDM 6,756.75 —26

scheme. The transmitter error vector magnitude (TX EVM) performance
should be below —20 dB to support complex quadrature amplitude modu-
lation scheme, i.e. 16QAM as shown in Table 10.1. The TX EVM can be
expressed as follows [24, 25].

[ 1
TXEVM =/ o5 + & Ms (10.1)

where SNR is the signal-to-noise ratio and ¢%,,5 is a double-sideband inte-
grated phase noise of a carrier that can be computed as follows [23, 24]:

) B/2
PRMS = 2 ({ L(f)df (10.2)

where B is the modulation bandwidth. Therefore, to maintain low EVM, SNR
should be kept high, whereas root mean square (RMS) jitter should be kept
as low as possible. Typical mm-wave PLLs suffer from poor integrated phase
noise due to high division ratio in the feedback path and degradation of quality
factor of tank that cannot meet 16QQAM requirements [11, 18].

Figure 10.3 shows the simplified diagram of the typical TX and RX in
direct-conversion architecture. A local oscillator is required to down/up con-
vert the data to be received /transmitted wirelessly. For mm-wave or near-mm-
wave applications, phase noise is usually one of the most crucial limiting factor
to achieve low EVM performance. Phase noise adds an ambiguity into the data
causing a circular distortion of EVM. In the receiver (RX) side, small timing
or phase offset of received signal can be recovered in the digital signal process-
ing. Thus, low-offset phase noise can be canceled and EVM performance can
be improved. However, the amount of noise to be canceled, i.e., faster track-
ing bandwidth, requires larger hardware cost and high power consumption.
Moreover, maximum tracking bandwidth is restricted by subcarrier spacing
in an orthogonal frequency-division multiplexing (OFDM) system. This will
be explained in detail later.

To relax phase noise requirement, a decision-directed PLL can be used for
symbol-timing recovery in the baseband circuitry to cancel low-offset phase
noise. Unlike a single carrier case, subcarrier spacing in an OFDM system
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FIGURE 10.3
Simplified diagram of TX and RX with analog and digital baseband.

restricts the use of excessively wide tracking bandwidth (firack) that could
cause an intersymbol interference [23, 24]. Assume that the frequency response
of carrier tracking Sirack(f) loop exhibits a characteristic of a second-order
PLL in a form as follows [23, 24]:

1

[1 + (fnfack ) 4]

Therefore, an optimum fi,ac of carrier recover loop can be computed as fol-
lows:

Strack(f) = (103)

fsub

1
1 1
(sim”)

where fqup is the frequency at the edge of the first occupied subchannel, which
is estimated to be half of the subcarrier spacing. If 30 dB suppression is
required at that frequency, Sirack (fsub) is given to be 1073, For IEEE802.11ac,
the optimum tracking bandwidth should be less than 27.8 kHz due to a sub-
carrier spacing of 312.5 kHz [23]. In the case of IEEE802.11ad, the subcarrier
spacing is 5.15625 MHz, which results in the optimum tracking bandwidth
of 458.6 kHz. The baseband output after the demodulator is the difference
between that of the receiver input, which exhibits a phase noise from 60 GHz

ftrack = (104)
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PLL and the tracking loop output. From Eqgs. (10.2) and (10.4), the effective
integrated phase noise at the demodulator output can be computed by

9 B/2 1
Crmser =2 [ L(f) |1 - ——=
’ 1+ (fcick)

It can be observed that the low-offset phase noise from the received signal can
be canceled up to the tracking bandwidth as shown in Figure 10.4. In case
of IEEE802.11ac, in-band phase noise is important even with an assistance

df (10.5)
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(a) Optimum tracking bandwidth and integrated phase noise for IEEE802.11ac
and IEEE802.11ad and (b) target phase noise performance for mm-wave PLL
to satisfy 16QAM and 64QAM without and with carrier recovery circuit,
respectively.
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from carrier recovery circuit with optimum bandwidth of 30 kHz as shown in
Figure 10.4a. On the other hand, for IEEE802.11ad, integrated noise is —20
dB without carrier recovery. If a tracking bandwidth of 400 kHz can be used,
integrated phase noise can be lower. However, in the situation where low-
power operation is preferred or wide tracking bandwidth is not available due
to a limitation of baseband circuitry, in-band phase noise is also important.
Figure 10.4b shows a target performance for IEEE802.11ad where an in-band
phase noise should be as low as —78 dBc/Hz and out-of-band phase noise
at 10 MHz should be —115 dB/Hz to achieve an EVM lower than —20 and
—26 dB without and with carrier recover loop using Egs. (10.2) and (10.5),
respectively.

Another important parameter is the system SNR. To achieve required
SNR, received signal should be more than noise floor and image signals. The
difference between downconverted received signal and image is called image
rejection ratio (IMRR), which should be as high as possible to maintain system
SNR. I/Q amplitude and phase mismatch result in a degradation of IMRR.
In this work, the IMRR is targeted below —40 dB for 64QAM, which refers
to less than 0.15 dB amplitude and less than 1.5° phase mismatches.

10.2.2 Phase-locked loop architectures for
60 GHz applications

Conventionally, direct 60 GHz PLL usually requires higher power consump-
tion for main oscillator and high-speed prescaler [12-15]. This is because mm-
wave oscillators suffer from inferior quality factor of tank when compared with
those at lower frequency. Thus, it requires high power to achieve reasonable
phase noise. Moreover, inductorless prescaler divider consumes high power
when directly operating at mm-wave frequency. An alternative solution is to
adopt the use of frequency multipliers for mm-wave PLLs to maintain high
quality factor of main oscillators [11,16-20, 26]. Unlike push—push technique
[16-17, 26], an approach using a 20 GHz PLL and 60 GHz QILO is more
preferable due to capability of fine phase adjustment. The QILO in Ref. [27]
uses a polyphase filter for 20 GHz quadrature injection but does not allow
phase calibration. Alternatively, a single-sided injection enables the control of
I/Q phase offset with fine resolution by adjusting the free-running frequency
of QILO [10]. Figure 10.5a shows an equivalent diagram of QILO composed
of a cross-coupled oscillator with a G, stage to represent an injection tran-
sistor. Impedances of tank I and Q are denoted as Z; and Z,, respectively.
Figure 10.5b shows current and voltage vectors of coupled oscillators for a
single-ended equivalent circuit. By injecting a current into one of the coupled
oscillator, output frequency of QILO will be locked to the third harmonic of
injected signal shown in Figure 10.6. However, if there are any differences in
free-running frequency of QILO and an injected signal is in locked condition,
phase difference between I; and V; will be generated as shown in Figure 10.5b.
This can be represented as follows [37].
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(a) Simplified block diagram of quadrature injection-locked oscillator and
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Simplified block diagram of the 20 GHz PLL and 60 GHz QILO with single-
sided injection.

b = /7 = sin~! <2Qw01 — Winj_PLL(20 GHz) Iosc1> (10.6)
woI Iinj 1
where @1 is quality factor of tank I, wq is free-running frequency of tank
I of QILOs, winjprL(20cH,) 18 the injection frequency near 20 GHz. From
Eq. (10.6) and Figure 10.6, phase difference between I/Q oscillators can be
computed from an angle between impedance of tank I/Q as follows.

Ap= L7 — /7,

" <2Q1 WoI — Winj_PLL(20 GHz) Tose 1 >
wor Tinj 160 aHz.Q) + M inj PLL(20 GHz_Q)
R <2QQ W0Q — Winj_PLL(20 GHz) Loscq > (10.7)
woQ Tinj_q(60 GHz.1)
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where subscript Q denotes the parameter of tank Q and 7 is an injection
efficiency. It can be seen that a QILO can be used as a fine phase shifter
by tuning wor and woq through varactor of a QILO. When cooperating with
VGA for amplitude correction, it can satisfy the requirement for high modula-
tion scheme [10]. To further ensure locked operation, QILO calibration scheme
in Ref. [18] can be implemented and operate before fine I/Q phase calibra-
tion is in action. Small frequency drift for I/Q phase calibration can cause
degradation of injection efficiency, but it does not result in significant phase
noise degradation due to large bandwidth of injection locking scheme [35].
Even though a subharmonic injection locking technique is capable of achiev-
ing low out-of-band phase noise and offers a solution for I/Q calibration of 60
GHz transceivers [11] and [18] still suffer from poor in-band phase noise and
high power consumption. In the next section, the design of 60 GHz subsam-
pling synthesizer and techniques to achieve lower power consumption will be
discussed.

10.3 Proposed 60 GHz Subsampling
Synthesizer Architecture

10.3.1 20 GHz subsampling PLL

By sampling the slope of oscillator waveform, high gain in phase detection
can be achieved. Thus, it can significantly suppress oscillator phase noise with
wide bandwidth. Moreover, noise in the phase detection path does not amplify
by the divide ratio in the feedback path. Unlike conventional approach in
Figure 10.7a that has no problem for an architecture using direct oscillator
at low frequency, directly sampling voltage from voltage-controlled oscillator
(VCO) outputs with a sampling switch [28, 29] would directly load the tank
and result in a reduction of VCO output amplitude [15], which decreases an
injection efficiency and degrades locking range of 60 GHz QILO and 20 GHz—5
GHz ILFD. This could result in a failure to lock both oscillators, as shown in
Figure 10.7b. In this work, Figures 10.7c and 10.8 show the simplified diagram
and the detailed diagram of the proposed 60 GHz PLL with subsampling
operation, which samples the output of the 20 GHz ILFD, respectively. The
proposed synthesizer includes a 20 GHz SS PLL and a 60 GHz QILO. The 20
GHz PLL can perform both conventional phase detection, which uses phase
frequency detector and charge pump (PFD/CP), and proposed subsampling
phase detection. For a PFD/CP mode, E, is set to 0. The subsampling loop is
disabled as C'P; is off and PFD in lower loop works without any dead zones. A
divide-by-2 divider is placed after reference clock to support channel bonding.
Selecting code (SEL;) of the multiplexer (MUX;) can control division ratio
to support both 36 and 40 MHz reference frequency as shown in Figure 10.8.
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Simplified architecture of (a) SS-PLL, (b) mm-wave direct SS-PLL, and
(¢) mm-wave SS-PLL in subharmonic injection architecture.

In subsampling mode, F, is set to 1, a PFD dead zone is created so that
it does not interfere with subsampling loop. The subsampling phase detector
(SSPD) samples the pseudodifferential divider outputs from an ILFD with
the selected reference clock from MUX, and converts phase error into voltage
variation. The slope from an output from ILFD is shaped by RC circuits
to maintain sinusoidal characteristics and relax differential mismatches. The
feedback gain of SSPD is controlled by a pulsewidth controller [28] as follows:

 Kssa  2Avco Torv 2Icp, Tpu 1
Bsspp = = (10.8)
Nss—pLL TRC 27 Vs et TREF Nss—pLL

where Ayco is an amplitude of VCO, ¢ is an RC time constant of wave
shaper, Tprv is the period of output of ILFD, Icp, is charge-pump current in
SSPD, Vs et is effective gate bias of n-channel MOSFET (NMOS) transistor,
TRrEr is a period of reference clock, T, and is a controlled pulse width. The in-
band phase noise of SSPD can be computed by Lin-band,sspp = Si,cp, /2,8§SPD.
Since a division ratio is reduced from 1200 to 4 in the subsampling feedback
path, this helps to alleviate SSPD noise that can be brought below noise of
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reference clocks. In this work, loop bandwidth is set to approximately 400 kHz
to optimize both RMS jitter and out-of-band phase noise performance. To
further lower power consumption, a divide-by-4 dual-step-mixing ILFD is used
in the 20 GHz SS-PLL, and a 60 GHz g,-enhanced QILO is implemented for
subharmonic injection locking. In the next section, the design of key building
blocks will be discussed in detail.

10.3.2 Dual-step-mixing ILFD using second-harmonic
direct injection

Instead of using two cascading current mode logic (CML) dividers [18], only
a single-stage divide-by-4 ILFD is used to downconvert 20-5 GHz. In a case
of using traditional single-step mixing ILFD shown in Figure 10.9a, an injec-
tion signal is applied through a switch that is placed directly across the fun-
damental output nodes of the differential pair [31-34]. Unfortunately, this
approach has limited locking range for higher than 2 division ratio, because
there are two disturbing injections shown as gray dots in every cycle as shown
in Figure 10.10a. It is clear that if disturbing injections are eliminated, lock-
ing range can be extended [34]. This can be done by applying an injection
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(a) Simplified diagram of conventional direct injection inductorless ILFD and
(b) Simplified diagram of even-harmonic-enhanced direct injection inductor-
less ILFD.

across the second harmonic nodes at the common nodes of each delay cells
as shown in Figure 10.9b called “dual-step mixing” [20, 21]. This gave more
headroom and reliability over the method using additional cascoded tail tran-
sistor [36] to perform a dual-step mixing operation. The phases of the second
harmonic signals at the common nodes a, b, ¢, d are progressively coupled
from the differential outputs of each delay cell. A switch is placed across com-
mon nodes of the first and third delay cells with a phase difference of 180°. As
shown in Figure 10.10b, the first direct injection step happens at every posi-
tive peak of the input signal (+INJ) near 4th harmonic of fundamental signal
that is injected into the zero crossing point of the second harmonic signal at
common nodes of the first and third delay without any harmful injection [35—
37]. Once signals at the second harmonic nodes of a and ¢ are synchronized,



298 IoT and Low-Power Wireless

ILED output

(fo) Time
0
Input (2f;)
(direct divide-by-2) T 1 T T
Time
0 21 47t
Input (4f,)
directdideby-d [ 1 4 1 At 4
Time
Disturbing injection in grey
Constructive injection in black
(b)
+A -B +C -D
ILED output \ :
(+fot) o -4
Time
0 b 2m
Common ‘
node signal
(+2f,—2f,)

wh M h M A A
o N L O

Only constructive injections exist

> Time

FIGURE 10.10

Timing injection of (a) conventional ILFD for divide-by-2 and divide-by-4
operation and (b) dual-step-mixing ILFD for a divide-by-4 operation with
differential injections.

they further inject every positive peak to zero crossing points of fundamental
outputs as a second step. Similarly, an injection with opposite phase (—INJ)
synchronizes nodes b and d at common nodes and further to the fundamental
outputs. Thus, a differential injection from primary mixer creates quadrature
synchronizing signals at secondary mixer which improve the locking range.
The proposed ILFD works as two cascoded divide-by-2 frequency dividers,
resulting in lower power and larger locking range. This architecture can also
work as a cascoded divide-by-2 and divide-by-3 operation results to compara-
ble locking range for divide-by-6 operation when compared with conventional
divide-by-3 ILFD as described in Ref. [21].

The locking range of the proposed ILFD is investigated as follows. A typical
ring oscillator oscillates at a frequency (f,) with a phase shift of —37/4 at
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each stage. With an injection applied to either tail transistor of differential
pair or injection switch across output nodes, the phase contributed by each
stage of an oscillator deviates by 6, which results in a change in the oscillation
frequency, to compensate for a phase shift introduced by each mixer (¢(a)).
The single-sided locking range of a four-stage ring ILFD can be approximated

by [27].
Af 1 (1+4tan®f
fo N ( tan % > o1 (10.9)

where N is a number of delay cell and ¢t is the total phase shift from injec-
tions. It can be observed that phase shift by a mixer is averaged over a number
of delay cell. Multiple injection in an ILFD has proved effective to enhance
the locking range of an ILFD [31, 34]. Unlike a conventional ILFD that uti-
lizes weak 34 and 5 harmonics for a divide-by-4 operation, locking range
of the proposed dual-step-mixing ILFD is analyzed. An equivalent model of
the conventional direct-mixing ILFD and proposed dual-step-mixing ILFD
with an assumption of a single injection point is shown in Figures 10.11a and
b, respectively. The divide-by-4 operation has been achieved by an injection
switch as a primary mixer and a single balanced mixer formed by a differential
pair as a secondary mixer shown in Figure 10.9b. The injection signal near 4!
harmonic is applied with the current in an oscillator (Ipgc) at the primary
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FIGURE 10.11
Equivalent circuit model for (a) conventional direct-mixing ILFD and (b) pro-
posed dual-step-mixing ILFD with an assumption of a single injection point.
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mixer, which first mixed with even harmonics of the 2*? and 6" components
in the first delay cell results to wu;(t), which can be derived as

uy (t) = Ioscbs cos (2wt — 2ar) (10.10)
+ IINJ% [b2 cos (2wt — 2ax) + bg cos (2wt + 6ar))

where Iy is the amplitude of injection current, 7y is the gain of even harmonic
terms in differential pair that is typically equal to 2 [36], w, is the free-running
frequency, « is the relative phase difference of the fundamental component and
the injection signal, and b, is the coefficient of n*" harmonic at output. u (t)
is further mixed with 1%* and 3@ harmonics at gates of each differential pair.
The current at the output of secondary mixer can be derived as

y1 (t) = Iinge/“erel® (10.11)

I . )
X ( IOSC (b1b2 + bgb?,) + % ((blbz + b3b6) €_j4a + (b]bﬁ + bobs + b1b4) €j4a)>
INJ

By rearranging Eq. (10.11) in the form of |I,|cos(wot + a + ¢(cx)), phase
shifted by each mixer can be derived in Table 10.2. By letting oy = «, the
mixer output phase of the first stage can be derived as

1 kq sin (4a)

() =a+¢(a)=a—tan™" | ———— (10.12)
(ﬁ> — cos (4av)
7
where 7 is an injection efficiency (Iiny/Iosc),ki is gi;ﬁi and ks is b224b-2bs' Signal

y1(t) passes low-pass filter (LPF) and acts as an input to the secondary mixer.
It further mixes with the mixed product from another phase of injection with
even harmonics at the second stage as shown in Figure 10.13. Since ¢; («)
is small, s = a3 — (37/4) [31]. The secondary mixer at the second stage
contributes to an additional phase shift of ¢ (). The process continues and

TABLE 10.2
Comparison of Theoretical Locking Range of a Divide-by-4 ILFD in a
Four-Stage Ring Topology

Type Phase Introduced Single-Sided = Norm. Lock.
by Each Mixer (¢(a)) Locking Range Range
Direct (bs—bg) .
.. in(4a)
mixin —tan~! (55 ¥03) ° 2tan—1 [ —2261_ 1
xing <<(b52+bga)n)—cos(4a) \/14—n2

Dual-step (by—bg) .
o T by Sin(40) 1 0.39n -
mixing tan <( o )_COS(4a) 2tan 25517 2.5

2
(ba+b6)n
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results to phase shift across the mixers at the 3" and 4'" stages. The total
phase shifts can be expressed as

kysin(da—-3(i—1)m—(—1)m)

4
¢T=—;tan (%)—cos(404—3(i_1)7r_(i_1)7r)

(10.13)

where 4 is each stage of delay in an oscillator, 3 (¢ — 1) 7 is phase shifted across
each stage, (¢ — 1) 7 and is the phases of injection at each primary mixer. Inter-
estingly, this results to an optimum phase to enhance locking range [21, 31,
36]. By differentiating Eq. (10.13) with respect to «, the maximum phase shift
of the mixers can be derived. Thus, theoretical single-sided locking range of
the proposed ILFD is compared with the locking range of the conventional
single-step ILFD derived from the same procedure [31-34], as shown in Table
10.2. Note that optimum phase shift using differential injection is taken into
account for both cases for a fair comparison as discussed in Ref. [31]. The
single-sided locking range is proportional to tan~! (k:ln/\/k‘g — 772>. Thus,
wider locking range of the dual-step mixing is derived from smaller attenua-
tion on the injection efficiency (k). By substituting b, obtained from simula-
tion, it shows approximately 2.5 times larger locking range compared with a
conventional divide-by-4 ILFD. The detailed schematic of the proposed ILFD
is shown in Figure 10.13. A simulation result has been performed for the
proposed ILFD with a comparison to a direct mixing ILFD for a divide-by-4
operation by assuming the same injection current with differential injection for
both cases. From Figure 10.14, the single-step-mixing divide-by-4 ILFD can
provide 5% single-sided locking range with n of 0.25, while the proposed ILFD
required only 0.1 to achieve the same locking range. In actual implementation,

x2 Iosc + Iy cos(4w,t) %2 Iosc + Iny cos(dw,t + 1)

2 uy (¢ A
10 cos(w,t + ay) u(2)

L () LPE - y(8) LPE

o — > _
cos(w,t + a;) _3/4-0 2 a0
-3/4-9 -3/4-6 .
/\ 4 /—\ s cos(w,t + az)
LPE VIR 1 LoF N y
P hara A . — | ()
: 740 — s 73(0) [
uy(®) { cos(w,t + ay) us(?) 1
Iosc + Iy cos(dw,t + 1) x2 Iosc + Iiny cos(4w,t ) )

FIGURE 10.12
Equivalent circuit model for the proposed dual-step mixing ILFD with differ-
ential injection.
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Detailed schematic of the dual-step-mixing ILFD.
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FIGURE 10.14
Theoretical and simulated locking range of conventional single-step mixing
and proposed dual-step mixing divide-by-4 ILFD using differential injection.

the differential phases can be directly obtained from the 20 GHz buffer after
the VCO. For a divide-by-6 operation in the proposed ILFD, the models in
Figures 10.11 and 10.12 can be used with a modified u(t), which are derived
from the injection signal that is mixed with 4*" and 8'" harmonics. Then,
the same analysis can be applied to obtain modified closed form of locking
range. Table 10.3 shows a comparison of the high-speed divider chain in the
state-of-the-art mm-wave PLLs. This work achieves low power consumption



TABLE 10.3

Comparison of High-Speed Divider Chain in mm-Wave Frequency Synthesizers

Ref.

Topology

60 GHz Direct
60 GHz Direct

60 GHz Direct
20 GHz PLL + 60 GHz QILO
20 GHz PLL + 60 GHz QILO

Components
LC-CML + (/3) Ring-CML
LC-ILFD + (/2) Ring-CML
4) Ring-CML
Ring-DCML + (/4) Ring-ILFD
Ring-CML + (/2) Ring CML
Ring-ILFD

Power
Consumption

28 mW
23 mW

12 mW

18 mW

2.2 mW
(buffer included)

Robustness

Good
Good

Normal
Good
Good

Area

Large
Large

Small
Small
Small

anbruyoa ], s1sayjufig fiouonba.y
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and small area by using only a single ILFD in the high-speed divider chain of
the mm-wave PLL. Moreover, the proposed dual-step mixing helps achieving
acceptably wide locking range for a robust operation in a mm-wave PLL.

10.3.3 The 20 GHz class-C VCO and 20 GHz
cross-coupled buffer

In this work, 20 GHz LC-VCO with tail filter is utilized as shown in Figure
10.15. This allows high oscillation swing while preserving current efficiency
that is superior to other topologies [38]. The frequency can be tuned by a
varactor and a 5-bit capacitor array. Tail filter is composed of inductor and
an array of switched capacitor for second harmonic peaking to preserve the
tank from loading at second harmonics [39]. Capacitive cross-coupled 20 GHz
buffer is used to cancel parasitic capacitances [6-8]. This results in high swing
with low power.

To further reduce the power consumption, an alternative approach is to
adopt Class-C VCO [40]. Recent trend in the design of oscillator focuses on the
improvement of flicker noise corner in mm-wave frequency, which is usually
more than 1 MHz offset frequency. To deal with this problem, one technique is

leed cap
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capacitor bank
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WH;&?'_ - o ,

VCTRL
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FIGURE 10.15
Detailed schematic of 20 GHz class-B VCO with tunable tail filtering.
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careful consideration of the amplitude and phases of harmonics of oscillation
frequency [41].

10.3.4 The 60 GHz g, -enhanced quadrature
injection-locked oscillator

To satisfy the oscillation conditions at minimum power consumption, larger
parallel tank resistance R, is required. However, to maintain large tuning
range, a technique to boost negative transconductance of mm-wave oscillators
is required. Conventional mm-wave oscillators shown in Figure 10.16a suffer
from degradation of —g, as a result of parasitic capacitances Cys, Cgqa and
the gate resistance R, of the cross-coupled pair as shown in Figure 10.16b.
The negative resistance at mm-wave frequency can be approximated by Eq.
(10.14) [42].

e WXCAR
Gineqy 2 — T2 Bt (10.14)

where gm oq1 Tepresents the transconductance of conventional mm-wave
NMOS VCOs and gm. represents the transconductance of NMOS cross-
coupled pair, respectively. Figure 10.17a and b shows the simplified schematic
and an equivalent small-signal circuits of the proposed tail-cross-coupled
QILO, where an additional —gy, of cross-coupled tail transistors (—gm tai1) are
formed at the bottom of the main cross-coupled pair. Due to parasitic capaci-
tance and gate resistance of the cross-coupled pair, the equivalent —g, of the

Viail Viail CgSTT TT Ce
o[ Muy Mui |0 V, i
L

FIGURE 10.16
Simplified circuit schematic of (a) conventional oscillator with conventional
cross-coupled pair and (b) its small-signal circuit.
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FIGURE 10.17
Simplified circuit schematic of (a) proposed tail-cross-coupling oscillator for
gm-enhancement and (b) its small-signal circuit.

proposed QILO using cross-coupled tail transistors can be (gm_eq2) derived as
Eq. (10.15).

m,tail

w?ClyCla (Rg —4g7" )

_ 9m,c _
2(1 -1 —1 2
- gmacgm,tail 2 (1 - gIn,Cgm,tai])

According to Eq. (10.15), it can be observed that the —g,,, degradation effect
from gate resistance can be relieved by —gm tai1. Simulation shows a compar-
ison between simulated —gy, of conventional QILO and that of the proposed
QILO, where the transistor sizes of the cross-coupled pair (M.) and tail tran-
sistors (Mai1) are 24 um/60 nm for both cases. For a conventional QILO, —gy,
drops to 5.3 mS at 60 GHz. On the other hand, for the proposed QILO, —gp,
almost reaches 6.9 mS, which is approximately 30% improvement in —g,, as
shown in Figure 10.18a. The parasitic capacitance seen from the tank also
reduces by 20% as shown in Figure 10.18b. This allows the proposed QILO
to have smaller cross-coupled transistors with less Cpag. Thus, higher tank
inductance can be utilized, which leads to larger parallel tank resistance (R},),
as it can be derived as

1 wCp\ 7! 1 1\
R, = + p) 2 ( + ) wL 10.16
P <WLpQL Qc QL Qc P ( )
where w is resonant frequency, C}, and L, are parallel capacitance and induc-
tance of tank, respectively, Q¢ and @y, are the quality factors of capacitor and

inductor, respectively. It is clear that to achieve large Ry, L, and Q¢ should
be maximized. Higher L, however, gives less room for total capacitance for

(10.15)

Imeqe &




Frequency Synthesis Technique 307

@ 10 @ 40
= =Tail cross-coupling pair
8 —Conventional cross-coupled pair 30 —
—— - — " Prige
& L= ~ =i~ & | Lo~
g - ¥ = PR
E 6 = ~ % 20 P
g% 4 S L
; /—:—f \\ - ’
Z Y 10t
4 10 ’ = =Tail cross-coupling pair
Vs 4 R ’ —Conventional cross-coupled pair
y T T T T T T
2 0 T T T T T T
20 30 40 50 60 70 80 90 100

20 30 40 50 60 70 80 90 100
Frequency (GHz) Frequency (GHz)

FIGURE 10.18

Comparisons of its (a) negative transconductance of an oscillator and (b)
parasitic capacitance (Cpagr) seen from the tank using conventional cross-
coupled pair and tail cross-coupling pair.

a desired frequency. Moreover, since a 9 GHz tuning range is required for
60 GHz standards, it requires larger on/off ratio of switched capacitor (agy).
Unfortunately, larger oy, degrades quality factor of parallel capacitance (Q¢),
as shown in Figure 10.19.

2
asw — (4=

L= 2
(27 fimax)” (asw — 1) Chixed

(10.17)

where Chxeq 18 a capacitance seen into the cross-coupled pair (Cpagr) and var-
actor. For a particular sy, L can be calculated as Eq. (10.17). From Figure
10.17a, by sweeping agy, an optimum inductance can be found. Figure 10.19b

(a) 60 16 (b) 130
(]
I 120 f--- D\Q

50 T 12 O
= o —1p g oo
£ 40 —8 & I /
~ & 100

O
30 F-- —
90 |
20 0 80
1.5 2 2.5 3 35 15 2 2.5 3 35
ocsw asw

FIGURE 10.19
Tank optimization of (a) inductance and (b) tank resistance (Rp) versus
switched ratio (asw) for power reduction of the 60 GHz QILO.
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FIGURE 10.20
Detailed schematic of the proposed QILO.

shows the result of R, which shows highest peak when oy, is equal to 2. Sim-
ulation results are plotted with square symbols and matched well with calcu-
lated results plotted in solid line of Figure 10.19. As a result, the oscillators can
operate at smaller current by optimizing a tank resistance. Moreover, accord-
ing to Adler’s equation [43], less current in oscillator also helps contributing
to larger locking range. The detailed schematic of the proposed 60 GHz gy,-
enhanced tail-cross-coupled QILO is depicted in Figure 10.20, composed of
two LC tanks and two pairs of cross-coupled NMOS pairs (M1,M2), tail tran-
sistors (M3,M4), and cross-coupled tail transistors pairs (M5,M6), where the
transistor sizes of M1-M6 are 24 ym/60 nm. An injection from 20 GHz PLL is
applied to one side of a QILO for injection, and it also allows I/Q phase cali-
bration as discussed in Section 10.2.2. With 10-bit digital-to-analog converter
and tuning voltage of QILO (Vryngk), fine-phase calibration with a resolution
of 0.15 degree/code can be achieved.

10.4 Experimental Results

The proposed PLL is designed and implemented using a 65-nm CMOS tech-
nology. Figure 10.21a and b shows the chip micrographs of the 20 GHz SS-
PLL and the gy-enhanced 60 GHz QILO, respectively. The QILO occupies
a core area of only 60 x 90 pm? while the 20 GHz SS-PLL occupies 1.08
mm? including decoupling and pads. The measurement is performed on two
probe stations with cables and an external buffer to compensate for cable loss
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FIGURE 10.21
Chip microphotographs of (a) 20 GHz SS-PLL and (b) gy-enhanced QILO.

that only adds noise floor to the system and is insignificant. Phase noise per-
formance is measured using Agilent E5052B signal source analyzer, Agilent
E5053A microwave down-converter, and 50-75 GHz external mixer. Frequency
spectrum is evaluated using Agilent FE4448A PSA spectrum analyzer.

The measured locking range of the proposed dual-step-mixing ILFD is
shown in Figure 10.22. It achieves 5 GHz locking range while consuming only
2.2 mW, including its buffer to restore output swing for the next-stage digital
divider. On the other hand, the proposed gm-enhanced QILO with R, opti-
mization achieves about five times larger locking range as current consumption
reduces from 14 to 7.8 mW from 1.0 V supply. Through tuning capacitor bank,
the QILO can cover for all required channels as shown in Figure 10.23. The
proposed synthesizer can support all frequency channels using 36 or 40 MHz
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FIGURE 10.22
Measured locking range of the 20 GHz dual-step mixing ILFD.
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FIGURE 10.23
Measured locking range of the proposed 60 GHz QILO over the frequency
range with 3-bit switch and tuning voltage.
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FIGURE 10.24
Simulation and measured phase noise of the 20 GHz subsampling PLL and 60
GHz QILO at a carrier of 20.16 GHz and 60.48 GHz, respectively.

reference. Figure 10.24 shows a comparison of the simulated noise contribution
from VCO, SSPD, reference clock, and measured phase noise characteristics
at 20.16 and 60.48 GHz from 20 GHz SS-PLL and 60 GHz QILO when locked
to 20 GHz SS-PLL, respectively. In the subsampling mode, the out-of-band
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FIGURE 10.25
Measured spectrum of 20 GHz SS-PLL at a carrier frequency of 19.44 GHz.

phase noise of 60 GHz QILO locked to 20 GHz SS-PLL is maintained at
—122 dBc/Hz at 10-MHz offset, where in-band phase noise reduces to —78.5
dBc/Hz at 100 kHz offset. To maintain low out-of-band phase noise with rel-
atively lower in-band phase noise comparatively [11-18], the maximum loop
bandwidth of this PLL is designed to be 400 kHz. Figure 10.25 shows mea-
sured spectrum at 19.44 GHz of 20 GHz SS-PLL. The reference spur is —76.3
dBc without other significant harmonics. The calibrated output power of 20
GHz PLL is approximately —4 dBm, which is large enough to ensure locking
to the 60 GHz QILO when integrated together with the QILO. The calibrated
output power from the 60 GHz QILO is —10 dBm. From 1 V supply, the power
consumption of the SS-PLL is 24.2 mW, where VCO and its buffer, ILFD,
and digital circuits consume 18.9, 2.2, and 3.1 mW, respectively. This PLL
consumes 2.5 times lower power when compared to Ref. [11, 18]. The proposed
ILFD and QILO contribute to 20 mW of power reduction [11, 18]. Due to the
absence of on-chip I/Q mixers, an I/Q phase imbalance of 60 GHz signals
cannot be accurately measured since any connectors and cables can result in
significant delays.

Table 10.4 summarizes the comparison of the proposed work with the state-
of-the-art 60 GHz PLLs. Subharmonic injection method shows the lowest out-
of-band phase noise comparatively [13-15, 44, 45]. However, the work in Refs.
[11, 18] and PFD/CP mode of this work achieves higher in-band phase noise
[13-15]. This SS-PLL reduces the division ratio and suppresses in-band phase



Spur Norm PNP

—74
—55
—40

—52

—69
-7
-90

—60

—110
—109
—109
—108
—110
—117

TABLE 10.4
Performance Comparison with the State-of-the-Art 60 GHz Frequency Synthesizers
Ref. Feature Tech. REF Freq.
(nm) (MHz) (GHz) (dBc) PN®

[44] 40 GHz PFD/CP PLL 65 36 40.16
[13] 60 GHz AD-PLL 65 100 56.0-62.0
[14] 60 GHz PFD/CP PLL 65 135  57.9-68.3
[15] 60 GHz SS-PLL 40 40  53.8-63.3
[45] 60 GHz PFD/CP PLL 90 60  61.0-6.03
[11,18] 20 GHz PLL 65 36/40 58.1-65.0

+ 60GHz QILO
This 20 GHz SS-PLL 60 GHz 65 36/40 55.6-65.2

work 4+ gm-enhanced QILO

—73

—78.5

—122

RMS °RMS, eff Ppc

(ps)
0.50
0.24
0.22
9.00

0.29

(ps)
0.28
0.23
0.21
0.12

0.15

(mW)
80
48
25
42
78
86

32

FoM
(dB)
—229
—238
—236
—202

—236

@ Normalized to 40 MHz reference clock: PN@Q100kHz (dBc/Hz) + 20log(frgr/40 MHz).

"PN@1MHz (dBc/Hz).
orus 1s integrated from [10 kHz:40 MHz].

oruMs,eff 1s an effective integrated phase noise Eq. (10.5) with 400 kHz tracking bandwidth.
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FIGURE 10.26

Performance comparison with state-of-the-art mm-wave frequency synthesiz-
ers.

noise to —78.5 dBc at 100 kHz offset. This is equivalent to 0.29 ps, as it is
integrated from 10 kHz to 40 MHz offset frequency without any assistance
from digital carrier recovery circuits.

P
Rﬁ4:20bg62)+10bg<h3%> (10.18)

where oy is the RMS jitter of the PLL and Ppc is the power consumption. Eq.
(10.18) is used to compare this work with the state-of-the-art mm-wave PLLs.
The proposed synthesizer achieves an FoM of —236 dB while consuming only
32 mW. Figure 10.26 shows performance comparison with other mm-wave
frequency synthesizers. This work achieves the lowest out-of-band phase noise
with comparable integrated jitter while consuming lower power comparatively
[15] without using high reference clock [13, 14]. In the case of 400 kHz tracking
bandwidth of baseband carrier recovery, RMS jitter is significantly reduced to
0.15 ps, which can support 16QAM.

10.5 Conclusions

This chapter has presented detailed phase noise requirements in 60 GHz appli-
cations, especially for IEE802.11ad and the architecture considerations of mm-
wave PLLs. The proposed 60 GHz frequency synthesizer using 20 GHz SS-PLL
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and 60 GHz QILO was presented with design optimization of high-speed build-
ing blocks using dual-step mixing ILFD and g,-enhanced QILO with tank
optimization to achieve low power consumption. It achieved a suppression of
in-band phase noise in subsampling mode and also achieved low out-of-band
phase noise. It could support various 60 GHz standards with complex modu-
lation scheme.
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11.1 Introduction

Due to the shortage of available spectrum in conventional cellular bands below
6 GHz, the spectrum at high-frequency bands from 24.25 to 86 GHz, also
known as millimeter-wave (mmWave) spectrum, is becoming a subject of
active research toward fifth-generation (5G) mobile communications [1, 2].
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By utilizing mmWave spectrum, 1 GHz or more of continuous spectrum can
be allocated, which enables the support of multi-Gb/s data rates.

While other candidates for mmWave radio access exist, the 60 GHz
short-range wireless local area network (LAN) technology known as IEEE
802.11ad/WiGig [3, 4] is one of the most promising solutions [5-7]. At the
60 GHz band, the multi-GHz unlicensed bandwidth has been allocated, which
enables extremely high data rates when compared with those offered by 2.4
and 5 GHz wireless LAN standards. Despite of such superior capabilities,
traditionally, the mmWave systems have mainly been deployed for military
applications. However, recent technology advancements have enabled a 60
GHz transceiver to be realized by means of the cost-effective complementary
metal oxide semiconductor (CMOS) process [8-10], offering opportunities for
IEEE 802.11ad/WiGig to be deployed in a variety of applications including
the laptop PC, tablet, smartphone, etc.

This chapter aims to give the most up-to-date status of the 60 GHz
technology development, with an emphasis on hardware design, network inte-
gration, and system evaluation. The rest of the chapter is organized as fol-
lows. Section 11.2 gives a brief overview of the target use cases and IEEE
802.11ad/WiGig standards. Section 11.3 discusses CMOS transceiver design.
Section 11.4 presents design and experimental evaluation of the prototype sys-
tem. Section 11.5 gives future perspectives, followed by concluding remarks in
Section 11.6.

11.2 A 60 GHz Wireless System
11.2.1 Use case examples

The use of high frequencies comes with both advantages and disadvantages.
Large path loss, as well as high attenuation due to obstacles such as human
body, limits 60 GHz applications to those suitable for short-range wireless
communication. On the other hand, higher frequencies lead to smaller sizes of
RF components including antennas, enabling compact realization of an array
structure which offers improved antenna gain with high directivity [11, 12].
It is worth mentioning that these properties unique to 60 GHz help reduce
interference, offering opportunities to maintain multi-Gb/s throughput even
in high density environments.

The first commercially available consumer products using 60 GHz
appeared in the early 2010s and were based on the WirelessHD standard,
which supports uncompressed high definition (HD) video links between fixed
devices such as a set-top box and a TV. The chipset employed sophisti-
cated beamforming technology to extend communication distance [13], but
this resulted in high power consumption. Even though substantial progress
has been made since then, employing a 60 GHz system in mobile terminals
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(b).

FIGURE 11.1
60 GHz mobile use case examples. (a) Peer-to-peer connection and (b) mul-
tiuser access in a dense environment.

such as smart phones and tablets remains a difficult challenge since it requires
extensive reduction in power consumption as well as small form factor.

Figure 11.1 shows use case examples. As illustrated in Figure 11.1a, the
60 GHz solution offers a high-speed peer-to-peer connection that can be an
alternative to existing wired standards such as high definition multimedia
interface (HDMI) or universal serial bus (USB) 3.0. By using 60 GHz, it is
possible to transmit the HD video wirelessly without compression, providing
a natural responsiveness between the mobile device and the large-screen TV.
Another example application is fast file transfer, which enables to share HD
video contents in a short period of time. Even though the typical use case in
the initial products will be a high-speed peer-to-peer wireless connection, it is
also expected to be deployed for multiuser access in a dense environment as
shown in Figure 11.1b. According to a recent research, the use of the 60 GHz
band for traffic offloading is a key to achieve an efficient network with high
capacity required in future 5G networks [6].

11.2.2 Frequency allocation

Figure 11.2 illustrates the global frequency allocation and IEEE 802.11ad/
WiGig channel allocation. Frequency bands around 60 GHz are available
worldwide. The International Telecommunication Union Radiocommunication
Sector (ITU-R) recommended channelization comprises four channels, each
2.16 GHz wide, centered on 58.32, 60.48, 62.64, and 64.80 GHz, respectively.
The frequency allocations in each region do not match exactly, but there is sub-
stantial overlap of at least 3.5 GHz of contiguous spectrum in all regions. This
allows a single device to operate worldwide without hardware modifications
just like the traditional wireless LAN based on the IEEE 802.11 at 2.4/5 GHz.
Furthermore, the Federal Communications Commission (FCC) announced a
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| US, Canada and Korea | US (New FCC) |
| EU and Japan |

CH1 CH2 CH3 CH4 CH5 CHé
| | | | | | | | | | | |
57 58 59 60 61 62 63 64 65 66 67 68 69 70 71 (GHz)

FIGURE 11.2
Frequency allocations by region and channel in IEEE 802.11ad/WiGig [14].

new unlicensed band allocation of 64-71 GHz on July 2016, which allows up
to six channels for 60 GHz operation in the United States.

11.2.3 IEEE 802.11ad/WiGig standard overview

There are many different standards for 60 GHz wireless communication.
Within the IEEE 802.15 working group, Task Group 3 (TG3) had led the
standardization, and the IEEE 802.15.3c was issued in 2009 by Task Group
3c (TG3c). Soon after, the Wireless Gigabit (WiGig) Alliance was formed to
develop an industrial standard for 60 GHz. In addition to the physical (PHY)
and medium access control (MAC) layers, the WiGig Alliance defined protocol
adaptation layers (PALs) for effective audio, video, and data transmissions.
The PHY and MAC specification defined by the WiGig Alliance was later
proposed to the IEEE 802.11 working group, Task Group ‘ad’ (TGad), which
was the group tasked with defining modifications to the 802.11 MAC and PHY
specifications to enable operation in the 60 GHz frequency band capable of
a maximum throughput of at least 1 Gb/s. The standard also specifies fast
session transfer (FST), which enables wireless devices to seamlessly transit
between the 60 GHz frequency band and the legacy 2.4 and 5 GHz bands, to
complement optimal performance with wider communication range.

The final IEEE 802.11ad specification was officially approved by the IEEE
in December 2012 [3]. In September 2013, the Wi-Fi Alliance, a global non-
profit industry association that provides certification programs, announced the
integration of the WiGig Alliance, followed by successful launch of the WiGig
certification program in October 2016. This placed IEEE 802.11ad/WiGig in
the lead position to become the de facto standard for wireless communication
at 60 GHz.

In IEEE 802.11ad/WiGig, several technologies have been introduced to
improve performance and robustness as listed in Table 11.1 [3, 4, 14]. Con-
sidering the need to support various use-case scenarios, both single carrier
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TABLE 11.1
Features of the IEEE 802.11ad/WiGig
Layer Feature Technology
Low power operation SC modulation
PHY 7/2-BPSK
LDPC
High-efficiency coding
data transmission Hybrid of
CSMA/TDMA
MAC Robust against Beamforming
mobility and blockage

(SC) modulation and orthogonal frequency division multiplexing (OFDM)
modulation have been adopted. In general, the SC modulation is suitable for
operations with reduced power consumption due to its low peak-to-average
power ratio (PAPR), whereas the OFDM modulation offers better multipath
tolerance. Table 11.2 shows examples of the modulation and coding schemes
(MCSs) where MCS 0 to MCS 4 are mandatory. MCS 0 is primarily used
for control channel messages for achieving better robustness. Low density
parity check (LDPC) code is employed for efficient error correction and a
hybrid of carrier sense multiple access (CSMA) and time division multiple
access (TDMA) allows flexible choice of access methods. One of the unique
features of IEEE 802.11ad/WiGig is the use of beamforming technology. To
compensate for large path loss, the phased array antenna is commonly used in

TABLE 11.2
MCS Examples (Not All Listed) in the IEEE 802.11ad/WiGig.

PHY payload

MCS index Modulation Code rate rate (Mb/s)
0 DBPSK (SC) 1/2 27.5
1 7/2-BPSK (SC) 1/2 385
4 7/2-BPSK (SC) 3/4 1155
5 7/2-BPSK (SC) 13/16 1251.25
9 7/2-QPSK (SC) 13/16 2502.5
12 7/2-16QAM (SC) 3/4 4620
12.2¢ 7/2-16QAM (SC) 7/8 5390
12.6 7/2-64QAM (SC) 7/8 8085
21 16QAM (OFDM) 13/16 4504.5
24 64QAM (OFDM) 13/16 6756.75

MCS 0 and MCS 1 employ spreading factor of 32 with 7/2 rotation and
spreading factor of 2, respectively

*Extended SC MCSs are added in the latest release [14], offering enhanced
throughput in the SC modulation mode.
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Operation of beamforming protocol.

mmWave systems. This necessitates that the transmit (Tx) antenna beam and
the receive (Rx) antenna beam need to be aligned in appropriate directions.

Figure 11.3 illustrates one of the beamforming operations examples known
as sector-level sweep (SLS), which is the most basic type of beam training
procedure. In this specific example, the access point (AP) takes a role of an
initiator and the mobile station (STA) operates as a responder. At first, the
initiator sends sector sweep frames as training signals while the responder
measures the quality of the received frames using a quasi-omni beam pattern
based on received signal strength indicator (RSSI) or signal-to-noise ratio
(SNR). The responder informs the best sector to the initiator while it per-
forms its own training sector sweep. This is followed by best sector feedback
from the initiator and an acknowledgement to finish the exchange. A similar
process can also be applied to align the Rx beam directions. By executing the
SLS procedure periodically, the Tx and Rx beam patterns can be continually
aligned in the right directions.

11.3 CMOS Transceiver

This section describes a design example of the 60 GHz CMOS transceiver
based on IEEE 802.11ad/WiGig. The transceiver prototype features
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beamforming technology, while achieving low power consumption that is appli-
cable to mobile usage.

11.3.1 Radio architecture

Two of the most popular choices of radio architecture are super heterodyne
and direct conversion [15]. In the super heterodyne architecture, the frequency
conversion is performed in two steps. The use of an intermediate frequency (IF)
that is lower than the original carrier frequency makes radio design easier, but
it requires two phase-locked loop (PLL) frequency synthesizers. In addition
to occupying large chip area, oscillators fabricated on the same chip suffer
from unwanted coupling. To avoid these issues, a sliding IF architecture is
commonly used in modern integrated transceivers [13, 16, 17]. As shown in
Figure 11.4a, two local (LO) frequencies are generated from one frequency
synthesizer by using frequency multipliers or dividers. The IF is often chosen
relatively high so that it provides large channel separation between the carrier
frequency and its image frequency, relaxing the requirement for image rejection
and eliminating external IF filtering.

Direct conversion, on the other hand, performs the frequency conver-
sion in one step, making the radio architecture very simple as illustrated in
Figure 11.4b. However, since the LO frequency is same as the carrier fre-
quency, special care must be taken to avoid frequency pulling from the trans-
mitter (Tx) output to the PLL. Also, the LO leakage in the receiver (Rx)
path makes the LO self-mixing, resulting in a dynamic DC offset. In spite of
these technical difficulties, recent works [8, 9, 18-23] have realized a 60-GHz
transceiver with direct conversion architecture. Compared to the super het-
erodyne or the sliding IF, the direct conversion architecture typically achieves
smaller die area and lower power consumption.

(a) (b)
20 GHz 0/90°
O and 40 GHz PLL o—| 60 GHz PLL
REE REF

FIGURE 11.4
(a) Sliding IF and (b) direct conversion architectures.



326 IoT and Low-Power Wireless

PHY
MAC

2nd PLL

FIGURE 11.5
Heterodyne architecture using coaxial cable.

In some 60 GHz applications, it is preferable to place a radio frequency
(RF) module and a baseband integrated circuit (BBIC) in separate locations.
Figure 11.5 is an example where the RF module and the BBIC are interfaced
with a single coaxial cable [10, 24, 25]. This can be viewed as the super hetero-
dyne architecture split across two chips. The IF and the LO as well as some
control signals are fed through the coaxial cable, which is suitable for PC plat-
forms. For example, in the laptop PC, the RF module should be mounted on
the display frame to ensure better signal radiation from the antenna, whereas
the BBIC must be placed close to the processors to minimize signal routings

11.3.2 Low-power beamforming transceiver

At mmWave frequencies, it is possible to implement beamforming capability
in a small form factor by using a phased array antenna. This enables expansion
of the transmission and reception angles as well as increase of communication
distance by improved antenna gain. Figure 11.6 shows the block diagram of
the transceiver chipset, which consists of the radio frequency integrated cir-
cuit (RFIC) and BBIC [26]. The RFIC employs direct conversion architecture
with 4Tx/4Rx RF signal paths. The RF phase shifter is inserted in each RF
path, which introduces the required phase shift. The amount of phase shift
required is determined by a code book, which is a look-up table that stores
the required phase shifts for individual beam directions. The output power is
adjusted by the automatic power control loop that detects the output power
at the power amplifier (PA) output by the envelope detector that is digitized
by an 8-bit 1 MHz analog to digital converter (ADC) and fed back to the
digital signal processor. This feedback loop is also utilized to compensate for
other performance impairments such as the carrier and the image leakages by
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Block diagram of a transceiver chipset. (From [29], copyright (©) 2017 IEICE.)

FIGURE 11.6

the calibration schemes presented in ref. [27]. The power management unit
(PMU) integrates low dropout regulators that provide regulated 1.25/1.4 V
DC voltages from a 1.8 V power supply to improve external noise tolerance.
The average total power consumption of the chip set is less than 1 W.

The phase shifter utilizes a quadrature hybrid with a digitally controlled
vector combiner. As shown in Figure 11.7a, the transformer-based hybrid [28]
splits the RF input to 0°/90° signals, which is converted to differential signal
and fed to vector combiners. Each vector combiner is composed of a 5-bit
current-controlled RF amplifier, providing 32 x 32 outputs for one quadrant.
As illustrated in Figure 11.7b, by flipping the polarity of differential signals,
it covers four quadrants to achieve a 360° variable range.

Figure 11.8a shows RF signal distribution in the Tx path. Wilkinson
divider is used for power splitter. As illustrated in Figure 11.8b, the quar-
ter length transmission line is replaced with lumped elements to shrink the
chip size. Similar approach is applied for the receiver as well.

Figure 11.9a shows the die photo of the RFIC. The Tx is on the left and
the Rx is on the right side. As explained earlier, they consists of four RF
paths to steer the antenna beam. The chip area is 3.2 x 5.1 mm?, which
was fabricated in standard 40-nm digital CMOS without the ultrathick metal
option. The RFIC and the BBIC are integrated in the miniaturized antenna
module shown in Figure 11.9b, which employs 4-element patch antennas with
circular polarization.

Figure 11.10 shows the measured phase shifter performance. Figure 11.10a
plots all the outputs available from vector summation, which exhibits distorted
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Phase shifter circuit. (a) Schematic and (b) variable output. (From [26],
copyright © 2016 IEICE.)

FIGURE 11.8
(a) RF signal distribution and (b) Wilkinson divider. (From [26], copyright ©

2016 TEICE.)
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FIGURE 11.9
(a) Die photo of RFIC and (b) miniaturized antenna module. (From [29],
copyright © 2017 IEICE.)
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FIGURE 11.10
Measured phase shifter performance. (a) All measured points and (b) unit
circle for phase shift. (From [26], copyright © 2016 IEICE.)

output distribution due to nonideality in the vector summation. However, as
shown in Figure 11.10b, the extracted unit circle achieves excellent 5° phase
resolution over 360° variable range. As shown in Figure 11.11, the simple
codebook-based beamforming provides 7-step beam direction, achieving about
a 120° steering range.

Figure 11.12 shows the measured area coverage of the miniaturized antenna
module. The beamforming capability significantly improves the area cover-
age, achieving 1.5 Gb/s MAC throughput over 2.5 m and 0.9 Gb/s MAC
throughput over 4 m while covering a wide angle of 120° (+45° to —75°). The
maximum measured MAC throughput reaches 1.7 Gb/s.
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FIGURE 11.11
Measured analog beamforming performance and picture of antenna module.
(From [26], copyright © 2016 IEICE.)

N
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FIGURE 11.12
Comparison of area coverage. (a) Without beamforming and (b) with beam-
forming. (From [29], copyright © 2017 IEICE.)

11.4 Hardware and Network Design

This section presents design and experimental evaluation of a 60 GHz wireless
system, targeting for multiuser access in dense environment [29]. Both the
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STA and AP are developed using the CMOS transceiver chip set explained
in the previous section. The AP prototype combines three RF modules with
beamforming technology to provide 360° area coverage. The developed 60-GHz
wireless system utilizes multiple APs with handover capability to expand area
coverage.

11.4.1 System architecture

Figure 11.13 shows an example of the system architectures. Since the com-
munication distance of the 60 GHz AP is limited, it is necessary to install
multiple APs to achieve sufficient area coverage. The legacy 2.4/5 GHz AP is
used to maintain wireless connections while STAs are outside of the 60 GHz
AP coverage. The AP controller (APC) manages handover between multiple
APs. Although it is outside the scope of this chapter, STAs are assumed to
be connected to the long term evolution (LTE) or the 5G new radio (5G NR)
network if they are outside of the 2.4/5 GHz AP coverage in the future 5G
network.

11.4.2 Mobile station

For STAs, a USB dongle prototype has been developed. As shown in
Figure 11.14, the antenna module is mounted on a printed circuit board that
is housed in the 39 x 95 x 15 mm small unit. USB 3.0 high-speed interface

8 Gateway
AP controller @ | Network switch
24/5GHz AP | |
N 1 M, [ 1
] 60 GHz AP [ ' = %) 60GHzAP (5
=

L 5 Se o 5 Su
Q 60'&ga— 2 ’ //frf ‘ Q é%lgrea ;

LY —2.4/5GHzarea Q

To LTE
@Mobile station (STA)

FIGURE 11.13
System architecture example. (From [29], copyright © 2017 IEICE.)
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FIGURE 11.14
USB dongle prototype. (a) Internal unit and (b) exterior. (From [29], copyright
© 2017 IEICE.)

TABLE 11.3

USB Dongle Specifications

Modulation MCS 0 to MCS 9
Carrier frequency 58.32, 60.48, 62.64 GHz
Transmit power 410 dBm EIRP max.
No. of antenna elements 4Tx/4Rx

Antenna polarization Circular polarization
Coverage 120°

Interface USB 3.0

Total power consumption 1 W max.

can be plugged into the USB port of mobile devices such as a laptop PC
and tablet. Table 11.3 summarizes the prototype’s specifications. The dongle
supports up to MCS 9 (2.5 Gb/s at PHY rate) while consuming only 1 W
total power. It achieves about +10 dBm maximum effective isotropic radiated
power (EIRP).

11.4.3 Access point

Figure 11.15 shows a simplified block diagram of the AP prototype. Since
the beam steering range of the RF module is limited to about 120°, the AP
utilizes three RF modules to realize 360° area coverage. The 10 Gb/s Eth-
ernet (10GbE) is adopted as a high-speed external interface to handle multi
Gb/s system throughput. To extend communication distance, the external
low noise amplifiers (LNAs) and the PAs are added in the RF signal path
between antennas and the RFIC. The LNA and the PA employ the same gal-
lium arsenide monolithic microwave integrated circuit (GaAs MMIC) with 4
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FIGURE 11.15
Block diagram of AP prototype. (From [29], copyright © 2017 IEICE.)
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FIGURE 11.16
Operation principle of spatial sharing and time sharing.

dB noise figure and 10 dB nominal gain. The AP can establish up to three
concurrent basic service sets (BSSs) by using either the same frequency chan-
nel or different frequency channels. As illustrated in Figure 11.16, by taking
advantage of antenna directivity, the AP can use the same frequency channel
for up to three concurrent links. Each RF module can handle up to four STAs,
therefore, accommodating a maximum of 12 users by the single AP.

Figure 11.17 shows the photos of the RF module. Similar to the one used
in the STA, it offers a 7-step beam steering capability. Figure 11.18a shows the
measured output power for different beam patterns in the azimuth direction,
and Figure 11.18b shows the one in the elevation angle. Since each RF module
provides relatively wide beamwidth (more than 30° of half-power beam width),
the AP prototype utilizes beam4 as a quasi-omni mode that can detect the
incoming MCS 0 signals with sufficient coverage, i.e. more than 120° per one
RF module. Due to the additional gain provided by the external PAs, the RF
module achieves +20 dBm maximum EIRP. Figure 11.19 shows the photos
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(a)
Antenna

35 mm

FIGURE 11.17
RF module for AP. (a) Top view and (b) bottom view. (From [29], copyright
© 2017 IEICE.)

TABLE 11.4

AP Specifications

Modulation MCS 0 to MCS 9

Carrier frequency 58.32, 60.48, 62.64 GHz
Transmit power 420 dBm EIRP max.

No. of antenna elements 4Tx/4Rx

Antenna polarization Circular polarization
Coverage 360° (= 120° x 3)
Interface IEEE 802.3an (10GBase-T)
CPU TI AM5K2E04 (Cortex-A15/4core/1.4 GHz)
SDRAM DDR3L-1600 4 GB

Total power consumption 42 W max.

of the AP prototype. Three RF modules and the control board are housed in
the 80 x 150 x 150 mm unit. Table 11.4 summarizes the AP’s specifications.

11.4.4 Multiuser Gigabit/s wireless system

To evaluate system performance in a real environment, the prototype sys-
tem was set up in Narita International Airport, as shown in Figure 11.20.
The provided 4K tablets were equipped with the USB dongles, as shown in
Figure 11.21 and used to download high-resolution video contents (2 GB max-
imum) from the content server. The system behavior was monitored through
background system logging. Even though IEEE 802.11ad/WiGig supports
both TDMA and CSMA, in this setup only the CSMA /collision avoidance
(CSMA/CA) was chosen as the access method for simplicity.

Figure 11.22 shows the prototype network system. Three APs are wired
with 10 Gb/s Ethernet cables. The local content server bundles four 10 Gb/s
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FIGURE 11.18
Measured output power (at 58.32 GHz). (a) Azimuth direction and (b) eleva-
tion direction. (From [29], copyright (© 2017 IEICE.)

Ethernet cables to achieve 40 Gb/s maximum throughput. The APC manages
beamforming control and handover between RF modules and multiple APs.
This is done by collecting the Rx signal quality (SNR of the Rx signal) for
each beam direction periodically, and selecting the optimum mmWave link
based on the beam routing table that includes the sector index (i.e. the beam
direction index), MCS and the Rx signal quality. Three APs were installed
at a 2.5 m height, providing 10 X 5 m area coverage. To minimize interfer-
ence among multiple APs and STAs, different frequency channels were allo-
cated for each of the three RF modules within the APs. As STAs, nine 4K
tablets were placed on counter desks at a 1.0 m height. They are equipped
with TEEE 802.11ad/WiGig USB dongle prototypes to establish ultra-high
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FIGURE 11.19
AP prototype. (From [29], copyright © 2017 IEICE.)

speed 60 GHz wireless links with APs. The STA achieves 1.7 Gb/s maximum
throughput, enabling to download a compressed 2 h high-resolution video
content (2 GB) within 10 s. Figure 11.23 shows the measured throughput
of the content server, which shows 3.7 Gb/s maximum throughput. This is
because the content download takes less than 15 s in most cases, which mini-
mized the probability of packet collisions, providing a multiuser Gb/s wireless
access experience. During the nine-day open period, 816 participants joined
the experimental demonstration, and 99.3% of the positive feedbacks (high
expectation for practical realization) were obtained.

11.5 Evolution of mmWave Technologies

This section gives the next-generation 60 GHz standardization activities as
well as future perspectives in mmWave technologies.
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_Content server

FIGURE 11.20
Experimental demonstration at Narita International Airport. (From [29],
copyright © 2017 IEICE.)

4K tablet USB dongle

FIGURE 11.21
4K tablet with USB dongle prototype. (From [29], copyright (©) 2017 IEICE.)

11.5.1 IEEE 802.11lay: next-generation 60 GHz wireless

To develop an enhancement to IEEE 802.11ad/WiGig, Task Group of IEEE
802.11ay was established in May 2015. The project authorization request
(PAR) includes backward compatibility and coexistence with legacy ITEEE
802.11ad, maximum throughput of at least 20 Gb/s, while maintaining or
improving the power efficiency per station [31]. The typical use cases are listed
in Table 11.5, which require advanced technologies for enhanced throughput
such as channel bonding and multiple-input and multiple-output (MIMO).
IEEE 802.11ay releases the draft (D1.0) in 2017, targeting its practical real-
ization around 2020.
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Measured content server throughput in nominal operation. (From [29], copy-
right © 2017 IEICE.)

11.5.2 mmWave technologies toward 5G and beyond

The mmWave wireless is also expected as a key enabler for realizing efficient
and high-capacity network required in future 5G networks. The signal charac-
teristics unique to the mmWave frequency band, such as large path loss and
high directivity, are suitable to establish densely distributed small cell net-
works to achieve multi-Gb/s throughput while minimizing interference among
multiple APs and STAs. The drawback of large path loss as well as signal
blockage due to obstacles can be alleviated by employing a heterogeneous
network architecture, which allocates a lower frequency band as a control
plane for robust connectivity and mobility management.
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TABLE 11.5
IEEE 802.11ay Use Cases [30]

Use case

Ultra short-range communications

8K UHD wireless transfer at smart home

Augmented reality /virtual reality headsets

and other high-end wearables

Data center 11ay interrack connectivity
Video/mass-data distribution/video on demand system
Mobile offloading and multiband operation

Mobile fronthauling

Wireless backhauling

W N =

0 ~J O O

On the other hand, as the number of mmWave devices increases, the back-
haul congestion will become the throughput bottleneck. Therefore, to enable
the full benefit of its high data rate, it is required to combine mmWave tech-
nology with the mobile edge computing/multi access edge computing (MEC),
which brings computation and storage support at the edge of the network to
avoid backhaul congestion [32]. Figure 11.24 shows a configuration example
of future mmWave networks, where the edge cloud locates at the edge of the
network, and it consists of an MEC server and a local storage. The mmWave
small cells are deployed in densely populated area. To lower installation cost,
it may be possible to use the mmWave backhaul whose communication dis-
tance can be extended to more than 150 m using a highly directional antenna
[33]. Based on the users’ context information (e.g. location, traffic and types
of applications), the traffic and users’ requests are forecast, and the users’
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FIGURE 11.24
System architecture example composed of mmWave access and mobile edge
cloud.
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data are moved to the target local storage proactively. Then, the MEC server
executes application computations with minimum latency.

Combining the mmWave technology and MEC, it will be made possi-
ble to realize ultra-high speed and low latency applications required for the
future 5G networks, including mobile augmented reality applications, dynamic
map update for automated driving, to name a few [32, 34]. The technologies
required for the integration of MEC and mmWave in 5G are currently being
investigated by 5G-MiEdge [35, 36], an EU-Japan cofunded research project
started in July 2016.

11.6 Conclusion

This chapter has presented the design and experimental evaluation of 60 GHz
wireless system based on IEEE 802.11ad/WiGig. The developed prototype
system utilizes multiple APs that combine three RF modules with beam-
forming technology to achieve wide area coverage. As a proof of concept, the
prototype system was set up at Narita International Airport and multiuser
Gb/s wireless access was successfully demonstrated. The design and measure-
ment results presented in this chapter will contribute toward developing future
mmWave radio access technologies suitable for 5G networks.
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12.1 Introduction

Wireless power transmission (WPT) is gaining more momentum for powering
electronic devices without any direct electrical contact. Inductive coupling,

345
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(d)

FIGURE 12.1

Some inductive coupling applications. (a) Biomedical applications, (b) charg-
ing mobile electronics, (¢) RFID, and (d) charging electric cars [10-14].

coupled-mode magnetic resonance, capacitive coupling, and ultrasound are
among conventional WPT techniques that have widely been investigated so far
[1-9]. Inductive coupling is known as the most suitable method for short-range
WPT due to its high power transmission efficiency (PTE) and safety. As shown
in Figure 12.1, inductive coupling currently covers a wide range of applications
with different power requirement from nanowatts in some wireless sensors and
radiofrequency identification (RFID) tags to milliwatts in implantable medical
devices (IMDs), watts in mobile electronics, and kilowatts in electric vehicles
[10-14].

Wireless IMDs are good examples of where short-range WPTs using induc-
tive coupling can be very effective to remove transcutaneous wires or bulky
batteries with limited lifetime. IMDs can treat a wide range of ailments and
disabilities from bradycardia [15] and chronic back pain to epilepsy [16] and
deafness [17], and have the potential to alleviate more challenging types of dis-
abilities such as blindness [18], paralysis [19], and loss of limbs [20]. Another
category of IMDs that can highly benefit from inductive WPT is sensory pros-
thetic devices, which interface with the central nervous system to restore a
sensory function, such as hearing or vision. These devices can stimulate neu-
ral tissue by means of tens to hundreds of stimulating channels [21]. Another
well-known example for inductive WPT is an RFID that employs a pair of
coils for interrogating (powering and communicating) RFID tags [10].

A key requirement in all of the aforementioned applications is to wirelessly
deliver sufficient power to the receiver with high PTE in the worst-case con-
ditions of powering distance, alignment, orientation, and loading variations.
A typical inductive WPT system includes a power driver, an inductive link,
and power management. Therefore, high performance (sufficient power deliv-
ery with optimal PTE) can be achieved if the power management can tolerate
a wide range of input AC voltages (proportional to coils’ distance, alignment,
and orientation variations) as well as loading conditions. High PTE can lead
to reduced tissue exposure to the RF magnetic field in IMDs, minimal heat
dissipation within the coils, smaller size of the external energy source, and
lower potential interference with nearby electronics [21-24].
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12.2 Inductive Power Transmission Concept
and Theory

Inductive coupling principle is based on Faraday’s induction law, which states
that when the total magnetic flux through a conductive loop varies with time,
a current is induced in the loop itself [25]. Therefore, a primary loop gener-
ates the varying magnetic field, which concatenates with the secondary loop,
resulting in an induced current in secondary loop as shown in Figure 12.2.

For the design of an inductive WPT link, a number of parameters directly
associated with the magnetic coupling described earlier must be considered,
such as self and mutual inductances. In the following, basic models to approx-
imate self and mutual inductances for common coil configurations and their
role in the design of the WPT link will be discussed. More details about theory
of inductive coupling can be found in a number of other sources [26-29].

12.2.1 Inductive coupling

Self-inductance is the ratio of the magnetic flux generated in an area enclosed
by a conductor loop to the current passing through the loop. Under the con-
dition of /R < 1, where r and R are the radii of the wire and the circular
loop, self-inductance can be approximated by

b = e (1 () -3), 2y

where pg is the permeability of the free space [25].
For the case of circular coils with N turns, if the coil length, d, is much
smaller than R, the self-inductance is approximately equal to N2L, where L

Primary loop

il(t)( Secondary loop
" i(®) [
Magnetic field
P ~]
~ .

FIGURE 12.2

The principle of inductive coupling between two wire loops. The time-variant
voltage across the primary coil, V;(t), generates a time-variant magnetic field,
leading to induced current of i5(¢) in the secondary loop.
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is the self-inductance of a single-turn loop derived in Eq. (12.1). Whereas,
for the case of planar spiral coils having N turns with different radii R;(i =
1, 2,...N), the total self-inductance should be calculated from

i=N j=N

L= }:LRM~+§:§:M@R“&¢17m( — i), (12.2)

=1 j=1

where o; ; = 1if ¢ = j, and «; ; = 0 otherwise [25].

M;; is the mutual inductance between two conductor loops, which depends
on the proportion of the magnetic flux generated by one loop that passes
through the other loop. Therefore, it highly depends on coils’ geometries, rel-
ative orientation, and magnetic properties of the medium. In a simplified case
for two perfectly aligned parallel coaxial circular coils, separated by relative
distance djs in the air with the radius and number of turns of the first coil to
be Ry, and Ny, and those of the second coil to be, Ry and Ny, then,

WﬂoNlR%NQR%

M12(R17R27d12) = 3
(R} + do?)

(12.3)

To more accurately calculate self and mutual inductances of coils with vari-
ous geometries, one should either use tabulated parameterized equations [30,
31] or coil analysis software such as FastHenry or High Frequency Structure
Simulator (HFSS).

In addition to distance and geometry, coils’ alignment has a significant
effect on their mutual inductance [32, 33]. For example, if one of the coils is
tilted by an angle #, their mutual inductance reduces by a factor of cos(9)

M12(d12,0) = Mlg(dlg,O) COS(G). (124)

We can normalize the mutual inductance between two coils to get a qualitative
sense of how strongly they are coupled and compare the coupling between
different pairs of coils. The coupling coefficient, k12, between two coils with
self-inductance, L1 and Lo, is defined as

M12
\/Ll X L2

Assuming Ry < Ry, the coupling coefficient in this case can be approximated
by [10]

kis = 0<kp<l1 (12.5)
RIR3

5.
Mmm((ﬁ+¢ﬁ)

As a result of Eq. (12.4), k12 also depends on coils orientation and alignment,

klg(dlg,a) = klg(dlg) COS(Q). (127)

ki2(di2) = (12.6)

According to Eq. (12.7), parallel and perfectly aligned coaxial coils would
provide maximum kqs.
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12.2.2 Power transmission efficiency of resonant
inductive links

Figure 12.3 shows a simplified schematic diagram of a resonant inductive
power transmission link. Within the transmitter side (Tx), a power source,
modeled by an AC voltage source of Vs and a resistance of R, provides a
time-variant current of 41(¢) in the primary coil (L) that generates time-
varying magnetic field in the secondary coil (L) due to the mutual coupling
of Mis between L; and Lo. Within the secondary side (Rx), induced is(t)
in Ls is delivered to the load (Rp). In Figure 12.3, Ry and Ry represent the
loss in Ly and Lo, respectively. It is well known that to achieve high PTE
both L, and Ly should operate at resonance by adding C; and Cs resonance
capacitors in Tx and Rx, respectively [10]. A detailed discussion of series vs.
parallel connection of resonance capacitors has been provided [27].

For a sinusoidal input of Vi at the power carrier frequency of w, = 27 f,,
the load voltage across the LyCs-tank in parallel with Ry, i.e., Vi, can be
found from

VL(jw) = jwMis - 11 + jwLs - io + 12 Rs. (128)

Substituting o with —V,/(RL||C2) gives Vi, as a function of i¢; and other
circuit parameters as

JwMyg - iy

Vi (jw) = . — . (12.9)
1+ (jwLe + Ro) (?L + chz)
The power delivered to the load (PDL) can be found from
v.?
PDL = —. 12.10

Therefore, to increase PDL for a constant Ry, | Vi | in Eq. (12.9) should be
maximized. To significantly increase | V, |, Cy and Lo should resonate at the
power carrier frequency (fp) [28],

R ¢ i

Primary side (Tx) Secondary side (Rx)
FIGURE 12.3

Schematic diagram of an inductive power transmission link with series and
parallel resonance within the Tx and Rx sides, respectively.
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1

fres - 27Tm - fp'
Inductive link PTE, which is key in efficient and safe WPT, is defined as the
ratio of the PDL to the delivered power to the primary loop in Figure 12.3
and can be found from the reflected load theory [28]. In inductive links, the
Rx effect on Tx can be modeled with a reflected impedance. To calculate the
reflected impedance, Rx side at resonance can be modeled with only a parallel
resistance equals to Rp = Rps| Ry, where Rpy = Q%Rg is the equivalent
parallel resistance of the LoCs-tank. The quality factors of L; and Loy coils
are defined as Q1 = wyL, /R, and Q2 = wy,L,/R,, respectively [28]. Due to
the Ly — Ly mutual coupling, the Rx side impedance can be reflected to the

Tx side with a reflected resistance, R,.s, and capacitance, Cycy, as shown in
Figure 12.4a.

(12.11)

Ryey = k%2(L1/L2)RP = k%zprleLa
Cref = (La/L1)(Ca/kis) = 1/(wj L1kiy). (12.12)

Q21, = Rp/wLs is referred to as the loaded quality factor of Ly [28]. In Figure
12.4a, it can be seen that Ci.s resonates out with k%QLl at wp, leaving behind
only a resistance, Ry, in the Tx side, as shown in Figure 12.4b. Since L1 — Lo
are loosely coupled in most WPT applications that involve a large powering
distance (k12 is very small), (1 — k2,)L; can safely be approximated to L;.

In the simplified equivalent circuit in Figure 12.4b, L; and C; also res-
onate out at wy. Therefore, the input power provided by the source is divided
between R, and R,.y. The consumed power by R is wasted as heat in the Tx
coil and the power delivered to R,y represents the portion of the input power
delivered to the Rx side. Within Rx, this delivered power is divided between
Ry as heat and Ry as the load power. Therefore, the PTE of the inductive
link in Figure 12.3 can be found from

— Ryres Rpy _ k2@Q1Q2r  Qar
Ry + Ryey Rpo + Ry, 1+k%2Q1Q2L-QL ’

(b) °_'|
G

(12.13)

12

\AAJ

Ry

(-

FIGURE 12.4
(a) Equivalent circuit diagram of the inductive link in Figure 12.3 with the
effect of Rx shown on the Tx side. (b) Ci.s resonates out with kf,L; at
the power carrier frequency, leaving behind R,.; as the only effect of Rx
on the Tx side.
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where Q2p = Q2Qr/(Q2+Qr) and Qr = Rp/wyL, are often referred to as
the load quality factor [28]. According to Eq. (12.13), to achieve high PTE,
k12, Q1, and @2 need to be maximized. However, for a given set of @1, Q2
and k12 values, there is an optimal load, Ry prr = wpL,QL prg, which can
maximize the PTE at that particular arrangement. Ry, prg can be found by
taking the derivative of PTE in Eq. (12.13) with respect to @, leading to

Rp prE = wpLeQr prE = i 73 (12.14)

(14 k$,Q1Q2)

12.3 Integrated Power Managements for Inductive
Power Delivery

Figure 12.5 shows the generic block diagram of a conventional inductive WPT
system. In the Tx side, an efficient power amplifier (PA) drives the Tx L1C}-
tank at the resonance frequency of w = 2rf = 1/(L1C1)Y? = 1/(LyCy)"/2.
Inside Rx, the AC voltage across the Rx LoCs-tank, Vi, is first converted
to DC using an AC-DC converter, which often is a voltage rectifier. Then, a
voltage regulator provides a constant voltage of V, across Ry, using a filtering
capacitor (CL).

There are four key parameters in inductive WPT system design: (1) deliv-
ered power to Ry, (ProrPDL), (2) overall PTE (7,,) defined as Pr,/Ps, where
Pg is the PA input power, (3) power conversion efficiency (PCE) of the power
management defined as P /Pg, where Pg is the power management input
power, and (4) voltage conversion efficiency (VCE) within the Rx side defined
as Vi /VR peak, Where Vg peqr is the amplitude of Vg in steady state. Taking
into account the PA, inductive link, and power management losses, 7., can
be written as

Inductive link

ki

=
=t
{32/
=
=}
=1
=
172

Rectifier
_Cliec
b Vie
Regulator

FIGURE 12.5
Generic block diagram of a conventional inductive WPT system.
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Nov = NPA X NIL X NPM, (12.15)

where npa, 171, and npys are the power efficiencies of the PA, inductive link,
and power management, respectively.

In the design of inductive WPT systems, achieving high PTE and sufficient
PDL should always be considered. But, maximizing PCE or VCE depends on
VR peak- When Vg ,eqr is larger than the required Vz,, which is the case when
the powering distance is relatively small and coils are well aligned, high PCE
is more desirable to maximize 7,,, and VCE < 1 V/V is quite acceptable.
However, for Vg pear, < Vi with large d and/or misaligned coils, VCE >
1 V/V is paramount to achieve the required V. Therefore, for most WPT
applications that involve powering distance and coils’ orientation variations
and misalignments, the power management should be smart enough to sense
VR pear and decide to whether maximize VCE or not.

12.3.1 Voltage-mode integrated power managements
12.3.1.1 Passive and active voltage rectifier and regulator

To achieve high power efficiency and small size, integrated power manage-
ments (IPMs) have become very popular over the past decade, particularly
for small power levels, which is the focus of this chapter. Conventional IPMs,
such as voltage rectifiers, utilize Rx LC-tank as a voltage source and rectify the
AC input to extract the received power [33-43|. Therefore, such TPMs oper-
ate in voltage mode (VM). Passive voltage rectifiers with diode-connected
transistors are among the first class of such IPMs [33, 34]. However, they
suffer from poor PCE and VCE due to the large voltage drop across diode-
connected transistors (large threshold voltage). Several threshold-voltage can-
celation techniques have been proposed to reduce the forward-voltage drop of
passive rectifiers [36, 37].

Active rectifiers with synchronous active switches can further reduce the
forward-voltage drop and improve PCE. Figure 12.6 shows the block diagram
of a full-wave active rectifier, in which two transistor switches (M; and My) are
driven with high-speed comparators (4; and As), forming an active switch.
When Vi > 0, My is on and Ay compares Vi with V. If Vg > Vi, A5 outputs
low to turn M5 on and charge Cy,. Similarly, when Vi < 0, M3 is on and A;
controls M; to charge Cp, when | Vg |> Vi. Since M; and M are used in
the triode region with small drain-source voltage, active rectifiers can achieve
much higher PCE compared with their passive counterparts.

Switching timing is key in active rectifiers to achieve maximum PCE, which
makes it challenging to operate efficiently at high frequencies (>20 MHz).
If switches are turned on too late, the desired forward current is reduced,
resulting in poor PCE. If switches are turned off too late, a reverse current
flows from Cp to the Rx LC-tank, resulting in poor PCE again. To achieve
optimal switching timing, various comparator structures have been proposed.
In [38], high-speed comparators with intentional offsets have been employed
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FIGURE 12.6
Schematic diagram of a full-wave active rectifier [38].

to compensate for the comparator delay during falling and rising transitions.
Similarly, in Ref. [42] a sampling-based calibration technique with automatic
circuit-delay compensation has been proposed to achieve optimal switching
timing. An active rectifier with cross-coupled latched comparators has also
been proposed in Ref. [41] to reduce the reverse current. Although active
rectifiers can achieve high PCE, they still suffer from poor VCE of < 1.

As shown in Figure 12.5, conventional IPMs employ a two-step AC-DC
conversion by adding a regulator after the rectifier. However, these structures
further suffer from power loss in the regulator (low PCE). To mitigate this
problem, combined rectification—regulation techniques, the concept of which is
shown in Figure 12.7, have recently been proposed [44-47]. Unlike conventional
active rectifiers with optimal on-time windows, these structures adjust the
on-time duration of the rectifier to control the amount of forward current to
simultaneously rectify Vi and self-regulate V;, with high PCE. However, these
structures still suffer from low VCE < 1 as well as possible large voltage peaks
across Vg, which can damage the IPM.

(a) Conv. active (b)  Active regulator
rectifier rectifier

V,

TEC aee oo oooeooie =

Rec on-time

FIGURE 12.7
Simplified waveforms for (a) conventional two-step voltage rectification and
regulation and (b) combined rectifier-regulator.
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12.3.1.2 Passive and active voltage doubler

To enhance VCE, voltage doublers (see Figure 12.8), and in general volt-
age multipliers, have been proposed [48-53]. These structures utilize multi-
ple capacitors and diodes (or diode-connected transistors) to boost the input
voltage. Similar to passive rectifiers, passive voltage doublers suffer from large
voltage drop across diodes. To mitigate this problem, active switches can be
substituted for diode-connected transistors as shown in Figure 12.8. In the
active voltage doubler, when Vo < 0, As outputs high to turn M5 on in the
triode region with a low dropout voltage of Vpg ary, and Cp is charged to
VR,peak — VDS, M- Then, when Viy > Vi, Ay and Ay output low to turn My
off and M; on in the triode region with a low dropout voltage of Vps a1,
charging the load. Therefore, after several power carrier cycles, Vi, reaches up
to 2VR peak — Vps,m2 — Vps,mi- Ideally VCE can be close to two. However,
commonly reported VCEs in the literature are < 1.7 due to the considerable
drain-source dropout voltages, particularly at high power levels [48-50]. Simi-
lar to active rectifiers, switching timing is also key in active voltage doublers.

12.3.1.3 Reconfigurable active voltage doubler/rectifier

To take advantage of both high PCE in active rectifiers and high VCE in
active doublers, a reconfigurable voltage doubler/rectifier has recently been
proposed for applications that involve large Vg peqr variations [54-56]. As
shown in Figure 12.9, this IPM structure includes three main blocks: active
voltage rectifier, active voltage doubler, and mode selection (MS). If Vg peak
is larger than the required V7, considering the active switch voltage drop, the
mode-selection block enables the active rectifier. Otherwise, it employs the
voltage doubler to still charge C, with smaller Vg peqr. As shown in [55], to
save some chip area, voltage rectifier and doubler can share several transistors
as active switches.

Skin/air

FIGURE 12.8
Schematic diagram of an active voltage doubler to achieve high VCE [48].
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FIGURE 12.9

Schematic diagram of a reconfigurable active voltage doubler /rectifier [55].

12.3.2 Current-mode integrated power management

Unlike the VM structure, which employs the parallel-resonance Rx LC-tank as
a voltage source, a current mode (CM) structure utilizes the series-resonance
Rx LC-tank as a current source [57-64]. Conventionally, CM structures have
been used for small Ry, to achieve a high quality factor within Rx and conse-
quently increase PTE. However, several CM IPM structures have recently been
proposed that can significantly improve VCE and also provide load matching
within Rx.

Figure 12.10 shows the conventional CM structure using a full-wave active
rectifier [57]. When Vi and i are positive for a half cycle, My and Mj act
as active switches with minimal resistance to charge C, to a positive V. For
the negative cycle with i < 0, active switches, M; and M, are turned on
to again charge C, to a positive V. It should be noted that R; should be
small enough (suitable for high power applications) to minimize its loading
on the series-connected LoCho-tank. Although this structure can achieve high
PCE for small Ry, the VCE is still less than one (Figure 12.10).

Skin/air

FIGURE 12.10
Schematic diagram of a current-mode full-wave active rectifier with series Rx
LC-tank [57].
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Recently, several switching IPM structures, operating in CM, have been
proposed to improve PCE and VCE, as well as to achieve dynamic on-chip load
matching [59-64]. As it can be seen in Eqs. (12.13) and (12.14), the inductive
link PTE highly depends on Ry, which is often given by the application and
can change during the operation (e.g., charging a battery). To achieve the
optimal Ry, prg in Eq. (12.14), multicoil (three- and four-coil) inductive links
and off-chip matching circuits have been used in the past to transform any
given Ry, to Ry pre [28, 58]. But these solutions add to the size and cost of
the system, and they still suffer from load mismatch with dynamic Ry, changes
during the operation.

A technique, called Q-modulation (Figure 12.11a), has recently been pro-
posed to dynamically transform Ry, to Ry prp during the operation [59, 60].
As shown in Figure 12.11b, in Q-modulation the current of the Rx coil (iy5)
is sensed, and a switch (STW) shorts the series-connected Rx LC-tank at the
zero-crossing times of iy, for the duration of T,, in every half power car-
rier cycle (T, = 1/f,). By closing SW during ®;, which shorts Ry, a high-Q
L>C5-tank is formed to store the maximum energy that is being delivered by
the Tx side. During ®5, SW is opened and the LoCs-tank is connected to
Ry, to deliver its stored energy. Thus, the equivalent Q27 and the amount of
transferred power to the load can be modulated by controlling the duty cycle
of SW (i.e., D = 2T, /T},).

The equivalent quality factor (Q2r,eq) in Q-modulation can be found by
calculating the ratio of the stored energy inside the LoC5-tank to the average
power dissipation within the Rx side in the steady state

Q _ prg
2 T Ry ¥ Rew|D — sin(2rD)/2n] + Rp[1 — D + sin(2nD)/2n]’
(12.16)
where Rgw is the switch resistance [60]. According to Eq. (12.16), when D
increases from 0% to 100%, Q21 can be adjusted from w,L,/(R2+Ry) to

Ly swoob SW ] e

Ve N Rp gV

\A4

Skin/air

FIGURE 12.11
(a) A Q-modulation technique for dynamic transformation of Ry, during oper-
ation. (b) Key switching waveforms to control Qar 4 by the adjustment of
D =21,,/T, [60].
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wpLy/(R2+Rsw). Therefore, D can be controlled dynamically during the
operation to achieve optimal load quality factor (Qr prg) in the presence
of dynamic Ry variations.

Although the Q-modulation technique can increase Vg, V7, is still smaller
than Vg particularly for large Rj, resulting in a small VCE < 1. The Q-
modulation technique is suitable for applications that involve high power con-
sumption, i.e., small R; in the range of hundreds of ohms and below. In
such conditions, Q-modulation helps to match small Ry to the larger equiva-
lent resistance of the Rx LC-tank [60]. However, in applications that involve
small power consumption, such as RFID and some IMDs, Ry, is in the order
of several kiloohms and above, in which the Q-modulation technique is not
applicable [60].

To achieve VCE > 1 and also perform load matching for large Ry, recently
a multicycle switching CM-resonant power delivery (CRPD) technique has
been presented [63, 64]. In CRPD, only a single switch (SW) is added to the
Rx side. Figure 12.12a and b shows the simplified circuit schematic and key
operational waveforms of the CRPD technique, respectively. CRPD operation
can be divided into three regions. In region (I), which is shown as ty <t < ¢;
in Figure 12.12b, SW is closed for several power carrier cycles (T, = 1/f;).
Therefore, the high-@Q LoCs>-tank stores the energy provided by the inductive
link. In region (II), which is shown as t1< t < t5 in Figure 12.12b, at the peak
of ir9, i.€., 112,maz, Where the voltage across Cy is zero and all the energy is
stored in Lo, SW is opened to deliver all Ly energy to the load for less than
0.25T},. At t = ta, i1 reaches zero and the switching state remains open in
region (III), which is shown as to< t < t3, for t3 — ¢ = 0.257,. At t = t3 the
next power cycle starts, SW is closed again, and iy, starts building up.

The switching timing is key in CRPD to achieve the optimal performance,
because the LyCy-tank should have enough time of several T},s to store high
amount of energy, and the energy transfer to the load needs to be started
at ir9 mae Dy opening SW for T,;y = 0.25T,. While the onset of switching
SW is fixed in CRPD, its switching frequency, i.e., fsw = 1/Tsw, is a degree
of freedom that has been provided by CRPD, compared with conventional
inductive links.

At t = ty, since Vg is zero and the only path for discharging L, is the
rectifier, Vi suddenly increases to > Vp + Vp,, where Vp represents the for-
ward voltage of the rectifier. Therefore, the steady-state peak voltage of Vi
in region (I), i.e., VR peak, does not need to be higher than V7, because LoCa-
tank is being effectively used as a current source, leading to high VCE. Since
the LyCh-tank is in series with Cp||Rr in regions (II) and (III) and Cp, is
much larger than Cy, Lo is always at resonance in the CRPD technique.

Figure 12.13 shows V, and PTE of a CRPD-based inductive link vs. fs
for the Ry of 100 k2 and | V's | of 0.39 V at the powering distance of 7 cm
[64]. It can be seen that at the optimal f,, of 50 kHz, maximum V;, and PTE
of 3.1 V and 5.3% have been achieved, respectively. For f,,, much greater
than 50 kHz, the LoCs-tank cannot store maximum energy and, therefore,
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iro and Vg in Figure 12.12b are small, resulting in low Vi, values. For fq,
much smaller than 50 kHz, LyCs-tank is shorted for a long period, and more
energy is wasted into the LoCy-tank (Re + Rsy), resulting in low Vi, again.
It is worth noting that, for the same conditions, the conventional inductive

@ G K1z iry G + Vb -
v N 1l N
= " Vi +
L, 33| €1,
1 Y e,
g Vi SW C == R, E- v,
R; 17} R, _ I ~

(b)

SwW —] e

t=t L,

FIGURE 12.12

(a) Simplified circuit schematic of CM-resonant power deliver (CRPD) tech-
nique to achieve VCE > 1 and load matching for large Ry with only
adding a single switch (SW). (b) Key operational waveform of the CRPD

technique [64].
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FIGURE 12.13
Measured Vi, and PTE of the CRPD-based inductive link vs. fq, for Ry, =
100 k€ [64].

link has achieved Vi, and PTE of 0.95 V and 0.45%, respectively. Therefore,
the CRPD-based inductive link has increased V;, and PTE by ~ 3.3 and 11.8
times compared with the conventional inductive link, respectively.

Figure 12.14 shows PTE vs. Ry for both CRPD-based and conventional
inductive links as well as the optimal fs,, to maximize V, at each Ry, respec-
tively [64]. It can be seen that for small Ry, fs, should be increased to provide
required high output power. For large Ry, optimal fs,, is decreased, because
output load does not need high power, and therefore, Lo has more time to store
more energy and then deliver it to the output. The CRPD-based link achieved
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FIGURE 12.14
Measured PTE and optimal fs, of the CRPD-based inductive link vs. Ry,
compared with a conventional half-wave rectifier [64].



360 IoT and Low-Power Wireless

higher V;, and consequently PTE for Ry, > 10 kQ2 with the optimal f,s of 50—
100 kHz. However, the conventional link was superior for Ry, < 5 k{2, at which
the equivalent resistance of parallel-connected LoCo-tank was matched to Ry,.
Nonetheless, the CRPD-based link achieves higher V; and PTE for a wide
range of Ry partly due to impedance matching. As shown in Figure 12.14,
the CRPD technique is mostly suitable for applications that either involve
low-power consumption in the Rx side (large Ry), such as RFID and some
IMDs, or require a duty-cycled high-power and high-voltage Rx, in which a
large capacitor (Cf) is often charged through the inductive link and then
discharged on a small Ry,.

12.3.3 Self-regulated reconfigurable voltage/current-mode
integrated power management

As discussed earlier, maximizing PCE or VCE of an inductive WPT system
highly depends on the Vi amplitude. Therefore, neither VM-only IPMs with
high PCE nor CM-only IPMs with high VCE are optimal in WPT appli-
cations with powering distance, alignment, orientation, and loading varia-
tions. To address this issue, a reconfigurable voltage/current-mode integrated
power management (VCIPM) has recently been proposed with the capabil-
ity of adaptively switching between VM and CM structures based on the Vz
amplitude [65, 66].

Figure 12.15 shows the block diagram and die micrograph of a proto-
type VCIPM chip, which has been designed at the f, of 1 MHz to regulate
Vi at Vpp = 3.2 V. The VCIPM chip operates in either VM or CM based
on the Vi amplitude using M, and M; — Ms transistors, respectively, and
performs rectification, regulation, and overvoltage protection (OVP) all in
one step with a single off-chip capacitor (Cp). In VCIPM chip, Vi amplitude
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FIGURE 12.15
Block diagram of the self-regulated reconfigurable voltage/current-mode inte-

grated power management (VCIPM) chip that can operate in either VM or
CM based on the Vi amplitude [66].
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is first detected by a passive envelope detector. Then, an MS block deter-
mines whether VCIPM chip should operate in VM (if Vg > 3.2 V) or CM
(if Vr < 3.2 V) by enabling voltage-mode controller (VMC) or current-mode
controller (CMC) blocks, respectively. If VMC is enabled, M; is turned on by
setting SW, = 3.2 V, and M5 is controlled by SWs to form a half-wave active
rectifier. In VM, diode-connected M3 is always off, because its source-gate volt-
age is negative. If CMC is enabled, M5 is turned off by setting SWy = 3.2V,
and M; is controlled by SW;. Self-regulation will also be achieved in VMC
and CMC by adjusting SW, and SW pulses, respectively. A bandgap refer-
ence (BGR) provides a constant 1.2 V, from which a reference bias current of
60 nA is generated by a current generator.

12.3.3.1 Voltage/current-mode self-regulation

As shown in Figure 12.7, conventional IPMs in VM control on-time duration
(T,y) of active switches to regulate Vi, at the desired level. This technique
suffers from serious problems, particularly in cases where Ry, or Vg are very
large, because they require ultrasmall T,,, (in range of several ns), the gen-
eration of which consumes extra power. Moreover, large Vg values in these
techniques can damage the IPM.

The VCIPM chip performs self-regulation in both VM and CM. In VM,
intentional reverse current from Cp, to the Rx LC-tank (see Figure 12.15) is
utilized for simultaneous voltage regulation and OVP. Figure 12.16 shows key
waveforms of the VCIPM chip for voltage regulation in VM (and CM). For
ty <t < ty, SWy is high (Ms: off), and Ls and Cs resonate since SW; is
always high (Mj: on) in VM. For ] <t < t§, SW2 becomes low (Ma: on) to
provide a low-resistance path for iy to charge the load. For self-regulation
and OVP, M5 remains on intentionally for longer periods of time (Ty) to allow
reverse current to flow from C'7, to the Rx LC-tank. In other words, Cf, detunes
the Rx LC-tank and sends back excessive charge to the tank for regulation
and OVP. Indeed, T, is a new degree of freedom provided by this technique
to adjust Vi at the desired level.

During CM operation, as shown in Figure 12.16, SW is always high (Ms:
off) and ST is also high (Mj: on) for several cycles for Ly and Cs to resonate.
Then, at the time zero crossings of Vi (maximum iy,5), SW; becomes low to
turn M off. This results in a sudden jump in Vi to V, + Vggs (where Viggs
is gate-source voltage of Ms) to turn Ms on and provide a path for iz, to
charge Cp,. The switching frequency (1/T, in Figure 12.16) is the degree of
freedom in CM to adjust V7, at the desired level. Moreover, Ty, can be used
for impedance matching as discussed in detail in [64].

12.3.3.2 VCIPM chip circuits

Figure 12.17a and b shows the circuit diagrams and key operational waveforms
of VMC and CMC, respectively. In VMC, a regulation amplifier (Reg-Amp
in Figure 12.17a), controlling the bias current (Ip;q5) of the active rectifier
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FIGURE 12.16
Key waveforms for self-regulation and OVP in VCIPM chip during VM and
CM operation [66].

comparator (VM_Comp), amplifies the difference between Vj, and required
Vpp = 3.2 V by comparing 0.37 x Vi with Vggr = 1.2 V. If V;, < 3.2
V, this amplifier outputs low and Ij;,s is maximized. Therefore, VM_Comp
operates at its maximum speed with intentional offsets so that it can maximize
the forward current and minimize the reverse current to achieve the highest
PCE as well as to quickly charge C}, and increase V. When V}, surpasses
3.2V, Reg_Amp reduces Ip;qs, slowing down VM_Comp in turn-off, that allows
reverse current from Cp, to the LoCh-tank by increasing the width of ST,
pulses (T, in Figure 12.16), as clearly seen in Figure 12.17a inset waveforms.
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FIGURE 12.17
Schematic circuit diagrams and key waveforms of (a) VMC and (b) CMC
blocks in VCIPM to generate proper SWs and SW signals, respectively [66].

In CMC as shown in Figure 12.17b, a time-base generator (TBG), when-
ever it is reset, outputs high after 4 us to enable a regulation comparator
(Reg_Comp) that compares 0.37 x V, with Vpgr =1.2 V. If V, < 3.2 V, the
CM comparator (CM_Comp) with an intentional offset of 170 mV is enabled
by Reg_Comp to detect the time zero-crossings of Vg, where ir, reaches its
maximum, with the help of a synchronization block and consequently gener-
ates a sharp SW; pulse to charge Cp, through Ms. The synchronization block
includes two cascaded D-flip-flops that count two pulses to generate a tran-
sition, which is then converted to a short pulse (active low) with the width
of T),/4 by a pulse-generator block. The pulse-generator output controls M
with a driver (SW; pulses) and also resets D-flip-flops and TBG for the same
process to be repeated. The inset in Figure 12.17b shows how a synchroniza-
tion block can eliminate false CM_Comp pulses, which are not at the time
zero crossings of Vi. The intentional offset in CM_Comp compensates for the
circuit delays in CMC path, ensuring M; switching occurs at iy, peaks. If
Vi > 3.2V, CM_Comp is disabled and, therefore, SW; remains high and Cf,
is not charged. It can be seen that fs, is automatically adjusted to regulate
V1 at 3.2 V. Since the synchronization block requires ~2 clock cycles (~ 2us)
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for synchronization and then resting TBG, the TBG delay is set to 4 us to
achieve the maximum f,, of 166.6 kHz.

12.3.3.3 VCIPM chip measurement results

Figure 12.18a and b shows the measured V}, and Vi waveforms in VM at Ry, =
100 kQ when the Tx voltage (V in Figure 12.15) has been increased from 11
to 15 V peak-to-peak, demonstrating that despite the V; increase, the VCIPM
chip has adaptively adjusted the width of S5 pulses and consequently the
amount of reverse currents to regulate Vi, at 3.2 V. For lower V; = 11 V,,_,,
since Ry of 100 k€ is very large, demanding ultralow power in each cycle,
and the incoming power is moderate, the chip has generated large reverse
currents every ~ 125 us whenever V, has exceeded 3.2 V, which has resulted
in a sudden voltage drop in Vi for several cycles to slightly reduce Vi below
3.2 V. Since the Rx LC-tank has received more power at Vi = 15 V,,_,, the
VCIPM chip has employed the reverse current more frequently, seen as sudden
decreases in Vg, to regulate V. Since Vg peqr is higher than 3.3 V, the chip
has automatically operated in VM. It should also be noted that, thanks to the
reverse-current regulation, Vi amplitude has been maintained fairly constant
despite the V; increase.

Figure 12.19a and b shows the measured Vj, Vg, and V; waveforms in
CM at Ry = 100 k€2 when V, has been increased from 4 V,,_, to 9 V,_,,
demonstrating that for Vy =4 V,,_,, (1) since Vg peqr is 1.2 V in the steady
state without switching (< Vpp = 3.2 V), the VCIPM chip has automatically
operated in CM, and (2) Vg has jumped from 1.2 to ~ 5 V by turning M,
off with proper SW; pulses to charge Cp, to 3.2 V. Despite the V; increase
to 9 Vj,—p, in which Vg peqr has increased to 2.9 V (still below 3.3 V), the
VCIPM chip has remained in the CM configuration and adaptively adjusted
fsw to regulate Vi at 3.2 V. At the lower V, of 4 V,_,,, resulting in less power

FIGURE 12.18

(a) Measured V7, and Vi waveforms in VM when the Tx voltage (V; in Figure
12.15) has been increased from 11 to 15 V,_, at Ry = 100 k. (b) Zoomed
waveforms for V;, and Vi, demonstrating how reverse current has regulated
Vi, at 3.2 V despite V; variations [66].
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FIGURE 12.19

(a) Measured Vi, and Vi waveforms in CM when V; is increased from 4 V,,_, to
9 Vp—p at Rp = 100kQ2. (b) Zoomed waveforms for Vi, and Vi demonstrating
how changes in fs, has regulated Vi, at 3.2 V despite V; variations [66].

delivered to Rx, the chip has generated SW; pulses at the highest f, of
166.6 kHz to more frequently charge C. In contrast, at higher Vi of 9 V,,_,
with increased received power, fq, is automatically decreased to charge Cp,
less frequently and regulate Vi, at 3.2 V. It should be noted that the VCIPM
chip has achieved a high VCE of 2.7 V/V at V, = 4 V,_,,. Nonetheless, the
maximum measured VCE in VCIPM chip is 4.1 V/V at fs, = 166.6 kHz,
Ry, =100 kw, Vr, = 3.2 V, and steady-state Vg peqr of 0.78 V.

Voltage mode (VM)

V, was increased

FIGURE 12.20

Measured Vi, Vg, and V; waveforms when V; is manually increased from 4
Vp—p to 10 V,,_,, resulting in the automatic reconfiguration of the VCIPM chip
from CM to VM based on the Vi amplitude (1.2 V vs. 3.35 V) to regulate V,
at 3.2 V [66].



366 IoT and Low-Power Wireless

Figure 12.20 shows an automatic reconfiguration of the VCIPM chip from
CM to VM when V; is suddenly increased from 4 V,_, to 10 V,_, in mea-
surements with Ry = 100 k. At lower V; = 4V,_,, the steady-state Vg peak
is 1.2 V, and therefore, the chip has operated in CM to regulate V;, at 3.2 V
by large Vg pear 0f ~ 5 V, i.e., operating with high VCE of 2.7 V/V. As Vj
is increased to 10 Vp_p, VR pear has gradually been increased to 3.35 V after
~ 15us (higher than required Vpp of 3.2 V), in which the VCIPM chip has
automatically changed its configuration to VM. Figure 12.20 clearly shows
that V;, remained constant at 3.2 V for a drastic change in Vi amplitude.

Figure 12.21a—c compares measured Vy, between a conventional VM struc-
ture and the VCIPM chip vs. the powering distance (d), Rx coil’s orientation
(¢), and misalignment at Ry, = 100 k2 and fixed input power of 145 mW,
respectively. Figure 12.21a shows that for generating a constant Vi, of 3.2 V
at the same V;, the VCIPM chip can extend d from 6 to 13.5 cm for 125%,
because at d > 6 cm the VCIPM chip has employed the CM configuration with
high VCE to provide Vi, = 3.2 V. As shown in Figure 12.21b, the VCIPM chip
can extend ¢ for 150% from 30° to 75° thanks to the CM operation. Finally,
the VCIPM chip has improved robustness against Rx coil misalignment at
d = 6 cm for 500% from 1 to 6 cm.
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FIGURE 12.21

Measured V7, vs. (a) coupling distance, d, (b) Rx coil orientation, ¢, and (c) Rx
coil misalignment for conventional VM only and VCIPM chip at Ry, = 100 kQ
and fixed input power of 145 mW. The VCIPM chip can extend robustness
against d, ¢, and misalignment for 125%, 150%, and 500%, respectively [66].
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12.4 Conclusion

In this chapter, fundamental principles, design parameters, and different
power-management structures for inductive WPT have been described. Fun-
damental equations governing self- and mutual-inductance between magneti-
cally coupled coils have been reviewed. Also important geometric and circuit
parameters that can affect the PTE of an inductive link have been specified.
The inductive link PTE and PDL were formulated utilizing reflected load
theory. It can be concluded that both PTE and PDL highly depend on the
coupling between the coils, the primary and secondary coil quality factors, as
well as the load resistance. To achieve the optimal PTE, load matching with
multicoil links, discrete matching circuits, and switching power management
structures have been discussed.

A review on different passive and active power management structures,
operating in VM or CM, has been provided. The theory behind the Q-
modulation technique for dynamic load-matching during operation has been
discussed. The theory, concept, chip implementation, and measurement results
of a reconfigurable VCIPM with self-regulation have also been provided. The
VCIPM chip has achieved high VCE and PCE by operating in current and
voltage modes, respectively. The VCIPM chip has also increased the inductive
link PTE for large Ry, values by dynamic load transformation in the CM con-
figuration. By adjusting the reverse current in VM and f,,, in CM, regulation
and OVP have been achieved along with rectification, eliminating the need
for two off-chip capacitors. The VCIPM chip has achieved a maximum VCE
of 4.1 V/V and extended the powering range by 125%.
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Arbitrator sinks, 101
Armstrong, Edwin, 5
Arrhythmia detection, 39, 45, 58-64
Artificial neural network (ANN),
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problems, 35-36
prediction problems, 4044
static classification
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Hold-out method, 47, 63

HR monitoring, 55-56

Huygens, Christiaan, 208

Hyperplanes, 38

|
ICatchYou (multihop
architecture), processes,
110
Idle listening, 125
IEEE802.11ac standard, 290-291
TEEES802.11ad standard, 10, 320,
322-324, 323t
modulation schemes in, 289t
optimum tracking bandwidth
and integrated phase
noise for, 291f, 292
wireless local area network,
286, 290
IEEE 802.11ay standard
next-generation 60 GHz
wireless, 337
use cases, 339t
IEEE 802.11ba task group, 4
IEEE 802.15.4 standard, 3, 7
IEEE 802.x standards, 5
IIR filters, see Infinite Impulse
Response Filter filters
ILFD, see Injection-locked
frequency divider
ILP, see Integer Linear Program
Image rejection ratio (IMRR), 292
IMDs, see Implantable medical
devices
Impact phase, of falling, 73
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Open-loop frequency calibration,
236
Open systems interconnection
(OSI) model, 2
Operation frequency, 218
Operation mode, 229
Optimization algorithm, 52-53
Optimization problems, 34, 35-36
wireless sensor networks, 92,
96-97
Orthogonal frequency-division
multiplexing (OFDM)
modulation, 186, 188,
289-290, 323
OSI model, see Open systems
interconnection model
Outer layer (OL), 123
Output impedance matching
network, 196-198, 196f
Overhearing, 125

P

Packet collisions, 125
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levels
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Retransmissions, 125
RFD, see Reduced Function
Device

389

RFIC, see Radio frequency
integrated circuit
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